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2 Wi-Fi Receiver Chain (RX chain) 
This chapter covers the following topics: 

 An introducƟon to the Wi-Fi transceiver. 
 PotenƟal implementaƟon of the RX chain. 

A commonly used transceiver architecture consists of two loosely intertwined  
half-channels called the TransmiƩer (TX) chain and the Receiver (RX) chain. The task of 
the TX chain is to process, convert, and transmit data to the chosen medium. Conversely, 
the RX chain acquires and decodes data received from the medium. While these chains 
operate independently for their core funcƟons, they may share certain modules, such as 
biasing and supply circuits. Careful consideraƟon must be given when selecƟng the most 
effecƟve architecture to ensure that shared modules do not introduce interference or 
compromise performance. 

This work focuses on an ADC situated within the RX chain. The ADC’s primary funcƟon 
is to decode an analog-domain Wi-Fi signal received through the air as a complex Radio 
Frequency (RF) domain In-phase (I)/Quadrature (Q) signal to digital domain for easy 
signal processing. TradiƟonally, two separate ADCs would be required for independent  
I and Q conversion. To simplify the design and achieve superior matching between the  
I and Q paths, an I/Q ADC is employed. This module incorporates two parallel conversion 
channels while sharing certain sub-blocks, leading to improved power efficiency and 
enhanced gain accuracy. The designed ADC in this work is of an I/Q type, essenƟally 
integraƟng two ADCs within a single module. Like the consideraƟons for shared modules 
between TX and RX chains, careful design is crucial to minimize I/Q interference within 
the I/Q ADC itself. 

Wi-Fi signals propagaƟng through the medium exhibit significant diversity. Due to the 
open nature of most channels, i.e. also other devices and wireless technologies can send 
and receive in the same frequency range, various scenarios can occur: 
1) Sparsely populated environments (Suburban or rural areas). 
2) Densely populated environments (High density areas, such as high-rises, concert halls 
or stadiums). 

In sparsely populated environments, where the desired signal is the only detectable 
one and no interfering signals (blockers) are present, Out-of-Band (OoB) filtering 
becomes unnecessary. The sole task is detecƟon and decoding of the transmiƩed signal. 
Consequently, the transceiver specificaƟons can be simplified to two key parameters: 
Maximum Error Vector Magnitude (EVM) and sensiƟvity. EVM, derived from the Bit Error 
Rate (BER) mandated by the IEEE for Wi-Fi coding standards, serves as a primary 
specificaƟon. It is a commonly used performance indicator, that measures the average 
deviaƟon between the transmiƩed (ideal) constellaƟon points and the received ones 
(Figure 2). These ideal constellaƟon points are uniformly distributed across the 
constellation plane, with the objective of hitting them to accurately decode the transmitted 
data. The smaller the EVM, the closer the data is to the ideal points and more sophisticated 
the modulaƟon schemes can be employed. For instance, a 16-QAM scheme consists of 
16 disƟnct points and carries a 4-bit word, whereas a 1024-QAM scheme contains  
1024 points and carries a 10-bit word. The received points cluster around the target  
point (blue) and must consistently fall within a designated boundary (red) to ensure 
accurate decoding. Based on EVM measurements the maximum possible constellaƟon 
and coding rate, i.e. ModulaƟon Coding Scheme (MCS) for Wi-Fi, can be determined to 
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ADC and other linear amplifiers play a bigger role in sensiƟvity scenarios [12, 15].  
That means that the ADC has a bigger impact in sensiƟvity and should be designed 
specially with the DR as the primary specificaƟon consideraƟon. Standard OFDM signals, 
such as those employed in Wi-Fi, are inherently composed of mulƟple subcarriers, 
eliminaƟng the likelihood of scenarios where the ADC faces a single-tone input. This 
somewhat simplifies the design process, as high single tone linearity, oŌen used as a 
benchmark for comparing converters in literature, is rarely required in practical applications 
such as Wi-Fi or Mobile CommunicaƟons. 

OFDM signals uƟlized in all Wi-Fi standards starƟng from Wi-Fi 2 inherently manifest 
random phase variaƟons across subcarriers, leading to unpredictable summaƟons over 
Ɵme and varying peak-to-average raƟos (aka crest factors) from symbol to symbol. This 
dynamic behavior induces fluctuaƟons in the RMS of the signal across different symbols, 
necessitaƟng the adjustment of the ADC to operate at varying backoffs from full scale 
(FS). A trade-off exists between employing a large or small backoff. A large backoff 
ensures that the ADC operates in a conservaƟve region, minimizing the risk of overload 
and packet loss. However, this may come at the expense of performance opƟmizaƟon. 
Conversely, a small backoff may lead to opƟmal ADC performance but increase the 
likelihood of overload, parƟcularly during scenarios where subcarrier phases align in an 
unfavorable manner. Wi-Fi standards accommodate a certain degree of packet loss, 
acknowledging the limitaƟons of hardware and signal dynamics. Therefore, selecƟng the 
opƟmal backoff becomes an opƟmizaƟon problem, balancing performance and reliability. 
This challenge is more pronounced in low-bandwidth scenarios, where the number of 
subcarriers is limited. Conversely, higher bandwidth channels, with hundreds or 
thousands of subcarriers, offer a larger degree of phase diversity, reducing the likelihood 
of unfavorable summaƟons and simplifying the backoff control. The precise backoff 
control is implemented through an AutomaƟc Gain Control (AGC) algorithm, a complex 
topic that merits a dedicated thesis for thorough exploraƟon. This discussion will not 
delve further into the intricacies of AGC algorithms and the fundamental principles 
governing backoff opƟmizaƟon in Wi-Fi OFDM receivers, focusing instead on pracƟcal 
aspects of the ADC design. 

The average crest factor of a generic complex Wi-Fi signal varies from 7dB to 10dB, 
influenced by factors such as the specific modulaƟon scheme employed, signal strength, 
and environmental condiƟons. An addiƟonal 3dB is required to transiƟon from the 
complex RMS to the I- or Q-channel RMS value, bringing the average crest factor that a 
single ADC encounters close to 12dB. A widely accepted design pracƟce dictates that the 
FS of analog circuitry should be posiƟoned 3 dB below the supply voltage (VDD). This 
approach provides sufficient operaƟng margin for analog stages, parƟcularly the AB-stage 
in amplifiers, to function effectively and avoid excessive distortion. Given this consideration, 
the ADC has been designed to maintain a 3dB backoff from VDD, resulƟng in an FS of 
approximately 700mV peak. Accordingly, a generic operaƟng point of -10dBm or 70mV 
RMS has been established at the ADC input, serving as the target for the AGC to set the 
signal chain amplificaƟon. This configuraƟon leaves an average of 6dB for RMS variaƟons, 
represenƟng a favorable trade-off where the ADC operates near its opƟmal performance 
while sƟll maintaining some backoff from full scale to prevent overloading and signal 
clipping, which could potenƟally compromise the analog signal, leading to packet loss. 
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A typical CT design process begins with an equivalent DT model. Parameters such as 
the noise transfer funcƟon, the resoluƟon of the internal QT, and the sampling frequency 
are iniƟally determined in the DT domain. The design is then converted into an equivalent 
CT circuit, assuming precise knowledge of the transfer funcƟons for each analog block.  
In reality, this assumpƟon is oŌen inaccurate, necessitaƟng extensive simulaƟons and 
iteraƟve modeling to account for all analog circuit non-idealiƟes and to achieve the 
desired performance. Given the requirement for signal bandwidths up to 500MHz (as will 
be further explained in the context of digital pre-distortion (DPD) modes), using a DTΣΔADC 
was not a feasible opƟon for this work. Consequently, only CTΣΔADC implementaƟons 
are discussed in the subsequent secƟons. 

Due to their feedback-based systemaƟc nature, ΣΔADC can be prone to instabiliƟes 
and oscillaƟons if not meƟculously designed. One parƟcularly criƟcal aspect unique to 
CTΣΔADC modulators, which is not encountered in DTΣΔADC designs, is the ELD. ELD 
refers to the nonzero delay between the QT clock edge and the Ɵme when a change in 
output bits is observed at the feedback point in the modulator [20]. In a CT modulator, 
ELD is defined as the Ɵming delay between the sampling instant of the internal ADC and 
the corresponding updated output signal of the internal DAC. Since in a DTΣΔADC 
sampling happens at the input, ELD is not an issue, while in a CTΣΔADC it is one of the 
most criƟcal aspects of design. The ELD usually requires an extra compensaƟon system, 
called ELD compensaƟon. The higher the ELD, the more compensaƟon is required. If ELD 
is very large and excessive compensaƟon is required, the enƟre system can nevertheless 
easily become unstable, especially when Dynamic-Element-Matching (DEM) techniques 
are used to improve linearity [21]. 

 

This covers the Pre-Design secƟon of the thesis. The next chapter will focus on core 
design and is the main body of work for the thesis.  
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variaƟons and other imperfecƟons. An ELD of 0.5 sets a solid baseline for DFM to achieve 
very high yields and reliability. In the context of Wi-Fi 7, which supports RF bandwidths 
up to 320MHz, necessitaƟng a baseband secƟon capable of handling bandwidths up to 
160MHz, using an ELD of 0.5 imposes stringent limitaƟons on clock rates due to signal 
propagation constraints during signal digitization and propagation. Despite advancements 
in process clocking speeds, the increase has not kept in pace with the shrinking process 
nodes. Even when employing the most advanced CMOS nodes, signal propagaƟon 
limitaƟons on chip severely restrict clock rates. Consequently, the ADC’s maximum clock 
rate has been limited to 3.84GHz, corresponding to an OSR of 12 for 320MHz RF channels. 
This constrains the quanƟzaƟon (QT) noise budget to lie closer to thermal noise than 
necessarily desired in ΣΔ converters with the QT Noise floor being only a few dBs under 
the thermal noise. Given that the EVM requirement remains constant within the 
802.11be standard across different RF bandwidths, oversampling is maintained when 
switching between bandwidths by adjusƟng the clock rate instead of the oversampling 
raƟo. This strategic approach substanƟally lowers power consumpƟon in the switching 
circuitry in lower BW modes, where power consumpƟon is criƟcal due to new European 
Union Code of Conduct rules. 

The design targets and topology for the CTΣΔADC were based on all these 
consideraƟons and learnings from previous projects and are set to be: 

 SNDR @ -10dBm: -57dB 
 Dynamic Range: 77dB (~12.5ENOB) 
 Power Consumption: < 45mA @ 0.95V per single 320MHz channel (double for I/Q) 
 Area: < 0.1mm2 per channel (double for I/Q) 

Considering the specified design goals, a 3rd-order, 6-bit full feedback CTΣΔADC 
operaƟng at 3.84GHz, ELD of 0.5, and OSR of 12 was deemed the most suitable topology 
for the task of creaƟng a Wi-Fi 7 W320-compaƟble converter that gives a compeƟƟve 
advantage while maintaining low power consumpƟon. Smaller bandwidth modes (like 
W160 and W80) were created by reducing the clock rate, relaxing coefficients and 
reducing power, while maintaining the same OSR.  

 

 

Figure 13. Designed matlab model of the ΣΔADC MTPR Performance vs input power. 
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be caused by blockers from neighboring channels. Signal peaking is a genuine concern in 
wireless systems because it can lead to signal overloading in the presence of strong 
blockers. AGC algorithms favor predictability and aim to avoid signal peaking across 
various process corners. While other filter topologies can offer sharper roll-off and 
potenƟally more far-band OoB filtering, this does not outweigh the potenƟal harm from 
near-band OoB peaking. The choice of filter topology, therefore, must carefully balance 
the desire for sharp filtering with the need to minimize signal peaking. BuƩerworth filters, 
with their smooth STF and inherent resistance to signal peaking, prove to be an effecƟve 
iniƟal choice for high-speed ΣΔADCs operaƟng in scenarios with high bandwidths and low 
OSRs. 

While the system’s performance does not hinge on the ΣΔADC providing addiƟonal 
OoB filtering, it proves to be highly beneficial in providing extra headroom to safeguard 
the system overload from signal clipping. This is also the primary raƟonale behind opƟng 
for a filter topology with full-feedback, wherein each integrator has its own dedicated 
feedback DAC. The topology has superior aƩenuaƟon compared to feed-forward filter 
structures, that in contrast provide wide-band STFs. This somewhat miƟgates the reduced 
filtering inherent in BuƩerworth structures, compared to its compeƟtors, thus offering 
the opƟmal combinaƟon of features. 

Wi-Fi 7 standard encompasses RF channels with bandwidths of 20MHz, 40MHz, 80MHz, 
160MHz and 320MHz. To facilitate a power-efficient converter with minimal overdesign, 
each of these modes should be accompanied by a dedicated ADC mode. As described 
earlier in the thesis, the ΣΔADC OSR is maintained constant across each designed mode, 
implying that quanƟzaƟon noise is also designed to remain similar across different 
modes. Each mode necessitates a set of disƟnct coefficients, which are implemented in 
circuitry comprising a specific combinaƟon of resistors and capacitors within the filter to 
construct integrators and currents sources in the feedback DAC. More aggressive 
coefficients necessitate higher bandwidth integrators, which are realized using smaller 
RC values. This implies that lower bandwidth modes demand passive components that 
are larger in size. To minimize the overall layout footprint of the ADC within the SoC, only 
dedicated modes for 80MHz, 160MHz, and 320MHz RF bands have been implemented. 
Specific modes for 40MHz and 20MHz would demand capacitor sizes that would 
disproporƟonately expand the filter’s size and were therefore omiƩed. For lower 
bandwidths, including modes like 40 MHz and 20 MHz, the ΣΔADC would operate either 
in the 80 MHz mode (minimum BW supported) or in the VCO mode, what will be 
discussed later in chapter 6.17. 

The majority of the ADC’s overall thermal noise budget is aƩributed to the passive 
resistors that comprise the integrators and the current sources that form the feedback 
DACs, parƟcularly the resistor in the first integrator (R1) and the current cells in the first 
DAC (DAC1) (Figure 37). This thermal noise component reduces in prominence when 
transitioning to lower bandwidth modes if noisy analog components like resistors, opamps 
and feedback DACs are kept the same. The integraƟon bandwidth is reduced in tandem 
with the mode bandwidth, resulƟng in a 3dB reducƟon in the thermal noise component 
for each halving of the BW. It is however advantageous to maintain thermal noise in  
sync with quanƟzaƟon noise for opƟmal power consumpƟon. For amplifiers, this is 
accomplished through BW programming, which also affects opamp noise performance. 
However, for other noisy passive components like resistors and current sources, such 
programming becomes challenging due to the RC-tuning employed within these 
components. The only feasible and efficient opƟon is to either double or halve all 
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available resistors and double or halve all DAC cells, thereby modifying the bit-width of 
the ADC to sustain similar thermal noise performance across modes. This approach led 
to the implementaƟon of four primary modes for the ADC: W320, W160, W160LP, and 
W80. These modes are created using only two sets of opƟons for programming all 
resistors, capacitors and current sources: 
 W320 is the ADC mode intended for the 320MHz RF bandwidth Wi-Fi mode, it uses 

resistors and capacitors that are both programmed to minimum nominal value 
available and the feedback DAC that is operaƟng in 6-bit mode. The mode works 
with a 3.84GHz clock. 

 W160 is the ADC mode intended for the 160MHz RF bandwidth Wi-Fi mode, it uses 
resistors that are programmed to minimum and capacitors programmed to the 
maximum available and the feedback DAC that is operaƟng in 6-bit mode. The mode 
works with a 1.92GHz clock. 

 W160LP is the ADC mode intended for the 160MHz RF bandwidth Wi-Fi mode,  
it uses resistors that are programmed to maximum and capacitors programmed to 
the minimum available and the feedback DAC that is operaƟng in 5-bit mode.  
The mode works with a 1.92GHz clock. 

 W80 is the ADC mode intended for the 80MHz RF bandwidth Wi-Fi mode, it uses 
resistors that are programmed to maximum and capacitors programmed to the 
maximum available and the feedback DAC that is operaƟng in 5-bit mode. The mode 
works with a 0.96GHz clock. 
 

 

Figure 14. Different modes of the ΣΔADC. 

To achieve the target dynamic range of ~77dB across all modes, while targeƟng that 
thermal noise ideally remains slightly more dominant than the QT noise, an iniƟal noise 
budgeƟng exercise was undertaken. This approach involved opƟmizing the coefficient set 
for the most demanding mode (w320), and then uƟlizing those coefficients as a starƟng 
point for the remainder (Figure 14). StarƟng the profiling at the hardest achievable mode 
will opƟmize the coefficient set for that condiƟon only, while the rest will be byproducts 
from the iniƟal choices, meaning that the coefficient design is constrained to a limited 
number of degrees of freedom and is subject to significant limitaƟons. The design target 
for thermal noise for the w320 mode was set at approximately 78dB, while QT noise was 
budgeted to be in the range of approximately 84dB. The w160 mode uƟlizes an idenƟcal 
set of coefficients to the w320, as both clock and integrator BWs are scaled similarly.  
The only disƟncƟon lies in the thermal noise, which is reduced by 3dB due to the halved 
integrated signal bandwidth. A reducƟon in ADC bit-width from 6-bit to 5-bit introduces 
an increase of 6dB in quanƟzaƟon noise (corresponding to loss of one ENOB). 
Consequently, the quanƟzaƟon noise budget for 5-bit modes is reduced to 78dB. This 
increased quanƟzaƟon noise is counteracted by a corresponding decrease in thermal 
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noise. For each halving of the signal bandwidth, total thermal noise reduces by 3dB under 
idenƟcal condiƟons. However, switching to 5-bit operaƟng modes also incurs an 
addiƟonal 3dB of more thermal noise for the same bandwidth due to the doubled 
resistance. EssenƟally by employing such strategy, the number of coefficient sets was 
reduced from four to one, as all modes need to use the same set of coefficients. 
Nevertheless, while not the opƟmum soluƟon in terms of flexibility, this strategy was 
implemented to facilitate analog design and layout, limit switching behavior, reduce 
parasiƟcs, and suppress unwanted parasiƟc zeros in the transfer funcƟon. 

The proposed third-order design also presents the opportunity to incorporate one 
resonator within the ADC loop-filter. This resonator modifies the ADC’s NTF by shiŌing 
zeros away from the origin to disƟnct frequencies, thereby enabling the creaƟon of deep 
notches or aƩenuaƟons in specific frequencies of the noise spectrum. This approach 
effecƟvely helps in shaping the quanƟzaƟon noise spectrum by concentraƟng noise 
energy in a more favorable manner, allowing for a more uniform noise distribuƟon within 
the desired frequency band. Furthermore, it ensures a more efficient shaping of the 
noise, emphasizing certain frequency components more than others. The resonator is 
implemented by placing a resistor with a specific value between the output of the third 
integrator and the virtual ground node of the second integrator. This creates a feedback 
signal path that bypasses a porƟon of the two DACs and the third-order noise shaping 
property of the coefficients. This approach does not affect how much total noise is shaped 
out of the band (Hinf), but rather changes only its in-band shaping, that can be more 
beneficial in dedicated use cases. 

 

 

Figure 15. ShiŌing resonance frequency to create the DPD mode. 

Resonators can be further leveraged by employing them with varying values, 
essenƟally trading noise shaping bandwidth for its effecƟveness (Figure 15). Recognizing 
this potenƟal, addiƟonal feature, designated as DPD modes, with the sole objecƟve of 
extending bandwidth while compromising some performance, were introduced. DPD is a 
technique that enables digital linearizaƟon of power amplifiers in the transmit pathway 
by pre-distorƟng the transmiƩed signal. To implement DPD, the digital control algorithm 
must first be trained using a dedicated feedback receiver to minimize the third harmonic 
distortion (HD3) during transmission. This algorithm requires the ability to detect distortion 
during transmission and then apply appropriate correction. To accurately detect HD3,  
an ADC with three Ɵmes the bandwidth of the transmiƩed signal is necessary. Rather 
than construcƟng a separate wideband ADC, which would unnecessarily complicate the 
system, this capability has been integrated into the CTΣΔADC by modifying the resonator 
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6.3 Top-Level Design of the ADC 
This chapter covers the following topics: 

 Top-level design and various sub-modules making up the enƟre ΣΔADC. 

As a part of a wireless system employing an I/Q modulation, the proposed I/Q converter 
incorporates separate ADCs for the I-channel and the Q-channel. While most of the  
sub-modules within the ADC are dedicated to specific channels, some are shared for 
efficiency and performance (Error! Reference source not found.). This approach ensures 
that the I/Q converter can manage the complex signal processing requirements of 
wireless communicaƟon while maintaining high fidelity, with the lowest possible power 
consumpƟon. 

 
List of dedicated modules for one channel: List of shared modules for I/Q: 
1)     Loop-Filter 
2)     QuanƟzer 
3)     Overload-DetecƟon 
4)     Excess-Loop-Delay CompensaƟon 
5)     QT-CalibraƟon assistance 
6)     Overload Masking 
7)     VCO 

8)     Feedback DAC 
9)     Master Clocking 
10)   CalibraƟon Clocking 
11)   CalibraƟon Machine 
12)   Biasing 
13)   AcƟve Capacitor 
14)   Digital Interface 
 

 

Figure 18. Top-level design of the CTΣΔADC. 

Everything not needed for a dedicated channel, such as clocking, biasing, and 
calibraƟng, have been integrated into shared sub-modules. This strategic consolidaƟon 
serves to minimize the converter’s footprint while concurrently opƟmizing power 
efficiency. Nevertheless, it is imperaƟve to carefully address consideraƟons such as 
supply isolaƟon and signal feedthrough during such fragmentaƟon. Subsequent chapters 
will delve into a detailed examinaƟon of the design intricacies of each sub-module. 
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6.4 Design of the Loopback Filter 
This chapter covers the following topics: 

 Design consideraƟons for the Loopback Filter. 
 Topology of the Loopback Filter. 
 The design of the integrators. 
 The design and tuning of the passives. 
 The design of the operaƟonal amplifiers. 

6.4.1 Design ConsideraƟons for the Filter 
The CTΣΔADC incorporates a third-order full-feedback filter employing tunable capacitors 
for mode programming and tunable resistors for RC-tuning to compensate for process 
variaƟon. The capacitor-based mode programming selects the desired bandwidth of the 
ADC, while the 5-bit resistor-based fine-tuning is used to refine the final RC product.  
The filter features two disƟnct input paths: the primary input, sourced from the PGC in 
the RX chain, and the secondary input, originaƟng from the loopback path. This versaƟle 
loopback input serves mulƟple purposes, including an external test input, a test buffer 
for various SoC nodes, or a loopback input for performing calibraƟons necessary to 
opƟmize overall system performance. 

Power consumpƟon has emerged as a criƟcal design consideraƟon in many modern 
electronic systems. The CTΣΔADC adopts a comprehensive approach to power 
opƟmizaƟon, parƟcularly targeƟng the filter programming and opamp topologies.  
The strategy aims to minimize power consumpƟon while ensuring opƟmal performance 
for each supported mode. The 3rd-order filter employs three acƟve integrators, each 
meƟculously craŌed with a unique set of coefficients tailored to specific operaƟng 
modes. This opƟmizaƟon ensures consistent SNDR per tone and DR across all selected 
modes, regardless of the bandwidth seƫng. As a result, low-bandwidth modes do not 
demand the same amplifier performance as high-bandwidth, greatly enhancing power 
efficiency. To achieve performance opƟmizaƟon, the opamps are designed with mulƟple 
power modes, each offering a disƟnct combinaƟon of open-loop bandwidth and noise 
performance. This flexibility enables the selecƟon of the opƟmal opamp mode for a 
specific Wi-Fi mode, ensuring that power consumpƟon aligns with the actual 
requirements. By incorporaƟng mode-specific amplifier design and mulƟple power 
modes, the CTΣΔADC successfully implements a mulƟ-faceted approach to power 
opƟmizaƟon. This comprehensive strategy significantly reduces the overall power 
consumpƟon, contribuƟng to the overall energy efficiency of the device. 

The CTΣΔADC’s ability to operate in both 5-bit and 6-bit configuraƟons necessitates a 
scalable resistor bank that can accommodate both opƟons. This design incorporates 
redundancy into the resistor bank, enabling it to be easily transferred between the two 
modes based on the selected configuraƟon. The capacitors, on the other hand, are not 
tunable and are solely uƟlized for selecƟng the base Wi-Fi mode. 

The resistors are therefore built with redundancy, so they can be either used in 5-bit 
mode or 6-bit mode, depending on what mode is selected. Since the enƟre RC-tuning is 
performed exclusively through resistors, the tunable range must encompass both resistor 
and capacitor process variaƟons. This means that the designed resistor bank must cover 
a minimum range of: 
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The designed amplifier employs a fully differenƟal four-stage double feed-forward 
compensated signal path, a two-stage Miller compensated common-mode loop, and a 
four-stage feed-forward compensated common-mode loop (Figure 23). The feed-forward 
compensaƟon ensures a sufficiently high loop gain across the enƟre desired operaƟng 
bandwidth, where poles from A1, A2 and AABOUT offer a fast roll off and AFF and AABFF 
introduce a zero before the UGF. At DC and low frequencies, the gain from A1, A2 and AAB1 
and AAB2 is dominant and provides the gain and linearity across the enƟre operaƟng band 
of interest. The feed-forward stages AFF and AABFF can be viewed as loads that reduce the 
total output impedance at the outputs of the second stage and at the AB stage, which in 
turn slightly diminishes the gain from that stage. The feed-forward stages become 
dominant once the gain of the cascaded stages drops below the gain of the single  
feed-forward stage itself. AFF>A1*A2 and AABFF>AAB1*AAB2. At frequencies approaching the 
GBW, the opamp essenƟally operates as a two-stage amplifier comprising of stages AFF 
and AABFF. 

The pole placement becomes extremely criƟcal in this kind of complex systems.  
The poles introduced by A1, A2, AFF, AAB1, and AAB2 should be strategically posiƟoned 
immediately aŌer the desired signal bandwidth, as closely as possible, to maximize their 
beneficial effects and roll-off behavior. Stages A2 and AFF are intenƟonally designed to be 
similar and to have the same corner frequency. While this is not mandatory, it simplifies 
layout matching consideraƟons and common-mode control scenarios, as they can now 
be controlled by a single stage A2CM (Figure 24). This means that transiƟon from medium 
to high frequencies coming from the first and second stage being dominant to the  
feed-forward stage being dominant, will result in a change from second-order roll-off to 
a first order roll-off in the first part of the amplifier. In the AB stage however the  
feed-forward stage AABFF is designed to have a real non-dominant pole in a much higher 
frequency, so that it could provide a double zero very close to GBW. When crossing the 
0dB gain point, the system can behave much like a single pole amplifier, with the single 
dominant pole coming from AFF This means the only current hungry stage is the AABFF, 
which in reality will consume close to half of the total current of the amplifier. 

 

 

Figure 24. Second common-mode loop control. 

The designed amplifier has two common-mode loops aimed at fixing the common-mode 
voltage of the opamp output. These loops are disƟnct in their composiƟon, sharing 
certain stages with the signal path while also incorporaƟng unique stages. The primary 
objecƟve of the first loop is to translate the system-specified common-mode reference 
voltage (VCM_IN) into a predefined common-mode voltage at the output of the iniƟal stage. 
This loop is built as a two-stage Miller-compensated sub-amplifier comprising of stages 
A1CM and A1. The dominant pole within the loop is strategically placed at the first gain 
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The fully-differenƟal topology of the opamp (Figure 26), which is necessary for most 
high-performance systems to reject potenƟal unwanted noise and disturbers needs also 
careful planning in layout. While all gain stages except for the AB-stage are composed of 
plain differenƟal pairs with differenƟal outputs, it gives the disƟnct advantage, that one 
does not need to worry about polariƟes of the signal as both inverted and non-inverted 
outputs are always available. AB-stage is built from a direct path in the P-MOS side,  
that also acts as a feedforward path and a dual amplifying stage N-MOS side, where the 
first stage is a standard fixed current source gain stage. All paths in the filter and in the 
opamps should form non-crossing loops with minimal length paths to be effecƟve and 
high-performing (Figure 27a). The dimensions of the amplifier are drawn approximately 
60um*60um in layout (Figure 27b). 

 

 

Figure 27. a) Floorplan of opa1; b) Layout of opa1. 

6.4.3.2 Programming of opa1 
Opa1 incorporates four built-in bandwidth modes, just like the other two amplifiers in 
integrator2 and integrator3, with two addiƟonal unique features tailored to its specific 
design. The BW programming of the amplifier is targeted to fulfill the PL specificaƟon of 
1° for different primary Wi-Fi modes. The target opa1 current consumpƟon with each 
programming step to reach PL of 1° is dedicated as 0:1:3, where: 

 0: used for W80 mode; Target IQ ~1.5mA 
 1: used for W160, W80DPD and W160LP; Target IQ ~3.0mA 
 2: used for W320 and W160DPD; Target IQ ~4.5mA 
 3: used for W320DPD; Target IQ ~6.0mA 

Mode programming is typically achieved in all opamps by only changing the biasing 
current in sources I0, I1 and I2. This approach changes the output impedance of all 
amplifying stages, simultaneously shifting the poles associated with each high-impedance 
node and the zeros linked to the FF-stage crossings. This technique maintains the 
amplifier’s structure intact, avoiding the need to add or remove branches for individual 
device programming, thereby minimizing parasiƟc effects. The only notable excepƟon to 
this method is the first stage programming in opa1. Due to the criƟcal importance of noise 
performance, the tail current in this stage is kept constant over modes to preserve the 
much-needed noise floor. Instead, bandwidth programming is implemented by modifying 
the capaciƟve load CC at the output of the first stage. The significance of programming 
the opamp without altering its topology is parƟcularly evident in zero placement, which 













62 

6.4.5 Design of Integrator3 
Integrator3 comprises a resistor (R3), a capacitor (C3), and an amplifier (opa3), with the 
product of C3 and R3 determining the integrator’s integraƟon frequency. C3 selects the 
coarse frequency for mode programming, while R3 is used to 5-bit fine-tune the accuracy 
to accommodate process variaƟons. 

Because the third integrator needs to support a very large integraƟon frequency,  
its proper implementaƟon is considered the most criƟcal aspect of the enƟre ΣΔADC 
design. To achieve the desired integraƟon bandwidths, the R3 and C3 product must be 
very small. However, if the resistor is chosen too small, it becomes difficult for opa2 to 
drive the resisƟve loads. Conversely, if the capacitor is too small, parasiƟc effects become 
dominant and can significantly impact signal propagaƟon and system integrity (Figure 
33a). To address this challenge, special care is dedicated to minimizing the distances 
between components connected to opa3’s virtual ground, thereby minimizing parasiƟcs 
and ensuring signal integrity. This design consideraƟon serves as the foundaƟon for 
proper layout planning in the enƟre ΣΔADC, emphasizing its importance. 

Similar to C1 and C2, the design strategy for C3 employs a straighƞorward approach, 
dividing the total capacitor into three disƟnct segments: 75%, 25%, and 100% of the value 
required for the highest bandwidth W320 mode. This enables programming the capacitor 
to 75%, 100%, 175% and 200% of its original value, accommodaƟng the desired operaƟng 
modes. In addiƟon, a small 100Ω resistor has been placed in series with the 75% part of 
the capacitor, which is always connected. This resistor introduces a desired zero in the 
transfer funcƟon, intended to compensate for phase loss caused by the opamp (Figure 
33b). The placement of the zero is inherently inaccurate due to the absence of fine-tuning 
and the influence of process variaƟons. However, it serves as a helpful and useful aid 
rather than a definiƟve calibraƟon mechanism. 

 

 

Figure 33. a) Integrator3 of the loop filter; b) C3 of the loop filter used for mode programming. 

Like R2, R3 also has only one input. It is connected to a 5-bit tunable resistor that can 
be configured to operate in either 750Ω or 1.5kΩ mode, depending if the ADC is operaƟng 
in a 6-bit or 5-bit domain. Like R2, R3 also does have a built-in opƟon to modulate the 
impedance of the resistor in frequency domain. The same RC combinaƟon can be enabled 
as a test feature to enhance the maximum BW of the ADC by shaping noise away in a 
more favorable manner. 

Resistor R2 is constructed from 3.5kΩ unity resistors, enabling a total tuning range of 
60% to 160% to accommodate the process extremes in manufacturing. The resistor is 
implemented using an internal 6-bit binary tuning scheme, which is externally controlled 
by a 5-bit word (Figure 34). When operaƟng in 750Ω mode switches <7> and <6> are 
closed, while switch <0> is opened and the 5-bit control is realized with switches 
<5>…<1>. In contrast, when operaƟng in 1.5kΩ mode, switch <7> is closed, switches <6> 
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6.4.6 Design of the Resonator 
The proposed third-order design also presents the opportunity to incorporate one 
resonator within the ADC loop-filter. This resonator modifies the ADC’s NTF by shiŌing 
zeros away from the origin to disƟnct frequencies, thereby enabling the creaƟon of deep 
notches or aƩenuaƟons in specific frequencies of the noise spectrum. For most effecƟve 
implementaƟon, the resonator has been realized by placing a feedback resistor between 
the output of opa3 and the virtual ground of opa2. 

CreaƟon of notches, trades away the third order noise shaping of the ADC with a first 
order noise shaping at lower frequencies. The implementaƟon needs to create gain from 
the resonator feedback configuraƟon in conjuncƟon with R2. RRESO, that is used to build 
the resonator, that shiŌ filter zeroes away from origin in a constant manner over process 
corners, need to be RC tuned similarly as the integrator resistors, so that the raƟo 
between R2 an RRESO stays constant. Meaning that the value of RRESO usually needs to be 
in order of magnitude higher than R2. Building large n-bit tunable resistors in a similar 
way as described for the integrators can be challenging, because of the large footprint 
they will exhibit. Each extra bit would require a resistor with twice the nominal value of 
the previous one. For that reason, an R2R resistor network has been uƟlized in the 
creaƟon of the RRESO (Figure 37). An R2R network allows us to configure a small value  
n-bit tunable resistor to a larger one, by redistribuƟng the units in the 5-bit resistor as a 
resisƟve divider before the reference resistor RX. Since R2 is already connected to the 
virtual ground of the integrator2, an exact copy of R2, together with a larger resistor RX 
has been duplicated and connected from the virtual ground of integrator2 to the output 
of integrator3. By doing this, a 5-bit RC tunable RRESO can be easily built from a 5-bit RC 
tunable R2 by just adding a much larger untuned resistor RX.  

 

 

Figure 37. 5-bit, tunable R2R resistor used for creaƟng the resonator. 

If RX is much greater than R2, the total resistance of the resonator becomes: 
 

𝑅ோாௌை =
𝑅௑

(
𝑛
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)
 (7) 

where RX is the physical value of the placed resonator resistance and n is the number of 
parallel branches selected by the tuning word, where n = tuning_word + 24. RX value can 
be made easily programmable aŌerwards, to fit a wide range of notch placements. This 
allows for an opƟmum value resonator selecƟon for each primary Wi-Fi mode and the 
implementaƟon of DPD modes for PA linearizaƟon discussed earlier. Switching from 
primary mode to DPD mode is only done with gain programming for the resonator, with 
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of the coefficients has to guarantee no extended Ɵme in the dead zone. Fortunately, with 
a 6-bit QT, the quanƟzaƟon step is sufficiently narrow to minimize the likelihood of this 
issue. The HI/LO comparators are dedicated to signal overload detecƟon and are not 
directly integrated into the system loop. Instead, they trigger a reset signal for the 
loopback filter and generate a digital warning signal for the system, as will be discussed 
in the dedicated overload detecƟon chapter. 

6.5.2 Comparator 
The core of the QT is the comparator – a criƟcal component responsible for making rapid 
decisions regarding the input signal voltage. Comparators compare the input signal 
voltage to a predefined reference and determine whether the input signal voltage 
exceeds or falls below the reference at the sampling edge of the clock. 

The comparator itself is composed of three essenƟal elements (Figure 40):  
 Pre-amplifier (Pre-amp): The pre-amplifier serves three primary funcƟons.  

It amplifies the voltage difference between the input and reference signals, 
performs a level-shiŌing operaƟon to ensure opƟmal common-mode voltage for 
the latch input and introduces a programmable offset for calibraƟon purposes. 
This offset is introduced through a local 3-bit memory cell embedded within 
each pre-amp. 

 Latch: The latch serves as the decision-making unit, determining the binary 
output of the comparator based on the input signal comparison. It stores the 
decision unƟl the next clock cycle, ensuring the integrity of the quanƟzaƟon 
process. The latch’s design prioriƟzes speed over all other consideraƟons, 
enabling ultra-fast decision-making. 

 Signal Buffers: Signal buffers are used to convey the output of the QT to the 
feedback DAC and the ELD DAC. They are designed for opƟmal signal 
propagaƟon between the QT and the DAC, that have considerable physical 
distance in between. 
 

 

Figure 40. Comparator slice in the QT. 

The comparator’s physical implementaƟon adopts a slice-based approach, whereby 
disƟnct cells are arranged adjacently to form verƟcal columns. Each slice is designed to 
be similar in size and parasiƟc characterisƟcs to maintain a manageable total column 
width. To achieve this, the width of each slice is restricted to a maximum of 4um.  
In a 6-bit QT, this translates to over 200um per channel, potenƟally affecƟng the I/Q 
converter’s geometry. Consequently, each sub-module within a slice must adhere to the 
specified 4um footprint and refrain from excessive complexity. This slice-based design 
methodology ensures that the comparator operates at the highest possible speed, enabling 
the ADC to achieve its target performance specifications. Moreover, the compactness of 
the design minimizes parasiƟc effects and contributes to the overall efficiency of the ADC. 
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6.5.3 Reference GeneraƟon and Pre-Amplifier 
The reference for each comparator is derived from a resistor ladder composed of 79 unity 
resistors (Figure 41). This arrangement produces a potenƟal of 78 unique voltage 
references, from which 60 inner ones are used for the signal path and two are used for 
overload detecƟon. This sets the full-scale voltage at 60/79 of VDD or roughly 0.72V peak 
(VDD = 0.95V). Each pair of voltage references serves as one differenƟal input to the  
pre-amp. The pre-amp is not a sampling circuit, but an open loop amplifier with a passive 
load (Figure 42). It consists of a differenƟal quadruple input made from devices M1, M2, 
M3 and M4 and passive load composing of tunable resistors RL. The second pair of inputs 
are connected directly to the loop-filter output, implying that the third integrator sees a 
capaciƟve load consisƟng of all the pre-amplifiers connected to it. This forms a differenƟal 
amplificaƟon circuit that amplifies the difference between the differenƟal loop-filter 
output to the differenƟal reference generated by the resistor ladder. As a single-stage 
amplifier, this structure offers limited amplificaƟon but is power-efficient, straighƞorward 
to implement, does not cause much delay and is compact enough to be physically placed 
within the specified layout width constraints (4um). 
 

 

Figure 41. Resistor ladder of the QT. 

The passive load for the differenƟal quadruple input is realized with two 
programmable resistors (RL), that can be separately adjusted to approximately 70%, 80%, 
90% or 100% of the nominal value. The nominal value of the resistors is chosen to  
level-shiŌ the input signal to a voltage best suited to the succeeding latch module, 
ensuring the fastest possible decision-making. In addiƟon to the programmable resistors, 
each pre-amplifier integrates a local 3-bit memory cell that independently controls the 
corresponding tuning values. This feature introduces the capability to intenƟonally 
introduce an offset at the pre-amplifier output, known as QT trimming. The deliberate 
introducƟon of a reverse offset serves to counterbalance for inherent offsets arising from 
device mismatch. Access to the memory cell is facilitated by selecƟng a unique address 
corresponding to the specific pre-amplifier and then seƫng the desired calibraƟon code. 
Each pre-amplifier has its own dedicated address, accessible through a specialized 
calibraƟon machine. The calibraƟon funcƟonality is discussed in detail in SecƟon 6.13 
dedicated to the calibraƟon machine. 

6.5.4 Latch and Buffers 
The latch serves as a sampling circuit, periodically capturing a snapshot of the input states 
with the rising edge of the clock input. Its inputs are directly connected to the outputs of 
the pre-amplifiers, ensuring that the latch receives the amplified and level-shiŌed input 
signals, latching the difference and holding their comparison unƟl the next rising edge of 
the clock (Figure 42). The latch’s behavior resembles that of an open loop amplifier with 
infinite amplificaƟon.  To retain the captured state unƟl the next clock cycle, the latch 
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completes its journey within half a clock cycle (T). The total Ɵme which the system has 
allocated for the propagaƟon therefore is: 

 
T =

1

𝐷 ∗ fs
 (8) 

where fs is the clock rate used and D is the duty cycle of the clock.  
In case of the highest mode supported (w320), where the system is working with 

3.84GHz clock, the ELD budget is approximately 130ps. Of this budget, approximately 
60% is allocated to the QT decision-making process (T1), while the remaining 40% is 
dedicated to signal propagaƟon from the QT output to the DAC latching (T2). This 
allocaƟon strategy is only designed for modes operaƟng at the highest clock rates.  
The reason for this is that the latching and buffering characterisƟcs remain consistent 
across different modes, and signal propagaƟon becomes a criƟcal factor only in modes 
where the Ɵme budget is most constrained. In modes operaƟng at lower clock rates, the 
decision-making Ɵme (T1) remains constant, but the total available Ɵme for signal 
propagaƟon (T) increases. 

If signal propagaƟon cannot be guaranteed within the allocated Ɵme budget, the onset 
of metastability will gradually increase, leading to a quickly elevaƟng noise floor. That 
means that in roughly 80ps the comparator must make a decision, in order not to violate 
the strict meta-stability requirements. If the input signal was nearly equal to the 
reference voltage established by the resistor divider, intrinsic decision latency in regular 
latches can be significantly extended. To address this challenge, the latch incorporates an 
internal cross-coupled inverter preceding the final SR-trigger. This inverter mechanism 
forces a decision to be rendered by the Ɵme the input crosses the half VDD threshold, 
even if it is not enƟrely accurate. 

If an erroneous decision is made and the error in the loop filter exceeds expectaƟons 
for the enƟre cycle, the loop filter’s integraƟon speed will increase, eventually  
noise-shaping out the error without the loss of SNR. The only consequence will be some 
extra out-of-band peaking. However, if the decision-making process takes longer, and  
the final value, including signal propagaƟon exceeds the allocated Ɵme budget T,  
meta-stability occurs, where the digital output code is not present in the loop for the 
enƟre length of the cycle. When this happens, the SNR will degrade depending on how 
long the Ɵme limit was violated. Therefore, it is preferable for the ΣΔADC to prioriƟze 
quick decision-making, even if it someƟmes leads to inaccuracies, rather than accurate 
decision-making that compromises the decision-making speed. 

In rare instances, over many conversions, the 80ps Ɵme budget may sƟll be surpassed, 
potenƟally violaƟng the metastability constraints. This scenario typically manifests in a 
single comparator at a Ɵme, depending on the level of the input signal and its proximity 
to the reference voltage levels. ViolaƟng the Ɵme budget does not automaƟcally mean 
meta-stability as the DAC logic is built with redundancy and will in most cases use a faster 
path. In rare unfortunate cases however, when the parƟcular slice where slow decision 
making occurs, happens to be in calibraƟon and the signal needs to be re-routed the 
allocated Ɵme budget might not be enough. This cannot be totally avoided and the 
possibility of meta-stability happening is a certainty over many conversions. The DAC 
latch is therefore built transparent to minimize the total effect of it and will be discussed 
in the following chapter. 
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6.5.7 OpƟmizaƟon of the QuanƟzer 
Minimizing area and power consumpƟon was a paramount consideraƟon in the ADC 
design, driven by the need to adhere to emerging industry standards and secure a 
compeƟƟve edge in the highly compeƟƟve market. Any advantage over the compeƟƟon 
could prove to be a decisive factor, making it crucial to opƟmize the ADC’s resource 
uƟlizaƟon. Different techniques, such as switching the ΣΔADC between 6-bit and 5-bit 
modes and reducing opamp BWs, have been implemented across the module to 
accomplish this. 

One of the areas where substanƟal power savings can be made, is the 6-bit quanƟzer. 
A pure 6-bit QT consists of 60 rows of comparators, so making any reducƟon in this count 
translate into a substanƟal gain. The total current consumpƟon of the QT can be 
translated into staƟc and switching currents. While staƟc current remains constant, 
dynamic current is dependent on the clock frequency. TransiƟoning to lower clock rates 
only reduces switching current. The resistor ladder and pre-amplifiers contribute to staƟc 
current consumpƟon, while latches and buffers account for the dynamic component. 
Reducing the number of latches has a proporƟonal current benefit among all modes. 
Reducing the number of pre-amps is over-proporƟonally beneficial in modes with lower 
clock rates, as it reduces a bigger proporƟon of over all current consumpƟon. 

QuanƟzer resoluƟon is parƟcularly important for the mid-levels of the QT, when the 
ADC is operaƟng around input levels that are close to differenƟal zero. This happens 
around 90% of the Ɵme, since even when the ADC is not operaƟng in sensiƟvity, OFDM 
signals are typically characterized by relaƟvely low RMS power levels and moderately  
high crest factors. Therefore, power opƟmizaƟon efforts should prioriƟze maintaining  
full performance in the mid-levels of the QT, while allocaƟng less resources to the  
outer-levels. 

One approach to reducing power consumpƟon is to lower the resoluƟon of the QT 
near the outer edges by expanding the step size of the references (Figure 45). This allows 
for the removal of enƟre slices of QT comparators, significantly reducing both staƟc and 
dynamic power consumption. When partitioned effectively, the SNR is minimally impacted 
due to the ADC’s backoff mechanism. These lower-resoluƟon comparators at the edges 
are only employed in rare instances when subcarrier phases align in an unfavorable 
manner. For the majority of the Ɵme, the ADC would operate at full performance without 
any power penalty. 

 

 

Figure 45. a) Non-uniform QT; b) Performance esƟmaƟon of a non-uniform QT. 
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Another avenue to minimize power consumpƟon lies in intelligently leveraging exisƟng 
informaƟon for mulƟple purposes within the QT. One such strategy involves interleaving 
a single reference to generate input sƟmuli for mulƟple latches. The latch possesses a 
segregated input that is already parƟƟoned into two posiƟve inputs and two negaƟve 
inputs. Instead of using a single differenƟal input as sƟmulus for the latch, two sets of 
inputs that are then compared to each, can be used. This funcƟonality mirrors that of the 
differenƟal quadruple in the pre-amplifier, except instead of performing subtracƟon,  
it serves as a summer. This approach eliminates the need for every other reference and 
pre-amplifier, effecƟvely halving staƟc current consumpƟon. 

6.5.8 QuanƟzer CalibraƟon 
An ideal comparator transiƟons its output state when the input signal crosses a 
predefined threshold value. If the comparator’s output changes at a voltage other than 
the intended threshold, it is said to exhibit an offset. For an ideal 6-bit QT, the output is 
divided into 60 uniform steps, with each step having a constant and linearly spaced width. 
However, real-world comparators may exhibit non-idealiƟes due to mismatches within 
their internal circuitry, resulƟng in nonlinearly spaced output steps. Any deviaƟon from 
the ideal step width is called differenƟal non-linearity (DNL). DNL quanƟfies the 
difference between the analog values corresponding to adjacent input digital values.  
It is an important specificaƟon for measuring errors in ADC. Ideally, any two adjacent 
digital codes correspond to output analog voltages that are exactly one Least Significant 
Bit (LSB) apart While moderate DNL errors can be miƟgated by the sigma-delta 
modulaƟon process, minimizing DNL is essenƟal to prevent an increase in QT noise, 
mismatches between the STF and NTF and, most importantly, I/Q imbalance. To correct 
the DNL deviaƟon, calibraƟon schemes have been developed and implemented. For an 
ideal ADC, the DNL is zero LSB. In a pracƟcal ADCs, DNL errors come from its architecture 
and cannot be avoided. 
 

 

Figure 46. a) Memory cell of the offset generaƟon; b) Resistor tuning of the QT offset generaƟon. 

To calibrate the DNL errors each pre-amp has a built-in 3-bit trim feature (Figure 46a). 
By changing the value of the passive load RL in the pre-amp, a deliberate offset can be 
introduced. The load resistor RL can be programmed to roughly 70%,80%,90% or 100% 
of the nominal value, resulƟng in an approximately 7mV step, depending somewhat on 
the gain of the preamp, which is process dependent (Figure 46b). A 7mV step will 
determine the total tunable range of ±21mV per comparator, meaning the generically 
occurring offset should not exceed ±24.5mV to reach an error of beƩer than plus/minus 
half step.  
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Table 5. SimulaƟon summary of the important parameters of the QT latch. 

 

 

  

  

  

Figure 49. Uncalibrated offset distribuƟons of the Comparator modules simulated in Cadence design 
environment. 

 

 

 

Comparator
Parameter Unit Comment
Corners Used Min Mean Max StdDev Method used: Latin Hypercube (1000 runs)

Delay ps 57.8 65.0 84.4 3.82 Delay of the comparator

Offset 1 (Total) mV -20.2 0.2 21.2 5.18 Offset of the full  comparator

Offset 1 (Pre-Amp) mV -11.9 0.2 16.4 3.85 Offset of the full  comparator (Pre-Amp mismatch only)

Offset 1 (Latch) mV -13.2 0.2 11.3 3.30 Offset of the full  comparator (Latch mismatch only)

Offset 2 (Total) mV -18.5 -0.1 14.4 5.81 Offset of the interpreted path comparator

Offset 2 (Pre-Amp) mV -12.3 -0.1 10.7 3.89 Offset of the interpreted path comparator (Pre-Amp mismatch only)

Offset 2 (Latch) mV -15.3 0.0 13.6 4.59 Offset of the interpreted path comparator (Latch mismatch only)

Value
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