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1 Introduction 
The landscape of electrical power distribution is undergoing a major transformation.  
For over a century, Alternating Current (AC) has been the dominant choice for grids, 
largely because its voltage can be easily stepped up or down through transformers, 
making long-distance transmission practical and cost-effective. However, with the rise of 
new technologies and energy needs, Direct Current (DC) is emerging as a strong 
competitor. High-voltage DC distribution has shown the potential to surpass AC systems 
in efficiency, particularly when dealing with modern energy applications and long-distance 
transmission. 

A significant driver of this shift is the rapid expansion of renewable energy generation 
and large-scale energy storage. Most renewable sources—such as solar photovoltaics 
and batteries—are inherently DC in nature. Similarly, many of today’s end-use devices, 
from data centers to Electric Vehicles (EVs), also rely on DC operation. Feeding these 
systems through conventional AC networks often requires multiple conversion stages, 
which reduces efficiency and increases system complexity. By contrast, low-voltage DC 
distribution provides a more direct and efficient pathway, enabling better integration of 
renewables and storage while reducing unnecessary energy conversions [1]–[3]. 

Despite these advantages, a full-scale transition from AC to DC infrastructure is unlikely 
to happen in the immediate future. The global power grid is heavily dependent on 
existing AC networks, and replacing this infrastructure outright would be neither 
practical nor economically feasible. Instead, what is more realistic is the emergence of 
hybrid AC-DC systems, where both grid types coexist and complement one another. Over 
the next decade, such hybrid networks are expected to play a central role in meeting 
growing power demands and integrating renewable energy more effectively [4]. 

This convergence of AC and DC introduces new technical challenges. Systems and 
devices connected to the grid—particularly EV chargers—must be designed to function 
reliably in both environments. EV users already face inconveniences due to varying 
standards, connector types, and voltage levels across regions. As it is shown simply in 
Figure 1.1, depending on the location, charging may involve either a three-phase AC 
source or a DC supply, often requiring additional adapters or infrastructure-specific 
hardware. This not only complicates the charging process but also undermines the 
scalability and convenience of EV adoption. 

1.1 Motivation of the Thesis 
To address these challenges, there is a strong need for a Universal Onboard Charger 
(UOBC) capable of interfacing seamlessly with both AC and DC grids. Unlike traditional 
chargers, which are typically limited to a single input type, a UOBC would provide EVs 
with the flexibility to connect to any available power source without reconfiguration or 
external conversion equipment. Such versatility would greatly simplify the charging 
process, improve user convenience, and support broader adoption of electric vehicles 
across global markets. 

Beyond convenience, technical performance requirements also motivate the 
development of UOBCs. Modern chargers must achieve high power density to fit within 
the constrained space of vehicles, while ensuring galvanic isolation for safety [5]–[8]. 
They must be adaptable to a wide range of battery voltages and support bidirectional 
power flow—allowing not only Grid-to-Vehicle (G2V) charging but also Vehicle-to-Grid  
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(V2G) energy transfer. This bidirectional capability positions EVs as active participants in 
the energy ecosystem, where they can provide grid support and enhance renewable 
energy utilization. 

AC socket

DC socket

Adapter from 3-phase AC 
plug to DC socket

3-phase 
AC plug

AC plug connected 
to adaptor

Figure 1.1 A streamlined representation of the suggested UOBC design. 

Conventional Onboard Chargers (OBC), with their rigid designs and limited input 
compatibility, cannot meet these evolving demands. By contrast, UOBCs represent a 
forward-looking solution that bridges the gap between today’s AC-dominant grids and 
tomorrow’s DC-enabled infrastructure. Their adoption will be crucial for enabling the 
smooth coexistence of hybrid power networks, supporting renewable integration, and 
advancing the role of EVs in the broader transition toward sustainable energy systems. 

1.2 Voltage and Power level of Battery Packs of EV Manufacturers 
0 outlines the battery pack specifications of leading EV manufacturers. Recent advances 
have enabled packs delivering 50–150 kW, while Tesla achieves 200–250 kW fast charging 
with a 400 V pack. Most other manufacturers increase charging power by raising pack 
voltages to 600–800 V [PAPER-I]. 

Since cable and busbar sizes cannot be scaled indefinitely, the most practical way to 
boost charging power without excessive heat is to raise voltage [9]–[10]. As shown in 
Figure 1.2, doubling pack voltage demonstrates this benefit. A 400 V pack (100 series × 4 
parallel) is limited to 350 A by the CCS connector, while an 800 V pack (200 series × 2 
parallel) remains at 300 A, still under the CCS limit. Thus, increasing voltage from 400 V 
to 800 V boosts charging power by about 71% without adding cells or capacity. 

Higher voltage increases battery management system complexity, as 800 V systems 
require monitoring 200 cells instead of 100, but manufacturers such as Porsche, Hyundai, 
Kia, and Mercedes-Benz have adopted them for ultra-fast charging. The trade-off is 
higher per-cell current (150 A vs. 87.5 A at 400 V), which raises heat generation and 
potential degradation, necessitating stronger thermal management. 

A major advantage of higher voltage is reduced conductor size and weight [11]–[12]. 
For example, a 350 kW charger at 350 V requires 1000 A and a 300 mm² cable weighing 
16.1 kg for 5 m. At 800 V, only 438 A is needed, allowing a 125 mm² cable weighing 
~7 kg. While higher voltages require thicker insulation, the added material is negligible 
compared to copper mass. 

Voltage increases, however, cannot continue indefinitely. Moving from 400 V to 800 V 
requires redesigning motors, converters, and inverters with higher-rated semiconductors 
(1.2–1.7 kV), adding size and cost. Still, even with ~10% larger chargers or inverters, 
the overall impact is small since battery packs are 20–40 times larger, and system-level 
savings from higher voltage outweigh these increases. 



11 

Table 1.1 Voltage and Power Ratings of Onboard Battery Packs Across Leading EV Manufacturers. 
[PAPER-I] 

Company Voltage Max. Onboard 
Charger Power 

Max. Fast 
Charger Power 20 40 60 80 100

15 30 45 60 85

kWh

min

Capacity
Fastcharge Time

Hyundai KONA 
SE 319V 7.2kW 100kW 

Kia Soul EV 327V 7.2kW 100kW 

Chevrolet Bolt 
EV 350V 7.2kW 55kW 

Hyundai KONA 
SEL 356V 7.2kW 100kW 

Kia e-NIRO 4 356V 7.2kW 100kW 

Nissan Leaf SL 360V 6.6kW 50kW 

Tesla Model X 350V 
17.3kW, 

72A 145kW 

Tesla Model 3 360V 11.5kW, 
40A 120kW 

Tesla Model Y 340V 11kW 250kW 

Tesla Model S 400V 
11.5kW, 

48A 200kW 

Volkswagen 
ID.3 Pro S 408V 11A 125kW 

Mercedes-
Benz EQB 420V 11kW 100kW 

Mercedes-
Benz EQS 500V 7.4kW 170kW 

Mercedes-
Benz AMG EQS 500V 7.4kW 200kW 

Kia EV6 697V 11kW 233kW 

Hyundai IONIQ 
5 Standard 800V 11kW 225kW 

Hyundai IONIQ 
5 Long Range 800V 11kW 225kW 

Porsche 
Taycan 4S 800V 11kW 400V:50kW,

800V:225kW 

Porsche 
Taycan 4S+ 800V 11kW 400V:50kW,

800V:270kW 



12 

.

.

.

.

.

.

.

.

.

.

.

.

.

.
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.

.

100 Series
4 Parallel

200 Series
2 Parallel

+
VMax=
400V
-

71.43%  Charging Power Increase

• Battery Configuration: 400 cells arranged 
in 100 series connections with 4 parallel 
strings.

• Current Limitation: Restricted by the 
Combined Charging System (CCS) 
connector.

• Peak Charging Current: Up to 350 A.
• Maximum Charging Power (PMax): 140 kW.

• Battery Configuration: 400 cells organized 
into 200 series groups with 2 parallel 
connections.

• Current Restriction: Defined by the maximum 
cell current rating (ICell = 150 A per cell).

• Peak Charging Current: 300 A.
• Maximum Charging Power (PMax): 240 kW.

Charging current=350A

Charging current=300A

ICell, Max=
150A

CCS

CCS
+
VMax=
800V
-

ICell=
87.5A

Maximum 
350A

Maximum 
350A

Figure 1.2 Enhancing the battery charging performance by raising the battery pack voltage from 
400V to 800V [PAPER-I]. 

Table 1.2 Key Challenges and Solutions in Raising EV Battery Pack Voltage [PAPER-I]. 

Aspect Challenge Proposed Solution 

Elevated voltage levels pose a 
higher risk of electrical arcing 
and potential electrocution. 

Increasing the voltage of the 
battery pack may reduce 

passenger safety, particularly 
in the event of a crash. 

 Enhance insulation thickness and increase 
spacing between conductors to minimize 
the associated risks. 

The overall capacity of 
batteries connected in series 
is determined by the weakest 

individual cell. 

When more cells are added in 
series, the performance of the 

weakest cell becomes 
increasingly influential. 

 Parallel connection of low-capacity cells
before series connection can reduce this 
issue, although not entirely. 

 Implement an effective BMS to monitor 
and control each cell, ensuring balanced 
charge and discharge. 

 Conduct predictive testing of battery cells
before assembly into the pack. 

 Regular inspection and replacement of
weak cells are essential to sustain battery 
pack efficiency. 

Increasing the voltage of the 
battery pack necessitates 
adjustments in circuits, 

parameters, and components 
used in EV power electronics 

such as the inverter, OBC, and 
DC-DC converter.

Capacitors in the DC voltage 
link must be able to withstand 

the elevated voltage levels, 
whereas most commonly used 

capacitors are rated for a 
maximum of 450 V. 

 Series connection of specific capacitors 
may help, though this may lead to leakage 
currents. 

 Use of film and ceramic capacitors can 
provide high capacitance but may increase 
system cost. 

Higher battery voltage allows 
for increased switching 

frequency, which helps in 
reducing the size of magnetic 

components. 

• Increased voltage can lead to 
higher dv/dt and more 
severe Electromagnetic 
Interference (EMI) problems. 

• The ability of semiconductors 
to handle high switching 
frequencies should also be 
considered. 

 Apply proper shielding and fully resonant, 
soft-switching power conversion methods 
to mitigate EMI issues. 

 SiC semiconductors, with their high-
frequency switching capability, offer an 
effective solution. 

 Adopting GaN devices for applications
above 650 V is difficult, as such 
components are not widely available and 
would necessitate a complete redesign of 
the power electronic converters. 
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Table 1.2 lists the main challenges associated with raising battery pack voltage to 
800 V and proposes potential solutions for each issue. 

While some EV makers are pursuing breakthroughs in battery chemistry, others take a 
more practical route by reconfiguring cells in series and parallel to raise pack voltage. 
This approach addresses the key limitation of conductor sizing, since enlarging cable 
diameters would only increase heat during high-power charging. 

The shift from 350 V to 800 V packs highlights a balance of benefits and trade-offs—
enabling faster charging and better thermal performance. Overall, EV progress reflects 
steady, incremental advancements rather than disruptive leaps. 

1.3 Aims, Hypothesis and Research Tasks 
The main aim of this PhD research project is to develop and experimentally validate a 
universal, bidirectional onboard charging system for electric vehicles that supports 
seamless operation across various global AC and DC grid standards—including 
single-phase AC, three-phase AC, two-wire DC, and three-wire DC systems—without 
requiring hardware replacing. The proposed solution is intended to accelerate the 
transition from conventional AC infrastructures to hybrid AC/DC systems. The project 
focuses on achieving compactness and high-power density by employing wide-bandgap 
GaN transistors, enabling high-frequency operation and significantly reducing the size of 
magnetic components, especially the isolation transformer. A key goal is to reach 
acceptable efficiency and competitive power density compared to existing mainstream 
solutions. The final objective is to validate the proposed architecture through an 11 kVA 
hardware prototype, demonstrating stable operation with battery voltage of up to 800 V 
and achieving an efficiency above 95% with a power density of 4.3 kW/L (6.7 kW/L 
excluding the heatsink). 

Hypothesis: 
1. A reconfigurable bidirectional AC/DC-DC interface enables a UOBC compatible with

single-phase AC, three-phase AC, and DC grids, supporting both V2G and G2V power 
transfer.  

2. The limited availability of high-frequency ferrite core materials makes ferrite core
transformers impractical in terms of power density for multi-kilowatt applications 
operating above 500 kHz. 

3. Air-core transformers, by eliminating core losses, present a viable solution for multi-
kilowatt, high-frequency applications beyond 500 kHz. 

4. Cycle-skipping control enables high-frequency switching (above 500 kHz) with lower-
frequency control (about 50 kHz), making high-frequency EV charging feasible. 

Research tasks: 
1. Review of existing battery technologies used in electric vehicles with a focus on

voltage ranges along with existing onboard battery charger solutions and their 
comparative analysis in terms of universal applicability. 

2. Propose the optimal power electronics topology that can link onboard batteries
(300 V–800 V) with DC (350 V–700 V) or AC grid (single-phase and three-phase). 

3. Design optimization of GaN-based converters in terms of thermal management, PCB
layout, efficiency, and power density for several-kilowatt power levels and switching 
frequencies above 200 kHz. 

4. Design and development of an isolated DC-DC stage operating above 500 kHz with a 
power density over 10 kW/L. 

5. Overview, research, and development of the novel (if needed) control algorithms.
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6. Design of the experimental setup and validation of the 11 kVA bidirectional UOBC,
achieving over 95% efficiency and competitive power density, compatible with both 
AC (single-phase and three-phase) and DC (350 V–700 V) grids. 

1.4 Research Methods 
The methodology adopted in this thesis combines theoretical modeling, numerical 
simulations, and practical experiments. Theoretical analysis is conducted in the time 
domain using volt-second and ampere-second balance to describe converter operation. 
Simulation studies are performed in PSIM and MATLAB, which are both available at 
Tallinn University of Technology (TalTech University). Circuit and PCB design are carried 
out in Altium Designer, while DSP-based control coding is implemented using Code 
Composer Studio. Loss estimation is performed in two stages: first, by calculating 
conduction and switching losses from semiconductor datasheets, and second, by verifying 
these predictions with experimental measurements. A thermal imaging camera is used 
to capture device heating and validate real loss distribution, while overall efficiency is 
measured using a power quality and efficiency analyzer. Experimental validation is 
conducted on laboratory prototypes to confirm theoretical analysis and simulation 
results. These prototypes serve to test new converter topologies, control strategies, and 
unconventional circuit arrangements. The Power Electronics Research Laboratory at 
TalTech University provides modern infrastructure for this work, including digital 
oscilloscopes, function generators, power quality analyzers, microcontroller development 
platforms, and PCB prototyping and assembly tools, enabling full hardware and software 
realization of the proposed designs. 

1.5 Contributions and Disseminations 
The outcomes of the research have been disseminated through various academic and 
professional channels, including journal articles, conferences, oral presentations, 
symposiums, seminars, and doctoral schools. Throughout the course of the PhD, 
the author actively contributed to a total of 14 scientific publications. This includes four 
articles featured in reputable peer-reviewed international journals and one invention 
granted as a European patent. The other contributions were shared at internationally 
recognized IEEE conferences. The core content of the dissertation is built upon seven 
primary publications—comprising four papers published in leading IEEE journals and 
three presented at different IEEE international conferences. 

Scientific novelties: 
1. A novel interface suitable for universal applications with both AC (single-phase and

three-phase) and DC (350 V–700 V) grids for EV battery charging application. 
2. Comparative analysis in case of state of are battery technologies for electric vehicles.
3. Definition of requirements for the optimization of ultra-high-frequency GaN-based

DC-DC converters.
4. Definition of requirements for the optimization of ultra-high-frequency isolation

transformers. 
5. Synthesis and control of OBCs based on cycle skipping control for ultra-high

switching frequency in the DC-DC stage. 
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Practical novelties: 
1. Thermal management of GaN-based converters operating at ultra-high switching

frequencies and multi-kilowatt power levels, while achieving high power densities. 
2. Elimination of magnetic cores in the isolation transformer and GaN-based DC-DC

converters by increasing the switching frequency, achieving power density and 
efficiency comparable to those using ferrite cores. 

3. Inferior performance of available ultra-high-frequency ferrite cores compared to air-
core transformers and inductors when operating at ultra-high frequencies and multi-
kilowatt power levels. 

4. Grid connection of an unfolding-based three-phase Power Factor Corrector (PFC)
rectifier using only two inductors, as opposed to the conventional design requiring 
three inductors. 

Power Analyzer 
Yokogawa 
WT1800 

DC Power 
Supply Chroma 
62150H-1000S

Three-Phase 
Autotransformer 

with Neutral

Three-Phase 
Passsive 

Load Oscilloscope 
Tektronix Tested

Prototype

WTViewer
for 

Yokogawa
Probes for 

Measurements

Thermal 
Camera

Code 
Composer 

Studio

ITECH 
IT6006C-800-25 
Bidirectional DC 

Power Supply

(a) (b)

(c)

(d)

(e)

(f)

Figure 1.3 (a) Laboratory power electronics workspace, (b) power analyzer with DC sources for 
experiments (Unidirectional for input sources, bidirectional for battery) and 
autotransformer for grid connection, (c) GaN-based Isolated resonant converters for 
DC-DC stage optimization, (d) proposed unfolding based two inductor power factor
corrector, (e) GaN-based Buck-Boost converter for GaN-based converters optimization, 
and (f) proposed bidirectional UOBC for single/three-phase AC and two/three-wire DC. 

1.6 Experimental Setup and Instruments 
The experimental work was carried out in the Power Electronics Laboratory of Tallinn 
University of Technology, where the test environment is illustrated in Figure 1.3a. 
A Tektronix MDO4034B-3 oscilloscope was employed to capture voltage and current 
waveforms of the passive components, using Tektronix P5205A high-voltage probes and 
Tektronix TCP0030A current probes for accurate measurements. The control software 
for the MCU (Texas Instruments TMS320F28379DPTPT) was developed in Code 
Composer Studio. 
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System efficiency was measured with a Yokogawa WT1800 power analyzer, supported 
by WTViewer software for remote monitoring. For input sources, a Chroma 62150H-
1000S DC supply was used, while an IT6000C bidirectional programmable DC source 
emulated the battery system. In open-loop tests, a three-phase passive load was applied, 
whereas for grid-connected validation, an autotransformer provided the grid interface, 
as shown in Figure 1.3b. 

Over the course of the PhD research, four experimental prototypes were designed, 
implemented, and tested, illustrated in Figure 1.3c–Figure 1.3f. The prototypes in Figure 
1.3c and Figure 1.3e were developed to optimize GaN-based isolated DC-DC stage. 
Meanwhile, the setups in Figure 1.3d and Figure 1.3f represent the proposed universal 
onboard charger prototypes, validated for EV charging applications in terms of efficiency, 
power density, and practical feasibility. 

1.7 Thesis Outline 
Chapter 2 reviewed state-of-the-art OBC and isolated DC-DC designs, focusing on 
architectures that improve efficiency, power density, and enable universal hybrid AC/DC 
operation with bidirectional capability.  

Chapter 3 presents two complementary OBC solutions for EVs: a cost-effective 
three-phase unfolding PFC rectifier that reduces inductors and sensors while maintaining 
grid performance, and a bidirectional UOBC supporting multiple AC/DC inputs with high-
frequency SiC/GaN-based soft-switched DC-DC conversion for compact, efficient, and 
globally adaptable charging. 

Chapter 4 explores methods to boost efficiency and power density in GaN-based 
converters. A top-side cooling strategy is validated, while interleaved with air-core 
inductors achieves soft-switching, and eliminates core losses. For isolated stages, 
resonant DC-DC topologies above 1 MHz are studied with ferrite and air-core 
transformers. Experimental results highlight trade-offs in loss, thermal behavior, and soft 
switching, offering practical design guidelines for compact, high-frequency, GaN based 
multi-kilowatt systems. 

In Chapter 5, a feasible control approach based on cycle-skipping is proposed to enable 
MHz operation of the isolated DC-DC stage, ensuring soft switching and fine power 
regulation. Also, in this chapter, experimental validation was carried out on two 
prototypes: a 3.6 kW setup with the unfolding-based PFC and a 11 kW UOBC, achieving 
over 95% efficiency and 4.3 kW/L power density. 
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2 State of Art Onboard Battery Chargers and Isolated DC-DC 
Stages 

The accelerating growth of EVs has underscored the limitations of conventional OBCs, 
which are typically designed for AC-only grids and struggle to accommodate today’s 
diverse charging standards, connectors, and grid types. With AC infrastructure remaining 
dominant but low-voltage DC networks steadily expanding through integration of 
renewable energy, storage, and DC-native loads, future charging systems must be 
designed for hybrid AC and DC environments. This transition necessitates UOBCs capable 
of seamless operation across both grid types without external adapters or 
reconfiguration. 

In addition to universality, state-of-the-art OBCs must satisfy stringent technical 
demands: galvanic isolation for safety and compliance, high power density to fit within 
limited vehicle space, and wide voltage adaptability to support the variety of EV battery 
systems now entering the market. Furthermore, bidirectional capability—enabling G2V 
charging and V2G energy return—is becoming essential, positioning EVs as active 
elements in the power system. Meeting these requirements has driven advances in 
isolated DC-DC converter stages, where modern soft-switching and high-frequency 
designs enable compactness, efficiency, and bidirectional operation. 

This section reviews the state of the art in OBCs and isolated DC-DC converters, 
with emphasis on architectures and design strategies that support universality, high 
performance, and adaptability in hybrid AC and DC grid environments. 

2.1 OBC Review 
Research efforts reported in [13]–[17] (with [17] presented by Delta Electronics) have 
introduced advanced battery charging architectures often referred to as “universal” 
chargers. This designation primarily stems from their capability to handle a broad 
spectrum of battery voltage ranges, an increasingly important feature given the growing 
diversity of EV models and their powertrain requirements. These studies emphasize 
enhancing charging efficiency, incorporating soft-switching techniques, and ensuring 
compatibility with various battery voltages to meet the needs of different vehicle 
manufacturers. 

However, this definition of universality remains mostly confined to the battery 
interface. Many of these solutions are developed as standalone or externally mounted 
chargers rather than as fully integrated onboard systems. Consequently, they lack the 
inherent capability to provide seamless bidirectional functionality with both AC and DC 
grids. Furthermore, they are not inherently designed to adapt to hybrid AC/DC 
charging environments without requiring hardware changes. In contrast, for onboard 
implementations—where each vehicle generally operates with a fixed battery voltage—
the ability to connect efficiently to single-phase, three-phase, and DC power sources 
becomes a critical factor in achieving truly universal charging functionality. 

OBCs for EVs can be classified by their underlying architecture. Single-stage designs 
(shown in Figure 2.1a) [18] (ETH Zürich) and [19] (Toyota) combine the AC-DC and DC-DC 
conversion stages into one step, reducing cost and saving space but increasing control 
complexity. 
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Figure 2.1 (a) Single-step AC-DC power conversion, (b) two-step AC-DC power conversion system, 
and (c) quasi-single stage unfolding system [20]. 

In these topologies, matrix-type PFC rectifiers are often used. They directly convert the 
low-frequency line-to-line AC input into High-Frequency (HF) AC, which is then applied to an 
isolation transformer. The transformer’s secondary side subsequently rectifies this HF AC 
into a regulated DC output. These systems typically employ two series-connected switches 
configured as four-quadrant devices operating at high switching frequencies. 

The main advantage of this approach is its single-stage power conversion, which allows 
for high efficiency and excellent power density. However, there are several challenges: 

• Conduction losses: Each current path passes through two devices, requiring a
trade-off between conduction losses and switching performance. 

• Parasitic inductance: The back-to-back switch configuration increases loop
inductance, which limits switching speed and demands careful design to prevent 
short circuits on the grid side or an open HF-link inductor during transitions. 

• Output ripple: Without a large intermediate DC-link capacitor, these converters
are more susceptible to low-frequency ripple, especially under unbalanced grid 
conditions. 

Conversely, two-stage OBC architectures Figure 2.1b [21]–[22] separate the AC-DC  and 
DC-DC conversion processes. While this approach generally increases size and conduction
losses, it significantly simplifies control and remains the predominant structure for 
conventional AC-DC conversion systems. In a two-stage OBC architecture, the AC-DC 
stage employs a non-isolated PFC rectifier to convert grid AC to DC, which is then 
stabilized by an intermediate DC-link capacitor acting as an energy buffer. This buffered 
DC is subsequently processed by an isolated DC-DC converter to deliver a regulated 
output, while an LCL filter is typically incorporated at the input to minimize harmonic 
distortion and ensure compliance with emission standards. Key characteristics of this 
architecture include: 

• Simplified control: The DC-link capacitor provides effective decoupling between
stages, reducing control complexity. 

• Stable output performance: The intermediate energy buffer enables consistent
DC output, even during grid imbalances. 

• Switching frequency limitations: High reverse-recovery and switching losses
limit operation to below ~20 kHz, necessitating large magnetic components for 
filtering, which increases size and cost. 
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• Increased component count: Separate stage control and additional filter
components add to implementation complexity. 

Another technique, referred to as the Quasi-Single-Stage Unfolding method (illustrated 
in Figure 2.1c), enables the rectifier stage to function at the grid frequency without 
relying on high-frequency switching or Pulse-Width Modulation (PWM). Instead, it 
transfers the AC voltage to a gradually varying DC link. In this approach, all high-frequency 
switching tasks—such as PFC and power regulation—are carried out exclusively by the 
isolated DC-DC converter stage. This clear separation minimizes the filtering requirements 
on the AC side and streamlines the design of the rectifier front end [23]. 

OBCs can also be grouped into integrated [24]–[25] and non-integrated designs. 
Integrated OBCs reuse components from other vehicle subsystems, such as traction 
inverters or auxiliary DC-DC converters. This strategy improves overall efficiency and 
reduces component duplication but comes with the drawback of more challenging 
thermal management. In contrast, non-integrated OBCs operate as independent units, 
which simplifies design and maintenance at the expense of some efficiency advantages. 

A further category is modular OBCs [25]–[28], which split power conversion across 
several smaller modules. This modularization enhances scalability, increases system 
reliability, and spreads thermal loads more evenly. It also provides the flexibility to adapt 
to various grid standards, including both single-phase and three-phase systems, making 
this approach attractive for EVs designed for global deployment. However, this flexibility 
often comes with higher control complexity and a larger component count. For example, 
[25] (Silicon Austria Labs) presents a compact bidirectional modular OBC based on a
multiport series-resonant topology that supports single- and three-phase inputs as well 
as an integrated low-voltage output. A key feature of this converter is its ability to 
integrate both the Onboard charger (OBC), responsible for charging the 
high-voltage (HV) battery, and the low-voltage DC charger, which supplies 12 V auxiliary 
loads such as electric windows. The modular architecture consists of one or three 
interleaved single-phase totem-pole PFC stages paired with the primary side of a CLLC 
resonant converter, where the number of modules scales with the required power level. 
On the secondary side, the multi-winding transformer of the CLLC converter connects to 
the HV battery, while an additional secondary winding links to an interleaved buck stage 
that supplies the LVDC converter. Likewise, [26] (ETH Zürich) introduces a modular three-
phase isolated rectifier built using matrix converters that can operate in either star (Y) or 
delta (Δ) configurations. This design supports a wide input voltage range, achieves Zero 
Voltage Switvhing (ZVS), and uses third-harmonic injection to increase output voltage in 
Δ-mode while optimizing device stresses for 650 V Si or GaN devices. These modular 
isolated matrix-based PFC rectifiers provide a single-stage isolated power conversion 
path from the three-phase grid to the DC bus, offering a compelling alternative to 
conventional phase-integrated rectifier architectures.  

On the other hand, [27] describes a simplified single-stage electrolytic capacitor-free 
OBC aimed at achieving high efficiency and power density. Despite being marketed as 
“universal input,” it is limited to single-phase AC (100–240 V) and does not accommodate 
three-phase AC or DC connections. To overcome this limitation, [28] proposes a modular 
single-stage OBC that eliminates electrolytic capacitors and supports both single- and 
three-phase AC operation. In three-phase mode, it inherently enables DC charging, 
whereas in single-phase mode, one module is dedicated to power decoupling. However, 
this solution still lacks direct support for DC grid charging. 
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2.1.1 State of Art Isolated Single-Stage Onboard Chargers 
For single-stage onboard chargers (OBCs), [31] (Infineon Technologies) (see Figure 2.2a) 
[29] introduces the isolated Y-Rectifier with series-resonant operation, a next-generation
OBC architecture that unifies high-frequency isolation and supports both single- and 
three-phase AC inputs within a single bidirectional conversion stage. By utilizing 600 V 
GaN monolithic bidirectional switches, the isolated Y-Rectifier achieves a wide input-to-
output voltage range and enables seamless bidirectional power transfer. 

In another work, [26] (Seoul Tech and Hyundai) proposes a 3.7 kW single-stage AC-DC 
charger that incorporates an integrated magnetic structure, combining grid inductors 
and the transformer into a single magnetic core. This design reduces material costs, cuts 
core losses—particularly at lighter loads—improves efficiency by approximately 0.9%, 
and enhances power density by 11.1%. The approach also includes carefully optimized 
PCB winding arrangements to minimize AC losses and parasitic capacitances. 
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Figure 2.2 State of art isolated single-stage onboard chargers, (a) bidirectional single-stage EV 
onboard charger utilizing GaN monolithic bidirectional switches [31] (Infineon 
Technologies), (b) isolated high-efficiency matrix-based Dual Active Bridge (DAB) buck–
boost rectifier [18] (ETH Zürich). 

Similarly, [30] (GaN Systems) presents a compact 7.2 kW single-phase charger that 
leverages enhancement-mode GaN HEMTs for high efficiency and power density. 
The system is modular and can be scaled up to a 22 kW three-phase version by combining 
multiple units. Its DC-DC stage is designed to handle both power transfer and PFC, 
eliminating the need for bulky DC-link capacitors. Furthermore, the charger employs 
advanced modulation methods—such as dual and triple phase-shift control—to ensure 
soft switching while maintaining robust performance across a broad input voltage range 
(80–260 Vac) and output range (200–450 VDC). 

In addition, [18] (ETH Zürich) (see Figure 2.2b) develops an 8 kW isolated matrix-type 
dual-active-bridge three-phase rectifier that delivers outstanding efficiency, with a peak 
of 99% and 98.7% efficiency even at 10% of the rated input voltage. The topology 
connects the high-frequency transformer directly to the three-phase grid in a matrix 
arrangement and uses 900 V SiC MOSFETs operating at 31 kHz with forced-air cooling. By 
integrating the series inductor into the transformer and applying an optimized 
soft-switching modulation strategy—analytical for Discontinuous Conduction Mode 
(DCM) and numerical for Continuous Conduction Mode (CCM)—the system achieves
minimal Total Harmonic Distortion (THD) in grid currents. 

2.1.2 State of Art Two-Stage Onboard Chargers 
When examining state of art two-stage onboard charger (OBC) designs, [32]–[33] from 
Virginia Tech detail a 6.6 kW solution (see Figure 2.3a) specifically developed for 400 V 
battery systems. The first stage features a high-frequency interleaved totem-pole PFC 
circuit operating in critical conduction mode (CRM) at over 300 kHz, followed by a CLLC 
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resonant converter switching at 500 kHz. By implementing a variable DC link (500–850 V), 
the design improves efficiency by up to 1.3% and maintains a stable efficiency profile 
across different operating ranges compared to conventional fixed-voltage systems. This 
approach utilizes 1.2 kV SiC MOSFETs in the PFC and primary side, while the secondary 
employs 650 V GaN devices. Additional advancements include PI-based DC-link voltage 
control—maintaining the link at approximately twice the battery voltage—and PCB-based 
matrix transformers with integrated resonant inductors, which minimize size and losses. 
Further refinements in transformer materials, winding configurations, and layout 
increased the power density from 2.3 kW/L to 2.7 kW/L. 

AN

85…265
Vac

T1

T2
VBatt

500…840 Vdc

250…450Vdc

(a)

550…850 Vdc

AN

240VRMS

T1...T3

VBatt

550…850
Vdc

(b)

Figure 2.3 Isolated two-stage OBCs proposed by Virginia Tech, (a) Wide-bandgap-enabled high-
efficiency, high-power-density bidirectional OBC [32]–[33], and (b) 11 kW high-frequency 
bidirectional OBC featuring integrated PCB-based magnetic components [34]. 

Virginia Tech later expanded this concept with an 11 kW charger optimized for 800 V 
batteries [34], which is shown in Figure 2.3b. This version incorporates a four-phase 
interleaved totem-pole PFC in CRM, where return path windings are combined with 
boost inductors, reducing the number of magnetic cores from eight to two while 
mitigating common-mode noise. The second stage consists of a three-phase CLLC 
resonant converter with a delta-connected primary for balanced current sharing and 
rapid startup. A variable DC link aligned with the battery voltage ensures that the CLLC 
stage runs precisely at resonance, maximizing conversion efficiency. Both stages use 1.2 
kV SiC devices, operating at 350 kHz for the PFC stage and 500 kHz for the DC-DC stage. 
The DC-DC stage combines the transformer and resonant inductors into a single matrix 
transformer, reducing size and losses. This design achieves 98% efficiency per stage, 96% 
peak overall efficiency, and 3.2 kW/L power density.  

In parallel, researchers from Nanjing developed bidirectional LLC-based solutions [35] 
(see Figure 2.4a) and [36] (see Figure 2.4b) to overcome the inherent limitation of 
conventional LLC topologies, where reverse power transfer is constrained due to the 
voltage gain dropping below unity. Their approach employs a variable DC link (400–700 V) 
alongside a dedicated gain-control method and digital regulation to manage high dv/dt 
oscillations, allowing reliable operation at high voltage and frequency. The design uses 
SiC MOSFETs switching at 300 kHz while simplifying the resonant network by removing 
one capacitor and one inductor compared to a CLLC stage, while adding parallel SiC 
devices to the totem-pole PFC. Their prototype demonstrated 95.6% efficiency and a 
power density of 3.4 kW/L [35]. A subsequent version [36] integrates a relay-based 
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mode-switching mechanism: during charging, the system functions as a standard 
two-stage converter, while during discharging, an auxiliary boost stage is added to 
elevate voltage for grid-tied operation. Although this slightly reduces efficiency and 
density, it enables full bidirectional power flow. 
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Figure 2.4 Isolated two-stage OBCs proposed by Nanjing, 6.6 kW SiC-driven bidirectional LLC 
charger operating at 300 kHz [35], (b) [36]. 

Texas Instruments developed a compact 6.6–7.4 kW bidirectional OBC [37]–[38] (see 
Figure 2.5a) featuring a two-phase totem-pole PFC paired with a full-bridge CLLC converter 
built around high-speed GaN devices. This design employs frequency and phase 
modulation for wide-range voltage regulation and uses advanced controllers with 
integrated Rogowski coil sensing for precise management of both stages, including 
synchronous rectification. With PFC operating at 120 kHz and the CLLC stage at up to 
800 kHz, the design integrates the transformer and resonant inductors to save space. 
Combined with liquid cooling, this results in a power density of approximately 3.8 kW/L 
and a peak efficiency of around 96.5%. 

Wolfspeed introduced a 22 kW bidirectional OBC [39]–[40] (see Figure 2.5b) using 
1200 V SiC MOSFETs to achieve high efficiency and support a broad battery voltage range 
for both charging and discharging. The CLLC stage operates at 140–250 kHz, while the 
Active Front End (AFE) runs at 45 kHz, delivering over 97% efficiency in both power flow 
directions and accommodating both single-phase and three-phase inputs. 
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Figure 2.5 State of Art Isolated two-stage OBCs, (a) GaN-powered bidirectional onboard charger 
[37]–[38] (Texas Instruments), (b) SiC-enabled bidirectional EV charger [39]–[40] 
(Wolfspeed), and (c) advanced GaN-based onboard charger featuring ultra-high power 
density and broad output voltage capability [41] (Infineon) and [42] (ETH Zürich). 

Finally, Infineon [38] and ETH Zürich [42] unveiled a 10 kW three-phase GaN-based 
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OBC (see Figure 2.5c) offering a power density of 10 kW/L (9 kW/L reported by ETH 
Zürich). It supports output voltages from 250–1000 V and currents up to 25 A by 
combining a Vienna rectifier PFC with four DAB converters operating at 560 kHz and 
140–400 kHz, respectively. Using GaN GIT HEMTs, SiC diodes, and isolated gate drivers, 
it achieves soft-switching operation with high efficiency.  

 However, although these solutions accommodate multiple voltage ranges and both 
single- and three-phase AC inputs, they remain limited to AC grid connectivity. None of 
these designs directly interface with DC distribution systems or renewable energy 
sources. As hybrid AC/DC grids continue to emerge, this shortcoming highlights the need 
for truly universal OBCs capable of seamless operation across both grid types, supporting 
bidirectional energy transfer and fully integrated onboard functionality. 

2.2 Comparative Analysis of Conventional Three-Phase Two-Stage AC-DC 
Converter and Single-Stage Matrix Converter Architectures 

This subsection presents a comparison between the conventional two-stage OBC 
architecture and the well-established single-stage matrix converter, which is recognized 
for achieving superior power density and efficiency. The comparison focuses on key 
parameters such as size, efficiency, and overall suitability for high-performance 
applications. The calculation methods and analysis for the comparison are detailed in [20]. 
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2.2.1 Definition of the Compared Structures  
The conventional two-stage AC-DC OBC consists of a PFC rectifier followed by an isolated 
DC-DC converter. Three-level AC-DC rectifiers are widely used in high-power systems for
lower switching losses, reduced voltage stress, and smaller grid filters. In the isolated 
bidirectional DC-DC stage, phase-shifted full-bridge and CLLC resonant converters are 
common, with CLLC preferred for operating at resonant frequency, enabling full 
soft-switching and lower losses. Full-bridge LLC designs suit higher power levels by reducing 
current stress and improving transformer use. For comparison, the reference system uses 
a three-level Vienna rectifier with two series-connected full-bridge CLLC converters (Figure 
2.6a). Figure 2.6b shows the alternative single-stage three-phase high-frequency link 
matrix rectifier [18] and [43]–[47]. This design includes a grid filter, 3 × 1 matrix converter, 
isolation transformer, secondary full-bridge rectifier, and output capacitor. The matrix 
converter’s six bidirectional switches directly convert low-frequency AC to high-frequency 
AC for the transformer primary. 

2.2.2 Comparison Results 
Figure 2.7 compares the performance of the traditional three-phase two-stage AC-DC 
converter and the single-stage matrix converter for EV OBC. Both topologies have similar 
physical volume and power density. However, conduction losses in the single-stage system 
are nearly double those of the two-stage design, while the two-stage incurs about four 
times higher switching losses. 

Voltage stress analysis—under both ideal (calculated) and practical (device-rated) 
conditions—shows that the single-stage design experiences higher switch voltage stress 
in all cases. This directly impacts device selection for high-frequency operation. GaN 
transistors, with typical voltage ratings of 650 V or 900 V, are well-suited for the 
two-stage design, enabling higher switching frequencies, smaller passive components, 
and improved power density. The single-stage topology, however, exceeds these voltage 
limits, making GaN integration impractical and restricting its miniaturization potential. 

Functionally, both converters can process three-phase AC into an 800 V DC output for 
EV battery charging while maintaining a high Power Factor (PF). Yet, the control complexity 
differs—the two-stage design primarily regulates power in the AC-DC stage, offering a 
simpler control strategy, whereas the single-stage matrix converter requires more complex 
modulation and control to manage power flow effectively. 
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Figure 2.7 Comparative spider chart illustrating the key performance metrics of the two-stage 
versus single-stage converter topologies [20]. 
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2.3 State of Art Isolated DC-DC Converters 
Galvanically isolated DC-DC converters are highly advantageous since they ensure 
electrical separation between the source and load while accommodating large voltage 
variations. Established isolated designs are generally classified into two groups: 
voltage-fed and current-Fed topologies. 

Current-fed DC-DC converters offer several advantages, including lower input current 
ripple, smaller transformer turns ratio, improved efficiency, reduced voltage stress on 
output semiconductors, and immunity to shoot-through faults in switching devices. 
Another option is the impedance source converter, which blends the features of both 
voltage-fed and current-fed designs, thereby inheriting the strengths of each. For clarity, 
the characteristics of voltage-fed, current-fed and impedance source converters are 
compared in Table 2.1.  

Table 2.1 Key characteristics comparison of Voltage-Fed, Current-Fed, and Impedance Source 
converters [PAPER-IV]. 

Feature Voltage-Fed Current-Fed Impedance Source 
Voltage step-up No Yes Yes 

Voltage step-down Yes No Yes 
Short-circuit exemption No Yes Yes 
Open-circuit exemption Yes No Yes 

Element for storing energy One capacitor One inductor Minimum one capacitor 
and one inductor 

Cascading capability of energy elements No No Yes 
Simplicity in control Simple Complex Moderate 

2.3.1 Current-Fed Isolated DC-DC Converters 
Isolated DC-DC converters can be categorized into passive and active clamp types. 
Passive clamp converters require fewer switches but are limited by hard-switching losses. 
Active clamp versions—such as push-pull, half-bridge, and full-bridge—achieve ZVS turn-
on and suppress voltage overshoot but are less attractive in low-power ranges due to 
higher cost and circuit complexity. Resonant bridge converters exploit parasitic elements 
to realize soft switching without clamp networks; however, they are prone to 
transformer DC bias, which increases the size requirement. 0 outlines the strengths and 
weaknesses of established isolated DC-DC converter designs. 

Table 2.2 Advantages and drawbacks of conventional isolated DC-DC converters [PAPER-IV]. 

Topology Advantages Disadvantages 

Flyback  Simple design and low cost.
 Suitable for low to moderate power applications 

• Limited power handling capability. 
• High peak currents and voltage stresses.

Isolated SEPIC  Dual regulation: step-up & step-down.
 Reduced input current ripple.

• Complex control, higher components.
• Limited for high power applications. 

Forward  High efficiency.
 Good for high power applications

• Limited voltage regulation range. 
• Needs tight control for reliability. 

Push-Pull  High-frequency operation capability. 
 Good for high power applications.

• Complex control, higher components.
• Transformer design can be challenging. 

Half-Bridge  Moderate complexity. 
 Suitable for a wide range of power applications. 

• Needs careful control to prevent spikes.
• Limited for very low or very high power.

Full-Bridge  High efficiency.
 Suitable for high-power applications

• Complex control, higher components.
• Not ideal for low-power applications. 

Resonant  Reduced electromagnetic interference.
 Improved reliability due to soft switching. 

• Complex control and higher cost.
• High current stress on semiconductors.
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Figure 2.8 presents the individual performance comparison of each converter. This 
analysis was conducted under specific operating conditions: an output power of 400 W, 
input voltage range of 20–50 V, fixed switching frequency of 50 kHz, and constant output 
voltage of 350 V. To maintain comparability, all converters were evaluated with identical 
output power and consistent dynamic switch configurations. [PAPER-IV] provides an 
in-depth analysis of isolated DC-DC converter topologies.  

An isolated current-fed DC-DC converter with low voltage stress on the switches is 
presented in [PAPER-III]. Transformer leakage inductance enables soft switching for 
the all semiconductors over a wide range. The converter supports both resonant and 
non-resonant modulation. In the non-resonant case, phase-shift modulation reduces 
switch stress and only ZVS turn-on, while combining it with pulse-frequency modulation—
or using resonant control—achieves full soft switching, enabling higher frequency 
operation, smaller passive components, and greater power density. 
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Figure 2.8 Overall comparison of isolated converter families based on key parameters [PAPER-IV]. 

Figure 2.9 Comparison results between the proposed soft-switching current-fed design in [PAPER-
III] and other current-fed isolated DC-DC structures. 

The full soft-switching scheme provides ZVS turn-on and soft turn-off for the primary 
switches, eliminating switching losses. The modulation also doubles the effective 
frequency of the input inductor, halving its size, while an auxiliary circuit suppresses 
voltage overshoots caused by mismatch between the input inductor and transformer 
leakage inductance. 
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The design was validated with Si MOSFETs at 100–280 kHz, confirming feasibility, with 
strong potential for ultra-high-frequency operation using GaN. Comparative evaluation 
with Flyback, Current-Fed Full-Bridge, and L-L type Half-Bridge converters (Figure 2.9) 
considered passive component sizes, conduction and switching losses, and voltage 
stress. Results show that the non-resonant scheme excels in reducing switching losses 
and passive volume but is limited by turn-off losses at higher frequencies. In contrast, 
the resonant scheme supports full soft switching at elevated frequencies, allowing 
further downsizing and higher power density. Performance under doubled switching 
frequency (Figure 2.9) confirms these benefits in the resonant configuration. 

2.3.2 Voltage-Fed Isolated DC-DC Converters 
Research conducted at Virginia Tech has produced several high-frequency CLLC-based 
solutions operating around 500 kHz using SiC MOSFETs. One design in [48] introduced a 
single-phase 11 kW CLLC converter employing a three-core integrated matrix transformer 
to charge 800 V battery systems. By distributing the magnetic flux across three EI-cores 
instead of one, core losses were greatly reduced. These cores were combined with the 
resonant inductors into a six-leg matrix configuration, achieving 97.9% peak efficiency 
and a power density of 14.6 kW/L. In another study [49], a three-phase CLLC was followed 
by a four-channel interleaved buck stage to extend the output range from 200 V to 800 V. 
Although versatile, this addition lowered the prototype’s efficiency by nearly 1% and 
reduced its power density to 6.1 kW/L. 

Wolfspeed reported a 22 kW CLLC resonant converter designed for 200–800 V outputs 
[50]. By coordinating with a variable DC-link PFC, the CLLC operated consistently near 
resonance across 135–250 kHz. Using 1.2 kV SiC MOSFETs in TO-247 packaging, 
the prototype achieved 98.5% peak efficiency and 8.0 kW/L. 

Delta Electronics focused on universal charger concepts that accommodate a broad 
spectrum of EV powertrain requirements [17]. Their design combined an LCL-T resonant 
stage with a multilevel stacked half-bridge DC-DC structure. The stacked half-bridge was 
chosen to minimize capacitor current stress, particularly when using GaN devices at ≥ 
800 V. Two secondary-side options were presented: a full-bridge rectifier with paralleled 
GaN switches for 400 V batteries, and a stacked half-bridge voltage doubler for 800 V 
systems. The 6.6 kW prototype achieved 98.2% peak efficiency and 7.3 kW/L power 
density.  

2.4 Summary 
In recent years, OBC research has made big strides in improving efficiency, power 
density, and flexibility, thanks to SiC and GaN devices, smarter modulation methods, and 
new integrated or modular designs. Many of these so-called “universal” chargers can 
already handle a wide battery voltage range and work with both single- and 
three-phase AC inputs, while also benefiting from soft-switching at high frequencies and 
compact magnetics. These advances mark an important step toward smaller, more 
efficient chargers that can meet the growing demands of modern EVs. 

That said, most of today’s OBCs are still heavily tied to AC grids. They rarely support 
direct connection to DC distribution networks that are becoming more common with 
renewables, storage, and DC-native loads. On top of that, many are built as external or 
add-on units rather than being fully integrated onboard. As a result, the idea of a truly 
universal charger—one that can seamlessly connect to both AC and DC grids, operate 
bidirectionally for V2G and G2V, and consolidate all conversion and control functions into 
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a single compact system—remains out of reach. Bridging this gap calls for the next 
generation of UOBCs, designed to meet both the technical and integration challenges of 
hybrid AC and DC infrastructures. 

Moreover, Both single-stage and two-stage OBCs are similar in size and achieve high 
PF for 800 V EV batteries, but the two-stage offers higher efficiency and simpler control. 
With GaN at higher frequencies, the single-stage suffers from excessive voltage stress, 
while the two-stage benefits from smaller passives and better performance. 
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3 Proposed Unfolding-Based PFC Rectifier and UOBC 
This section introduces two high-performance solutions for OBC applications in EVs, each 
targeting high efficiency, compact size, and cost reduction. 

The first solution is an advanced three-phase unfolding-based PFC rectifier tailored for 
EV charging systems. It retains the same grid-side PFC performance as conventional 
three-phase designs but reduces the magnetic component count by using only two filter 
inductors instead of three, lowering cost and size. Grid current regulation is achieved by 
measuring the two inductor currents, removing the need for an additional current sensor 
found in traditional topologies. To validate its advantages, the proposed design is 
benchmarked against a conventional three-phase T-type configuration.  

The second solution is a versatile, bidirectional UOBC capable of operating efficiently 
with various AC and DC grid configurations, including single-phase or three-phase AC 
inputs and two- or three-wire DC sources, without requiring hardware modifications. 
Leveraging SiC and GaN switches, the system operates at 100 kHz in the rectifier stage 
and 1 MHz in the isolated DC-DC stage, enabling significant downsizing of magnetic 
components—especially the isolation transformer—and improving thermal management. 
The DC-DC stage employs air-core transformers to handle high ripple currents without 
core losses or saturation, while soft-switching techniques minimize switching losses. This 
bidirectional capability supports both G2V and V2G operation. 

Together, these two approaches offer complementary pathways for next-generation 
OBCs: the first focuses on simplifying and cost-optimizing the PFC stage, while the second 
delivers a globally adaptable, high-frequency, soft-switched, and magnetically optimized 
bidirectional charging system. 

3.1 Three-Phase Unfolding-Based PFC Rectifier with Two Inductors 
3.1.1 Fundamental Principles of Low-Frequency Unfolding Method 
Figure 3.1 illustrates the concept of this method. In the configuration shown in figure, 
switches SA, SB, and SC function as bidirectional switches. Before examining the 
requirements imposed on the DC–DC conversion stage, it is helpful to understand the 
working principle of the three-phase unfolding-based converter. As illustrated in Figure 
3.1a, the initial stage—referred to as the unfolder—performs a straightforward 
rectification of the incoming three-phase AC voltages. Unlike a conventional active 
rectifier, this stage neither regulates the DC-link voltage nor shapes the input current 
waveform. It operates without PWM or any high-frequency switching, and the resulting 
DC-link is soft or floating, with its voltage naturally varying over time rather than
remaining rigidly fixed. 

A specific implementation of this concept, applied to electric vehicle battery charging 
with only two inductors for the PFC function, has been detailed in [PAPER-VI]. In this 
architecture, depicted in Figure 3.1b, a pair of filter inductors connects the unfolding stage 
to a 3-Level Asymmetrical CLLC Full-Bridge Inductive Power Transformer (3LA-CLLC-FB-IPT) 
isolated DC-DC converter, which processes power to the load. Figure 3.2 presents the 
idealized voltage and current waveforms corresponding to different intervals of 
operation, offering a clear illustration of the unfolding process. 
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The proposed three-phase unfolding rectifier, shown in Figure 3.1b, transforms the AC 
inputs VA, VB, and VC into two floating DC-link voltages, VCH and VCL, across decoupling 
capacitors CH and CL. These capacitors not only smooth the high-frequency ripple 
from the isolated DC-DC converter, ensuring that the unfolding stage handles only 
low-frequency current, but they also draw reactive current from the AC source to 
maintain phase current balance. 

From a control perspective, the rectifier operates as a current-source converter with 
six distinct operating regions, each defined by the instantaneous order of the 
three-phase voltages over a full grid cycle, as indicated and discussed in detail in [PAPER-
VI]. The proposed three-phase, two-inductor unfolding-based rectifier uses inductors L1 
and L2 as input current filters—replacing the three inductors found in conventional 
unfolding-based rectifiers. By regulating the current flow through L1 and L2, as illustrated 
in Figure 3.2, the three-phase grid currents iA, iB, and iC can be balanced with their 
respective phase voltages. This balance is achieved by independently managing the 
power transferred through two high-frequency DC–DC converters connected to the DC-
link capacitors CH and CL. 

3.1.2 Comparison Results of the Unfolding Rectifier Stage 
To evaluate the effectiveness of the proposed converter, its performance was compared 
against the conventional three-inductor-based T-type three-phase unfolding structures 
[51]–[56], with respect to both physical size and efficiency. The comparison results are 
presented in the spider diagram of Figure 3.3. 

Figure 3.3 Spider chart comparing the performance metrics of the proposed structure with those 
of the conventional three-phase T-type unfolding structure [PAPER-VI]. 

A primary advantage of the proposed approach is its ability to deliver the same 
operational performance as the conventional three-inductor designs while requiring only 
two inductors. The maximum stored energy in each inductor, for both the conventional 
and proposed configurations, can be expressed as EL = 0.5LIm

2, where L denotes the 
inductance value of the filter inductors. Since in both topologies the peak inductor 
currents are equal to the maximum input current drawn from the grid, 
the maximum stored energy per inductor is identical. Consequently, the physical size of 
each individual inductor remains the same for both designs. However, because the 
proposed topology uses only two inductors instead of three, the total inductor volume is 
reduced to approximately 67% of that required by the conventional T-type structure. 
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Additionally, the proposed design achieves power PFC using only two current sensors 
to measure the currents through inductors L1 and L2. In contrast, the conventional design 
requires three sensors—one for each inductor. This reduction in components not only 
increases the power density but also significantly lowers the overall system cost, further 
enhancing the appeal of the proposed converter compared to its conventional 
counterpart. 

3.2 Architecture of the Proposed UOBC System 
The proposed system, illustrated in Figure 3.4, presents a fully UOBC architecture with a 
bidirectional power converter that supports energy transfer in both charging and 
discharging directions. It is designed to interface with four types of inputs—three-phase 
AC, single-phase AC, two-wire DC, and three-wire DC—making it compatible with a wide 
range of charging infrastructures worldwide. The design is built around two main 
functional blocks: a front-end PFC or rectification stage, and a high-frequency isolated 
DC-DC conversion stage.
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Figure 3.4 Configuration of the UOBC capable of handling both three- or single-phase AC and two- 
or three-wire DC inputs for electric vehicle applications [PAPER-V] and [55]. 

In the DC-DC section, high-speed GaN devices are used along with ZVS switching, 
enabling efficient operation at very high switching frequencies [57]–[59]. Unlike 
traditional ferrite-core magnetic components that limit frequency scaling and add core 
losses ([60], [PAPER-II], [61], and [62]), this system employs coreless magnetic elements, 
reducing losses and component volume while boosting power density. 

The DC-DC modules can be dynamically configured in series or parallel to suit the target 
battery voltage. For lower voltage levels, the modules run in parallel to share current 
evenly, whereas for higher voltage needs, they are switched into a series arrangement. 
This flexibility is achieved without altering the connection between the rectifier and 
DC-DC stages.

Input-dependent configurations are handled automatically. For three-phase AC, 
the rectifier output is connected in series to the downstream modules. With single-phase 
AC, the modules are set in parallel for optimal current distribution. For DC inputs, 
the Configuration depends on voltage—350–380 V DC sources are paired with a parallel 
setup, while inputs between 700–750 V DC use a series arrangement. In the case of 
three-wire DC, the series configuration is always used. A smart control system monitors 
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input voltage and rectifier parameters to switch configurations seamlessly, requiring no 
user interaction. 

The rectifier employs a T-type topology featuring switches S1–S12 and input filter 
inductors LA, LB, and LC [63]. Switches S1–S8 operate as bidirectional current controllers, 
while switches S9–S12 are GaN-based four-quadrant devices that enable true bidirectional 
operation. For safe DC grid interfacing, the design integrates Solid-State Circuit Breakers 
(SSCB1 and SSCB2) and suppression capacitors (CSA, CSB, CSC), which protect against 
transients and stabilize operation. 

An optional decoupling capacitor, CD, is included for single-phase AC mode. This 
element balances power flow and suppresses ripple, making it possible to use long-life, 
high-reliability film or ceramic capacitors instead of electrolytic types, which benefits 
both durability and power density in compact designs [64]–[66]. 
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Figure 3.5 Equivalent circuit representations of the UOBC under various operating modes:  

(a) three-phase AC input, (b) single-phase AC input, (c) three-wire DC input, and  
(d) two-wire DC input. In the two-wire DC case, the DC-DC modules operate in parallel 
for input voltages of 350–380 V, and in series for input voltages of 700–750 V [PAPER-
V] and [55]. 

The control framework supports various operating modes. In one mode—Vienna 
rectifier mode—the four-quadrant GaN devices perform high-frequency switching, while 
the rest operate at grid frequency to minimize switching losses. 

A notable feature of the system is its use of reconfigurable electromechanical switches 
(SW1–SW3), which adjust the power stage connections depending on the input source 
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and desired output voltage. SW1 selects series or parallel operation of the 
DC-DC modules by linking capacitor terminals accordingly. SW2 and SW3 handle input
source routing, enabling automatic transitions between three-phase AC, single-phase AC, 
and DC inputs. The rectifier’s control unit governs these switches, ensuring smooth, 
efficient, and fully automated reconfiguration. 

3.2.1 System Configurations and Operation Under Different Input Conditions 

Three-Phase AC Input Mode 
When the charger is connected to a three-phase AC supply—either with or without a 
neutral wire—it operates as shown in Figure 3.5a. In this setup, SW2 engages to connect 
to phase B, while SW3 disconnects the Active Power Decoupling (APD) capacitor and links 
phase C to the input. Each phase (A, B, C) is routed to its designated terminal, and if a 
neutral conductor is available, it may be connected to one of these points as needed. 

Input inductors LA, LB, and LC act as line filters to smooth current and meet grid 
harmonic standards. The main switching devices adjust their function based on power 
flow direction. Switches S1–S6 serve as freewheeling paths (like diodes) during G2V 
charging, and act as actively controlled switches during V2G discharge, both under 
high-frequency modulation. Meanwhile, GaN-based four-quadrant switches S9–S12 (with 
S11 having a unique role) switch between primary high-frequency operation in 
rectification mode and auxiliary support in inversion mode. 

Switch S11 specifically connects the neutral line to the midpoint of the DC link capacitors 
(MH, ML, or M), which helps maintain equal voltage sharing and reduces stress on the 
power stage. 

The PWM control strategy—Under three phase AC operation is fully discussed in 
[PAPER-V]. 

Single-Phase AC Input Mode 
When powered from a single-phase AC source, the charger operates as illustrated in 
Figure 3.5b. In this configuration, S6 and S10 are turned on to connect the negative 
terminals of CH and CL, linking midpoint MH to terminal n. At the same time, SW1 is 
engaged to reconfigure the DC-link capacitors in parallel and connect them to the active 
power decoupling network. This setup helps counteract the inherent power pulsations 
present in single-phase inputs. 

To further smooth power flow, SW3 brings the decoupling capacitor CD into the circuit. 
Switches S2 and S5 then operate at high switching frequency, working with inductor LC to 
form a buck-type balancing stage [64], which actively regulates the energy exchange 
between the AC side and the DC-link, keeping the capacitor voltages stable. 

The AC-DC conversion is handled by S1, S4, S7–S9, and S11, which operate under 
high-frequency PWM to either rectify power during G2V charging or invert it during 
vehicle- V2G operation. This arrangement supports efficient bidirectional transfer under 
varying loads and input conditions. 

The PWM switching strategy for the single-phase AC input operation is fully discussed 
in [PAPER-V]. 

Active Power Decoupling in Single-Phase AC Operation 
In single-phase mode, when connected to the AC grid as illustrated in Figure 3.6a and 
Figure 3.6b, the system is assumed to operate with both voltage and current as clean 
sinusoids, achieving an ideal unity PF. Under these conditions, the instantaneous grid 
voltage vAN(t) and current iA(t) can be described by sinusoidal waveforms, with both 
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signals in phase due to the near-perfect PF. In the following equation, Vm and Im denote 
the peak amplitudes of the voltage and current, and ω = 2πf is the angular frequency of 
the supply. 
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The instantaneous power drawn from the grid, given by equation (3-1), consists of two 
components: Pavg – the constant average power transferred to the load and PRipple(t) – a 
double-frequency oscillating term (twice the grid frequency) caused by the nature of 
single-phase power transfer, as shown in Figure 3.6a. 

While the rectifier’s DC output should ideally remain constant, this oscillating power 
term creates a mismatch between the instantaneous input and output power. 
The result is a second-harmonic ripple in the DC-link voltage. 
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Figure 3.6 Simplified diagram of the single-phase AC configuration with parallel DC-link 
capacitors CH and CL: (a) power flow from the single-phase AC grid to CH and CL for 
battery charging, (b) single-phase rectifier stage, (c) decoupling circuit, and (d) 
complete single-phase system integrating the decoupling stage with DC-link capacitors 
CH and CL [PAPER-V]. 

To counteract this, the system employs an APD circuit across the midpoint of the 
DC-link capacitors (CH and CL). This APD stage either stores or releases energy in real time 
to neutralize the ripple component PRipple(t), ensuring that only the constant power 
component reaches the load. By doing so, it prevents double-frequency voltage 
fluctuations on the DC-link that could otherwise degrade power quality, introduce 
harmonics, and disrupt control accuracy. The instantaneous power handled by the 
decoupling stage, PDecoupling(t), is depicted in Figure 3.6c and defined in equation (3-2). 

( ) ( ) cos(2 )
2

m m
Decoupling Ripple

V I
P t P t tω= − = .                                (3-2) 

When the decoupling capacitor CD is engaged in this role Figure 3.6d, it acts as 
a high-speed energy buffer, dynamically compensating for power imbalances and 
maintaining the condition stated in equation (3-3). This ensures stable DC output voltage 
even during large power oscillations inherent to single-phase AC operation. 

( ) ( ) ( ) for 2 ;      ( ) ( ) ( )  for 2AN Batt Decoupling Batt AN DecouplingP t P t P t V G P t P t P t G V= + = + .           (3-3) 
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Three-Wire DC Input Mode 
As shown in Figure 3.5c, the charger can be directly linked to a three-wire DC distribution 
system by connecting the positive, neutral, and negative terminals to L⁺, N, and L⁻, 
respectively. In this configuration, the system’s control logic automatically sets the 
isolated DC-DC modules into a series arrangement, achieved via switches S1, S6, S11, and 
SW1. This series setup provides balanced voltage distribution, maintains galvanic isolation, 
and preserves the bidirectional power flow capability, ensuring proper operation in both 
G2V and V2G modes. 

Two-Wire DC Input Mode 
When connected to a two-wire DC supply, as illustrated in Figure 3.5d, the charger adjusts 
its internal configuration according to the input voltage range. For lower voltages 
(around 350–380 V), the DC-DC modules are connected in parallel to increase current 
capability. For higher voltages (700–750 V), they are switched in series to handle the 
voltage level efficiently. This reconfiguration is managed by S11 and SW1, which control 
how the DC-link capacitors are interconnected. 

In this mode, S1 and S8 remain continuously on to provide a direct path from the DC 
input to the power conversion stage, while all other switches remain off during steady 
operation. This minimizes unnecessary switching events, reducing losses and simplifying 
control requirements for constant-voltage DC input operation. 

3.2.2 Isolated DC-DC Unit Analysis 
Based on the discussion in Subsection 4.2.1, to reduce switching losses at a 1 MHz 
switching frequency, the isolated DC-DC stage is implemented as a conventional CLLC 
resonant converter. To mitigate high-frequency losses, the CLLC operates above its 
resonant frequency (Buck mode [67]: fS > fr) to ensure ZVS turn-on, rather than relying on 
fS > fr for ZCS, based on Subsection 4.1.1.1 and [PAPER-II]. This approach addresses a key 
feature of GaN devices—significant capacitance energy remains even at zero current 
during turn-on, causing losses unless the voltage is also zero. Prior studies [68]–[70] show 
that GaN switches experience minimal turn-off loss but substantial turn-on loss, making 
ZVS far more valuable for efficiency. By enabling the resonant inductor current to fully 
discharge the switch capacitance before conduction begins, ZVS reduces switching losses 
and improves thermal performance at high operating frequencies. 

The CLLC converter operates in two main intervals per half-cycle (with the second half 
repeating on complementary switches): 

Power Transfer Mode (Figure 3.7b): Primary switches G1 and G4 conduct, delivering 
energy through the air-core transformer to the secondary side, where G9 and G12 rectify. 
The magnetizing inductance Lm stores energy linearly and does not participate in the 
resonant exchange. Power transfer occurs when the primary resonant current exceeds the 
magnetizing current, with the secondary resonant current equal to their difference. 

Dead Time Interval (Figure 3.7c): All primary switches are turned off to prevent shoot-
through. During this phase, device output capacitances either charge or discharge 
naturally. G1 and G4 see voltage rise across their terminals, while G2 and G3 discharge 
toward zero volts—setting up ZVS for the next switching transition. 
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Figure 3.7 (a) Gate drive waveforms along with the primary current, magnetizing inductance 
current, and secondary current of the CLLC resonant tank, (b) operating power transfer 
mode of the CLLC resonant converter, and (c) dead-time period of the CLLC resonant 
converter. 

3.2.3 Design Considerations of The Proposed System 

Rectifier or PFC Stage Design 
While optimized for three-phase AC input, the rectifier can also be configured for single-
phase AC operation with minimal changes. The sizing of the input filter inductors (LA, LB, 
LC) is based on the maximum allowable line current ripple (ΔiLx,Max), with the minimum 
inductance calculated using (3-4). 

_ ,4
CH

x
SW PFC Lx Max

V
L

f i
≥

⋅∆
.   (3-4) 

The peak input line current, needed for inductor and device selection, is obtained from 
(3-5) as a function of the battery charge/discharge power (PBatt) and input PF: 

, ,0.67Lx Peak Batt AN PeakI P PF V= × × .  (3-5) 

The modulation index (M), given by (3-6), defines the proportion of the available 
DC-link voltage utilized to produce the required AC waveform:

,3
CH CL

AN Peak

V V
M

V
+

= .  (3-6) 

To choose suitable SiC MOSFETs and GaN transistors and estimate conduction losses, 
both average and RMS device currents are calculated via (3-7) and (3-8): 

,
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2 1
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4 1 8
I =I ;I =I -

23 3×π×M 3 3×π×MS S S S S  .                   (3-8) 

Switching losses for GaN devices (S9, S10, S12) and SiC devices (S1–S6) are evaluated using 
(3-9), where rise/fall times for voltage (trv, tfv) and current (tri, tfi) are taken from device 
datasheets [71]. 
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Finally, the RMS current stress on the DC-link capacitors (CH and CL) is calculated using 
(3-10), ensuring proper capacitor sizing for thermal and lifetime performance: 
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CH CL Lx PeakI I I
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× × ×
.   (3-10) 

APD Stage Design 
In this system, the decoupling capacitor (CD) functions as an active element rather than 
a passive storage component. Working in conjunction with a controlled switching 
network, it compensates for the double-line-frequency (2ω) power oscillations by 
alternately absorbing and releasing energy in real time, as shown in Figure 3.6a. 

Although actively controlled, its sizing still depends on parameters such as the system’s 
power rating, allowable ripple voltage, and switching behavior. The peak ripple voltage 
across CD can be estimated using (3-11) [72]:  

, 2
D DC Max m m D CV V I C Vω∆ = .                                        (3-11) 

For a buck-type active decoupling configuration, the allowable ripple is constrained by 
, 2

DCD Max CV V∆ ≤ , and the corresponding minimum capacitance required to maintain stable 
operation is given by (3-12): 

24
DD m m CC V I Vω≥ .  (3-12) 

Losses in the decoupling stage arise from three main sources of conduction and 
switching losses in the semiconductor devices, resistive losses from the buffer inductor’s 
Equivalent Series Resistance (ESR), and capacitor ESR-related losses. To evaluate these 
losses, key time-varying parameters are derived: the duty cycle of S5, d₅(t), the voltage 
across CD, vCD(t), and the current through the inductor LC, iLC(t), as expressed in (3-13): 
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The RMS current ratings for LC and CD, necessary for conduction loss calculation, are 
determined using (3-14): 

 2 2
D D

RMS RMS
LC C m m CI I V I V= =  (3-14) 

Similarly, RMS and average conduction currents for switches S5 and S2 are calculated 
via (3-15) and (3-16), which are then substituted into (12) to estimate their switching 
losses: 
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DC-DC Stage Design Considerations
Achieving ZVS during turn-on requires that the active switch’s drain-source capacitance 
is fully discharged, while the opposite leg’s capacitance is charged up to the blocking 
voltage (VS or VCH). This transition relies on the energy stored in the primary or secondary 
inductances, with the turn-off current ITurn-OFF playing a decisive role. 

As shown in Figure 3.7c, the charge redistribution process can be described using 
(3-17), which accounts for the device’s equivalent output capacitance CQ,eq and any 
parasitic capacitances (CPar). 

2 22
,1 . ( ). 0.0.5( 2 5 .)m r Turn O Q eq SF PF S ar SCL V V CL VI − ++ ≥ ,                 (3-17) 

 The latter part of the equation (3-17), which originate from PCB layout and 
transformer geometry, are minimized in this design through careful high-frequency 
optimization and are therefore neglected. 

At MHz-level switching frequencies, the air-core transformer’s inductances are very 
small (on the order of μH), meaning ITurn-OFF must be relatively high to ensure complete 
discharge of the transistor capacitance. 

To maintain ZVS, the dead time Td between complementary switch transitions must be 
longer than the capacitor’s charging/discharging interval ΔTSW-Transient. Assuming 
ITurn-OFF remains nearly constant over this brief period, (3-18) can be used to approximate 
the required timing:  

,4 ( )SW Transient S Q eq S Turn OFF dT V C V I T− −∆ ≈ ≤ .  (3-18) 

this relationship emphasizes the balance between ITurn-OFF, CQ,eq, and Td. The same 
conditions apply to the secondary side and must be satisfied for proper ZVS operation 
there as well. 

For resonant analysis, the first harmonic approximation method is used, focusing only 
on the fundamental voltage and current components. The primary-referred output 
resistance is given by (3-19): 
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 In a symmetrical CLLC converter, the voltage gain is expressed by (3-20), with 
parameters such as normalized frequency Fx, resonant frequency fr, quality factor Q, and 
inductance ratio K defined in (3-21): 
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Figure 3.8 illustrates the gain variation versus normalized frequency for different Q 
values, using K = 1.95 from the prototype transformer. 

Conduction losses for the GaN transistors, air-core transformer, and resonant 
capacitors are calculated using the RMS currents in (3-22) and (3-23):  

9 16 1 8 9 16 1 82 ;          4 2Avg Avg RMS RMS
G G G G Batt Batt G G G G Batt BattI I P V I I P Vπ− − − −= = = = ,  (3-22) 

Pr PrI ;           2 2Avg Avg Avg RMS RMS RMS
Sec i Cr Batt Batt Sec i Cr Batt BattI I P V I I I P Vπ= = = = = =   .           (3-23) 
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Since the GaN devices achieve ZVS at turn-on but hard-switch at turn-off, only 
turn-off losses are considered. A strong gate drive shortens the saturation interval, 
ensuring the device turns off before the drain–source voltage rises significantly. 
The output capacitance COSS is charged by the device current, which limits overlap 
between voltage and current and reduces losses compared to standard MOSFETs [73]. 
The loss calculation for these conditions is given by (3-24): 

1- 16
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_ -( ) 12[ (0) ( 2)]
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Figure 3.8 Voltage gain curve of the CLLC resonant converter for K = 1.95 with different Q values. 

3.3 Summary 
This section introduces two innovative OBC solutions for EVs, each addressing efficiency 
and power density in next generation charging systems. 

The first solution is a three-phase unfolding-based PFC rectifier designed to simplify 
hardware while maintaining grid-side performance comparable to conventional 
topologies. By employing only two filter inductors instead of three, it reduces magnetic 
component count, cost, and size. Grid current control is achieved using the two inductor 
current measurements, eliminating the need for additional sensors. Comparative analysis 
with a traditional T-type rectifier shows clear improvements in cost-effectiveness and 
power density. The concept is validated through theoretical analysis, simulations at 7.2 
kW, and a 3.6 kW experimental prototype, which are presented in [PAPER-VI] and Section 
5, all confirming its practical viability. 

The second solution is a UOBC capable of seamless operation with diverse input 
conditions, including single- or three-phase AC and both two- and three-wire DC grids, 
without hardware reconfiguration. Leveraging SiC and GaN devices, the rectifier stage 
operates at 100 kHz and the isolated DC-DC stage at 1 MHz, enabling significant 
downsizing of magnetic elements, particularly the isolation transformer. Air-core 
transformers are adopted to handle high ripple currents without saturation, while 
soft-switching minimizes losses and improves thermal management. An 11 kW prototype, 
which is analyzed in Section 5, validates the design, demonstrating stable and efficient 
operation across multiple modes, including bidirectional G2V and V2G functions. 

Together, these approaches present complementary pathways for advancing OBC 
technology: the unfolding-based rectifier emphasizes cost and component reduction, 
while the UOBC highlights global adaptability, high-frequency operation, and bidirectional 
capability, establishing a foundation for compact, efficient, and versatile EV charging 
systems. 
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4 Design Optimization of GaN-based Converters for Enhancing 
the Efficiency and Power Density 

4.1 Design Optimization in GaN-Based DC-DC Converter for Solar String 
Applications 

This study examines thermal management for GaN-based power converters, focusing on 
a top-side cooling approach. It presents a design methodology covering heatsink 
configuration, TIM selection, and a thermal model for an interleaved Buck-Boost GaN DC-
DC converter with a heatsink. A laboratory prototype is tested using two different TIMs, 
confirming the model’s accuracy and real-world effectiveness. 

Beyond thermal aspects, the work develops a high-power, high-efficiency, 
high-power-density DC-DC converter for solar string applications in DC microgrids. 
Negative Valley Current Mode (NVCM), or Critical Current Mode (CRM), is used for 
zero-voltage turn-on under wide range load. To counter CRM’s large inductor ripple, 
multiple phases are interleaved, cancelling ripple at the switching frequency to reduce 
EMI filter size and boost efficiency. Recognizing ferrite-core limitations under high 
current and frequency, air-core inductors are adopted to eliminate core loss and 
saturation, improving power handling and density. The combination of NVCM and air-core 
inductors yields favourable trade-offs in switching loss, magnetic performance, and 
operating frequency. 

Experimentally, the prototype demonstrates a peak efficiency of 99% and power 
densities exceeding 17.5 kW/L (50 kW/L without heatsink) and 6 kW/kg at 9 kW output 
using a natural convection heatsink—substantially outperforming prior work, which 
achieved 6.6–8.7 kW/L and efficiencies of 96–98.5% at significantly lower power levels. 
These results underscore the combined benefits of advanced thermal management, 
optimized circuit operation, and innovative magnetic design, providing a practical 
pathway toward more compact, efficient, and reliable GaN-based converters for 
renewable energy and other high-power applications. This part of this section is covered 
by [PAPER-II] and [74]. 

4.1.1 Operation Principle of the GaN-Based DC-DC Converter 
The configuration in Figure 3.4a uses a modular interleaved 4-switch non-inverting buck-
boost converter, where each phase is a non-isolated DC-DC cell referenced to the 
negative DC terminal. The module count NModule balances cost, PCB area, inductive energy, 
and efficiency—more modules raise cost and area but reduce required inductive energy, 
allowing smaller inductors. Following [75] and based on analysis provided in  [PAPER-II], 
two modules were selected, as shown in Figure 3.4b. 

(a) (b)

S2

Cout

L1
Vin

+VL1-

-  
   

+

Sa2
Sa1S1

S4L2

+VL2-
Sa4

Sa3

S3

Cin-  
   

+

RL

+
Vout

-
Cout

Vin

-  
   

+

S2

L1
Sa2

Sa1

S1Cin

-  
   

+

RL

+
Vout

-

Figure 4.1 Schematic diagram of the modular interleaved DC-DC converter with a voltage source 
configuration, b) schematic of the two-phase voltage source interleaved DC-DC 
converter [PAPER-II]. 
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Each module has two half-bridges—one for buck, one for boost—across inductor L. 
For Vin > Vout, only the buck half-bridge switches, and for Vin < Vout, only the boost  
half-bridge switches operate actively. The two modules run 180° phase-shift, shaping 
interleaved operation and combined behaviour. 

4.1.1.1 Zero-Voltage Turn-On with Variable Frequency 
A variable switching frequency control strategy is used to maintain ZVS turn-ON across 
the full operating range, eliminating turn-ON and COSS losses—critical for high-frequency 
converters. During each switching event, the inductor current IL charges and discharges 
GaN-transistors drain–source capacitances. Therefore, ZVS operation requires full 
discharge of the main transistor’s drain–source capacitor, and full charge of the auxiliary 
transistor’s capacitor to VS (VS is equal to the output voltage in boost mode, and input 
voltage in buck mode). Achieving zero-voltage turn-on for the main transistor S requires 
precise control of the energy stored in inductor L during its turn-on transition. This 
control allows the parallel capacitors to fully discharge or charge as necessary, and the 
process can be accurately represented by the following model [57]: 

2
,

2 2. ( ). 0. .5 .0 5 Q eqL Valley S S Par SL C V V C VI − +≥ ,                               (4-1)

where CQ,eq is the main transistor’s charge-equivalent capacitance and CPar is parasitic 
capacitance, here neglected via optimized PCB design. IL-Valley is the minimum negative 
inductor current. For reliable ZVS, dead time Td must exceed ΔTSW-Transient [57], estimated 
as: 

, , ,( ( ) ( ))SW Transient S Q eq S Q eq a S L Valley dT V C V C V I T− −∆ ≈ + ≤ ,                  (4-2) 

where CQ,eq,a is the auxiliary transistor capacitance. 
The Variable Frequency Zero Voltage Turn-ON (VFZVTO) method adjusts switching 

frequency to set ripple in L1 and L2 so IL-Valley meets ZVS conditions. Total capacitance (CQ,eq 

+ CQ,eq,a) defines ΔTSW-Transient, so Td must be larger to avoid partial hard turn-ON.
Boundary Conduction Mode (BCM) achieves ZCS for main devices but retains COSS 

losses, given by: 
 2

,( ). . ( ). .OSS
OSS S S Q eq

C Lo
S

ss
SW S WSW SQ V V C V VP f f= = .                    (4-3) 

where fSW is switching frequency and QOSS is stored COSS charge. Full elimination requires 
negative IL-Valley. If average inductor current is positive, ripple must drive the valley below 
–IL-Valley to discharge capacitance during auxiliary turn-off. Excessively negative valley
current, however, increases auxiliary turn-off and main switch turn-off losses. 

To demonstrate this, Figure 4.2 presents the theoretical switching losses of the 
interleaved DC-DC converter for operating conditions of 20 A input current, 350 V output 
voltage, 450 V input voltage, and a switching frequency of 218 kHz. The converter uses GaN 
devices GS66516T for (Sa1–Sa4) and GaN devices GS66508T for (S1–S4). 
As shown in the figure, with inductors above 14 µH, the system operates under full hard-
switching with high switching losses. At around 14 µH (BCM), ZCS is achieved, but COSS 
losses remain. For inductor values between 12 µH and 14 µH, partial COSS reduction is 
achieved without full ZVS. Below 12 µH, COSS losses are completely eliminated and full 
ZVS is achieved, but auxiliary turn-off losses increase sharply. 

Reducing main switch losses lowers heat generation—critical for GaN devices due to 
limited thermal dissipation—so the trade-off between main and auxiliary switch losses 
should be assessed using datasheets. The variable switching frequency calculation for a 
target IL-Valley is completely discussed in [PAPER-II]. 
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Figure 4.2 Calculated switching losses of the interleaved DC-DC converter evaluated over inductor 
values ranging from 5 µH to 20 µH across three operating regions. (a) Breakdown of the 
main switches’ losses, including turn-on loss, turn-off loss, COSS loss, and the total 
switching losses in the three regions. (b) Comparison of switching losses for the main 
transistors, auxiliary transistors, and the overall total switching losses [PAPER-II]. 

Low-inductance air-core inductors are preferred to improve efficiency, minimize 
conduction losses, avoid saturation at peak current, and eliminate ferrite core losses 
at variable frequencies. Accurate inductance measurement allows the controller for 
real-time frequency adjustment to maintain ZVS. For example, with L = 12 μH, 
IL−Valley = −2A, Iin = 20 A, and Vout = 350 V, the optimal switching frequency over the input 
voltage range of 110–450 V is 18–304 kHz. Using GaN devices with air-core inductors 
eliminates core losses, removes frequency limitations, and maintains high efficiency 
across the entire range. 

4.1.2 Appropriate Thermal Management Strategy Based on Power Level 
The converter’s power density depends on inductor size and heatsink selection, with 
effective heat dissipation essential for performance and reliability. Heatsink sizing is 
based on total transistor losses—conduction plus switching. The design uses eight 
transistors: S1–S4 (main) and Sa1–Sa4 (auxiliary). Main switches require high-speed 
switching, while auxiliary switches prioritize low conduction losses (low RDS), so different 
transistor types are chosen. Accurate heatsink and TIM selection require each device’s 
thermal resistance (RθJC) and maximum power loss. 

A top-side cooling approach with validated thermal modeling for the interleaved buck-
boost GaN converter is detailed in [74]. The model accounts for losses from main, 
auxiliary, and continuously conducting transistors. In boost mode, conduction losses are 
constant for a given input current; in buck mode, they rise linearly with input voltage. 
Worst-case occurs at 450 V in buck mode, where S1 and S3 are main, Sa1 and Sa3 are 
auxiliary, Sa2 and Sa4 conduct continuously, and S2 and S4 remain OFF.  

The one-phase thermal model in Figure 2 of [74] considers three top-side cooled GaN 
transistors sharing a natural convection heatsink; two-phase operation doubles losses 
and parallels resistances. For GaN transistors, the relatively small thermal pad area on 
the top surface makes the choice of thermal TIM critical for effective heat removal. Even 
with a well-designed heatsink, the overall cooling performance can be limited if the TIM 
is not appropriately selected. An unsuitable interface can prevent efficient heat transfer, 
meaning that high-performance heatsinks or active cooling systems may not deliver their 
full potential. 
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The thermal resistance of a TIM, measured from the transistor’s top surface to the 
heatsink, can be easily estimated by considering the device’s thermal pad area. Using the 
thermal impedance values provided in the transistor datasheets, the corresponding TIM 
thermal resistances for each device type can then be calculated by 

2

2

Thermal Impedance (° · / )
( / )=

Thermal Pad Area )(
TIM
Thermal

C inch W
R C W

inch
° .     (4-4) 

Considering the thermal network shown in Figure 2(b) of [74] and including the 
junction-to-case resistance of the transistors RθJC and the case-to-sink resistance of the 
TIMs RθCS, the required heatsink thermal resistance for each device category—
continuously conducting, main, and auxiliary transistors—can be determined using 
the expression provided in [74]. 

4.1.3 Power Density and Efficiency Optimization 
Figure 4.3a shows transistors switching and conduction losses, inductor conduction 
losses, and total losses in buck mode for 220 kHz switching, 20 A input current, and 
450 V input voltage (GS66516T for Sa1–Sa4, GS66508T for S1–S4) versus the inductor value. 
At 14 μH, the converter operates in BCM (main transistors ZCS). Reducing inductor value 
increases negative IL-Valley, lowering COSS losses and enabling ZVS, but also raising auxiliary 
transistors turn-off losses. Minimum main transistors switching losses occur at ~12 μH, 
with minimum total transistors switching losses at ~12.5 μH. 
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Figure 4.3 Impact of inductor value on losses and volumes, (a) Buck-mode losses at 220 kHz, 
Iin = 20 A, Vin = 450 V, (b) Inductor, heatsink, and total volumes [PAPER-II]. 

Transistors conduction losses are lowest near 7.5 μH but remain close to this minimum 
up to 12 μH, while switching losses rise sharply below 10 μH. Thus, ~12 μH offers the best 
trade-off between switching and conduction losses, supporting both efficiency and 
thermal management for GaN devices. Inductor conduction losses are lowest near 8 μH 
and show minimal change up to 12 μH.  

Figure 4.3b indicates that minimum inductor volume occurs at 7–8 μH, but the higher 
switching frequency at low inductance increases transistor losses and heatsink size. 
The lowest combined volume of inductors and heatsink is achieved at ~12 μH. 

Figure 4.4 shows the converter’s theoretical power density and maximum switching 
frequency plotted against efficiency. The peak power density of 12.2 kW/L, using a 
natural convection heatsink, occurs at an inductor value of 12 μH with a theoretical 
efficiency of 98.42%. While actual power density depends on heatsink design, airflow, 
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and environmental conditions, the results show that 12 μH provides the best trade-off 
between high efficiency and compact size [76]. Overall, larger inductors slightly improve 
efficiency, but 12 μH yields the best balance of high power density, acceptable efficiency, 
and manageable thermal requirements for GaN-based converters.  

Figure 4.4 Theoretical power density and maximum switching frequency against the converter’s 
average efficiency [PAPER-II]. 
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Figure 4.5 Methodology for the GaN-Based DC-DC Converter Optimization [PAPER-II]. 

Figure 4.5 presents the design optimization strategy for a GaN-based DC-DC converters 
aimed at achieving maximum efficiency and high power density. At high power levels, 
the main priority is managing heat dissipation from the transistors’ limited-size cooling 
pads [PAPER-II] and [74]. After ensuring effective thermal management and minimizing 
losses at the highest feasible switching frequency and power, attention shifts to inductor 
design. Under high-power operation, the switching frequency should be high enough to 
allow the use of low-value air-core inductors, which reduce core losses in conditions of 
hard-switching and high current ripple. 

4.1.4 Experimental Results of the GaN-Based DC-DC Converter for Solar 
String Applications 

A laboratory prototype of the GaN-based interleaved DC-DC converter with air-core 
inductors was built and tested to confirm the theoretical analysis. The prototype 
specifications are listed in Table 4.1. Its total volume is 0.51 L, composed of the PCB and 
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components (0.08 L), two air-core inductors (0.1 L total), and a natural convection 
heatsink (0.325 L, no airflow). The overall mass is 1.5 kg, giving a power density of 
17.65 kW/L (50 kW/L without heatsink) and 6 kW/kg. The converter was tested over the 
input voltage range of 110–450 V while maintaining a constant 350 V output. Photos of 
the prototype, air-core inductors, and PCB layout showing the GaN transistor placement 
are provided in Table 4.1. 

Table 4.1 Characteristics of the laboratory prototype of the GaN-based air-core DC-DC interleaved 
converter, with (a) photograph of the laboratory prototype, (b) PCB bottom side designed 
in Altium Designer, and (c) photograph of the air-core inductors [PAPER-II]. 

(c)

(a)

(b)

Components Characteristics 
12 µH Air-Core Inductors L1 and L2 

3000 litz wires with 50µm 
diameter Inductors L1 and L2 Wire 

7.4 µF / 630 V Input Capacitor Cin 
4 µF / 630 V Output Capacitor Cout 

LAM5D1005V, 
100×100.5×50 mm3 

Natural Convection (without 
airflow) Heatsink 

TG-A1780- 150-150-0.8 Thermal Interface Material 
Semiconductor Elements 

GS66508T-TR, 30A, 650V Main GaN Transistors (S1, ..., S4) 

GS66516T-TR, 60A, 650VAuxiliary GaN Transistors 
(Sa1,...,Sa4) 

IMZA120R007M1HXKSA1, 
225A, 1200V 

Solid State Circuit Breaker SiC 
MOSFETs 

Operating Point 
110 V–450 V Input voltage range (Vin) 

350 V Output voltage (Vout) 
2.2 kW –9 kW Maximum rated power (Pout) 

18 kHz–304 kHz Switching frequency (fS) 

Comparison of ZCS and ZVS operation 
Experimental results in Figure 4.6 compare BCM with negative IL-Valley operation (ZVS) at 
2 kW output, 200 V output voltage, and 340 V input voltage. In BCM (ZCS turn-ON, 
300 kHz), the junction temperature of S3 reached 97 °C, while in ZVS mode (250 kHz) it 
dropped to 67 °C—a 30 °C reduction. This improvement comes from eliminating COSS 
losses in the main transistors, even with only a modest reduction in switching frequency. 
Auxiliary transistor Sa3 ran slightly hotter in ZVS mode due to increased 
turn-OFF losses, but overall efficiency improved from 97.8% to 98.2%. 

(a) (b)

Sa3

S3

Sa3

S3

Input Voltage
Input Current
Input Power

Output Voltage
Output Current
Output Power

Efficiency
BCM (ZCS Turn-ON) Negative IL-Valley (ZVS Turn-ON)

(c)

Figure 4.6 Experimental comparison of converter performance in BCM and negative IL-Valley operation 
at 2 kW, 200 V output, and 340 V input: (a) junction temperatures of S3 and Sa3 in BCM 
(300 kHz), (b) in negative IL-Valley (250 kHz), (c) efficiency in both modes [PAPER-II]. 
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Figure 4.7 Buck mode (fS = 150 kHz, Vin = 400 V, Vout = 350 V, Pout = 7.8 kW): (a) VDS of S1, VDS of Sa1, 
iL1, and iin waveforms, (b) thermal images of S1 and heatsink; Boost mode (fS = 300 kHz, 
Vin = 200 V, Vout = 350 V, Pout = 4 kW): (c) VDS of S2, VDS of Sa2, iL1, and iin waveforms, (d) 
thermal images of S3 and S4 [PAPER-II]. 

Buck and Boost mode operations 
Figure 4.7a and  Figure 4.7b show buck-mode results at 150 kHz, 400 V input, 350 V 
output, and 7.8 kW output power. The inductor valley current was set to –3 A to achieve 
ZVS, requiring a ripple of 28.3 A. Measured waveforms match theoretical predictions, 
with 400 V across the switches and minimal overshoot. Thermal imaging confirmed 
calculated junction temperatures for S1 (73 °C measured vs. 75 °C predicted). Measured 
efficiency, including SSCB losses (3.48 W), was 98.91%, close to the calculated 99.2%. 

Figure 4.7c and Figure 4.7d present boost-mode testing at 300 kHz, 200 V input, 350 V 
output, and 4 kW output power. ZVS was achieved with an IL-Valley of –3 A and a 26 A ripple 
current. Voltage stress matched the output voltage with no significant spikes. With the 
heatsink at 52 °C, the estimated junction temperatures for S4 and S3 are 78 °C and 69 °C, 
matching closely with the measured values of 78 °C and 70 °C. The measured efficiency 
of 98.1% aligns well with the calculated 98.4%, confirming the theoretical predictions. 

Loss breakdown and Efficiency 
Figure 4.8a plots measured and calculated efficiencies across the input voltage range 
using a YOKOGAWA WT1800 power analyzer. Maximum measured efficiency, including 
SSCB losses (2.8 W at 7 kW), was 99% at 7 kW, compared to a calculated 99.3%. 

The loss breakdown in Figure 4.8b shows that transistor conduction and switching 
losses dominate total losses, with inductor and SSCB conduction losses making smaller 
contributions. Thermal images from Figure 4.7b and Figure 4.7d confirm the predicted 
device loss distribution. A distinct step in conduction losses occurs at 350 V input due to 
the converter switching between boost and buck operation. 
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Figure 4.8 Theoretical and experimental efficiencies, along with the theoretical power loss 
breakdown of the converter: (a) efficiency, (b) loss breakdown [PAPER-II]. 
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4.2 High-Frequency Isolated DC-DC Stage Optimization 
It is widely recognized that advancements in Wide Band Gap (WBG) semiconductor 
technology serve as a major driving force in the progression of power electronics, 
particularly in enhancing efficiency and reducing system size [77]–[78]. One of the key 
advantages of these modern devices is their capability to operate at higher switching 
frequencies, which not only supports an increase in power density but also contributes 
to reducing future electronic waste. 

While numerous studies have explored high switching frequency applications, there is 
still a lack of clear, structured guidelines for designing isolated DC-DC converters that 
fully consider the necessity of maintaining ZVS operation. 

Within this framework, this subsection focuses on assessing different circuit 
approaches for isolated DC-DC converters intended to operate at switching frequencies 
of 1 MHz and above, with an emphasis on establishing a design methodology that 
sustains ZVS conditions. The primary objective is to develop practical design 
recommendations that ensure reliable ZVS operation at such high frequencies. 

This study examines both the design process and performance of isolated DC-DC 
converters operating beyond 1 MHz, concentrating on ZVS achievement. It presents a 
comparative analysis of multiple resonant isolated converter topologies—namely 
conventional LLC, conventional CLLC, Capacitive Coupling Isolation (CCI), and 
asymmetrical CLLC—alongside an evaluation of air-core and ferrite-core transformers 
with respect to efficiency, loss mechanisms, thermal performance, and implementation 
constraints. 

The investigation begins by reviewing several high-frequency-capable converter 
architectures, including Dual Active Bridge (DAB), LLC, CLLC, CI, and asymmetrical CLLC, 
while outlining the specific ZVS requirements for each. This is followed by a detailed 
examination of ZVS conditions across the selected topologies. Transformer designs are 
then compared, highlighting the trade-offs in losses and volume between standard 
ferrite cores available commercially and custom air-core transformers optimized for 
MHz-level operation. 

Experimental validation is performed to benchmark the performance of both 
ferrite-core and air-core transformer designs in LLC, CLLC, CI, and asymmetrical CLLC 
configurations under 1 MHz switching frequency, power levels between 3.5 kW and 
6 kW, and an input voltage of 350 V. The experimental analysis covers efficiency, thermal 
behavior, limitations in practical implementation, and ZVS performance. 

The findings emphasize the crucial role of optimized transformer geometry, accurate 
selection of components, and appropriate circuit configuration to minimize parasitic 
effects while preserving ZVS. The outcome of this work delivers concrete, application-
oriented guidelines for the design of high-frequency resonant converters, ensuring both 
high performance and technical feasibility in MHz-range, multi-kilowatt applications. 

4.2.1 High-Frequency Bidirectional Isolated DC-DC Converter Topologies 
The isolated DC-DC stage of the proposed system can be implemented using several 
bidirectional converter architectures, as shown in Figure 4.9. Four configurations are 
considered in this study: Dual Active Bridge (DAB) with ZVS turn-on and hard turn-off 
switching behavior; Conventional LLC and CLLC resonant converter with standard 
compensation; Modified CLLC resonant converter adapted from Inductive Power 
Transfer (IPT) concepts; and CCI topology that replaces magnetic coupling with capacitive 
elements. 
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Figure 4.9 Bidirectional isolated DC-DC interface for 1 MHz operation accommodating multiple 
isolation methods: (b) DAB converter with ZVS turn-on and hard turn-off [79],  
(c) conventional CLLC resonant converter with traditional compensation [80]–[81], (d)
modified CLLC design inspired by IPT systems [61], (e) CCI approach [62]. 

For demonstration, Figure 4.9a shows the upper DC-DC module in the proposed UOBC 
in section 3, which mirrors the operation of the lower module. The two can be connected 
in either series or parallel depending on the battery voltage requirement. Each module 
uses a full-bridge on both the primary (G1–G4) and secondary (G9–G12) sides. 

The DAB (Figure 4.9b) is a well-known choice for wide output regulation and high 
efficiency [79], but most reported performance data comes from relatively low-frequency 
operation. Although it achieves ZVS turn-on over a wide range, it suffers from hard turn-
off losses—especially at peak currents—which worsen as switching frequency rises, 
making it less favorable for MHz-level applications. 

Resonant converters like LLC and CLLC (Figure 4.9c) offer soft-switching for both turn-
on and turn-off, reducing switching losses and improving efficiency [80]–[81]. They have 
been applied successfully in DC transformer systems and other high-performance power 
electronics. While high-frequency operation under large load variation is less 
documented, recent studies [82]–[83] show strong potential. However, these converters 
require sufficient magnetizing inductance to offset leakage effects, which is harder to 
achieve at ultra-high frequencies without ferrite cores. 

A modified CLLC design inspired by IPT [61] (Figure 4.9(d)) minimizes inductance and 
runs at resonance with ZCS at rated load. By applying asymmetrical compensation which 
is completely discussed in [61], it can also achieve ZVS without large magnetics—ideal 
for MHz switching with WBG devices. Unlike traditional resonant converters, its 
transformer design avoids complex tuning since winding coupling is fixed. However, at 
high power and MHz operation, reducing the compensation capacitor to enhance 
performance raises voltage stress. The large, high-voltage capacitors required in this case 
often have high ESR, leading to excessive conduction losses and heating, which limits 
practicality without significant redesign. 

Table 4.1 compares the passive component requirements of these topologies under 
equal conditions: 350 V input and output, 5 kW, and 1 MHz switching. The DAB has the 
largest magnetic size, making it unsuitable without ferrite cores. The modified CLLC has 
the smallest inductance and maintains ZVS over a good voltage range [61], but strong 
coupling can cause frequency splitting and increase conduction losses. Standard LLC and 
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conventional CLLC remain practical due to their moderate magnetic requirements, 
though they demand larger series capacitors. 

Table 4.1 Passive components values required for resonant isolated DC-DC converters. 

Symbol 
Values 

DAB LLC CLLC CLLC [61] 
Cr1 - 55 nF 55 nF 8 nF
Lr1 6 µH 0.45 µH 0.45 µH 0.3 µH 
Lm 60 µH 4.5 µH 4.5 µH 3.2 µH 
Lr2 - - 0.45 µH 0.3 µH 
Cr2 - - 55 nF 4 nF 

CCI (Figure 4.9e) eliminates the transformer, reducing size, cost, and magnetic 
complexity [62]. While switching performance can match inductive systems, this method 
does not provide inherent galvanic isolation, which is required by most safety standards 
for shock protection—usually achieved with transformers. 

Figure 4.10 presents a simplified loss comparison for several isolated converter 
topologies in a 5 kW system, evaluated across various switching frequencies using 
GaN-based GS66516T devices. The study accounts for conduction losses PCON, turn-off 
switching losses PSW-OFF, and losses from the output capacitance PCOSS. The DAB is 
modeled under ZVS turn-on, while the LLC and CLLC are assessed assuming ideal ZCS with 
high enough magnetizing inductance to maintain soft current transitions. 

At lower switching frequencies, LLC and CLLC converters show slightly higher 
conduction losses compared to the DAB. However, once frequencies exceed ~200 kHz, 
switching-related losses—particularly those linked to device output capacitance—
become the dominant factor. In the DAB, turn-off losses rise sharply with frequency 
despite ZVS turn-on, limiting its effectiveness for MHz-class operation. While LLC and 
CLLC avoid hard turn-off losses due to ZCS, they still suffer from PCOSS because the stored 
energy in the transistor’s output capacitance is dissipated during turn-on. This becomes 
a major efficiency penalty at higher frequencies. 
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Figure 4.10 Loss distribution of the evaluated solutions versus switching frequency using GaN 
transistors [61]. 

4.2.2 Theoretical Comparison of Ferrite and Air-Core Transformers at 1 MHz 
At megahertz-range switching frequencies, three widely used planar ferrite core 
materials—PC200, ML91S, and 3F4—are favoured for their comparatively low core losses 
under such conditions. Manufacturers supply loss characteristics for different frequencies 
and flux densities, which can be modelled using the relationship: 
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3( / )CV C S mP kW m K f Bα β= .      (4-5) 

By applying provided data points to this formula, it becomes possible to determine the 
frequency exponent α, flux density exponent β, and loss coefficient KC for each material. 
These constants, derived from datasheet specifications, are summarized in Table 4.2. 
The peak flux density Bm for (4-6) is given by: 

/ 4m in S eB V Nf A= ,  (4-6) 

where N is the number of turns in the winding and Ae is the core’s effective cross-sectional 
area. 

Table 4.2 Values of core loss coefficients for PC200, ML91S, and 3F4 core materials. 

Symbol 
Values for temperature of 100 ℃ and fS =500kHz-1MHz 

KC α β 
PC200 0.00023671 1.518 2.497 
ML91S 2.024×10-11 2.784 3.077

3F4 0.000034620 1.856 2.994 

Using the dataset provided in Table 4.2, the trends in relative core losses across 
different magnetic flux densities for switching frequencies of 500 kHz, 700 kHz, and 
1 MHz—under the condition of a 100 °C core temperature—are illustrated in Figure 4.11. 
Within this operating band, ML91S ferrite consistently demonstrates the lowest losses, 
with PC200 delivering similar results. In contrast, the 3F4 material exhibits the highest 
loss values, approximately five to ten times greater than the other two. For high power 
density designs, the restricted physical size of available ferrite cores often necessitates 
connecting multiple cores in parallel to share the thermal load and prevent excessive 
heating. However, increasing the winding turns to satisfy flux density constraints 
amplifies proximity effects and AC resistance, thereby elevating copper losses and 
enlarging the transformer’s physical dimensions. While paralleling cores offers improved 
thermal performance, it also increases overall transformer volume. 
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Figure 4.12 Relative Per-core losses for the largest available cores of the three materials versus 
maximum flux density for (a) f = 500 kHz, T = 100 °C, (b) f = 700 kHz, T = 100 °C, and (c) 
f = 1 MHz, T = 100 °C. 

Table 4.3 Units for magnetic properties. 

Core 
material 

BSat 

(mT) 

Commercially 
biggest available 

core size 

Ae 
(mm2) 

Possible parallel 
cores (NParallel) and 
winding turns (N) 

Total min. 
needed 

footprint 
(mm2) 

Max. 
output 

voltage at 
100 °C core 
(ΔT=60 °C) 
for fS = 1 
MHz (V) 

Total core 
losses (W) at 
max output 
voltage for 
100 °C core 

(ΔT=60 °C) at 
fS = 1 MHz 

Thermal 
resistance 

of each 
core 

(℃/W) 

Required 
max. flux 
density 

for 100 °C 
core 

(ΔT=60 °C) 
at fS = 1 

MHz (mT) 
PC200 410 E22/6/16 78.3 NParallel =12, N=1 5114.3 387 12×1.7W=20.4 35.5 100 
ML91S 430 E21.8/5.7/15.8 78.3 NParallel =12, N=1 5114.3 409 12×1.7W=20.4 35.5 100 

3F4 430 

E 64/10/50 519 

NParallel =3, N=2 
14361.6 

476 3×8.4W=25.2 

7.163 35 

NParallel =3, N=3 714 3×8.4W=25.2 
NParallel =3, N=4 953 3×8.4W=25.2 
NParallel =2, N=3 

11110.4 
476 2×8.4W=16.8 

NParallel =2, N=4 635 2×8.4W=16.8 
NParallel =1, N=4 

7859.2 
318 1×8.4W=8.4 

NParallel =1, N=5 397 1×8.4W=8.4 

E 38/8/25 194 

NParallel =5, N=2 6843.9 373 5×4W=20 

15.12 45 
NParallel =4, N=2 5876.2 298 4×4W=16 
NParallel =3, N=2 4908.4 224 3×4W=12 
NParallel =2, N=2 3940.7 149 2×4W=8 

Air core - - - N=11 6647.6 - - - - 

For winding construction, a common method is a vertically stacked, interleaved 
arrangement of primary and secondary layers. This configuration provides strong flux 
cancellation, effectively lowering leakage inductance and associated AC losses. However, it 
tends to raise interwinding capacitance [84]. To counter this drawback, advanced 
winding geometries are recommended to limit capacitance without significantly 
increasing AC resistance. Because winding topology directly affects key transformer 
parameters—such as leakage inductance, stray capacitance, AC losses, and heat 
dissipation—optimization must be carried out jointly with core selection and physical 
layout. 

The largest commercially available planar ferrite cores and their feasible winding 
arrangements are outlined in Table 4.3, while Figure 4.12 presents the per-core loss 
characteristics of these cores for three ferrite materials over different maximum flux 
densities. Although ML91S and PC200 offer favorable loss performance, their relatively 
small form factors restrict their suitability for higher power levels. Conversely, 3F4, 
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despite its higher core loss values, is often preferred in multi-kilowatt designs because it 
is available in larger core sizes capable of handling greater throughput. 

In MHz-frequency planar transformer design, mitigating core losses along with 
proximity and skin effects is critical to maintaining low AC resistance. One effective 
strategy to lower stray capacitance is reducing the overlap area between adjacent turns 
or increasing the physical spacing. A horizontal routing approach—where adjacent turns 
are laid side-by-side instead of stacked—can achieve this, as demonstrated in Figure 9(a) 
of [84]. In such a layout, the overlap is governed by the conductor length and thickness, 
with PCB copper thickness being much smaller than its width. Although this arrangement 
increases the footprint by limiting vertical PCB stacking, it reduces AC resistance, 
enhances leakage inductance, and is well suited for LLC and CLLC applications. 
Additionally, because of the limited core dimensions and the properties of available 
ferrite materials, the number of winding turns is kept minimal in both primary and 
secondary to avoid excessive AC resistance from skin and proximity effects. 

Thermal performance also becomes a deciding factor in core selection. From Table 4.3, 
PC200 and ML91S possess relatively high thermal resistance due to their compact 
dimensions, which demands operation with lower allowable losses for safe thermal 
margins. At an ambient temperature of 40 °C and an allowable temperature rise of 60 °C 
(resulting in a core temperature of approximately 100 °C), their maximum operating flux 
density should be restricted to around 100 mT. Larger-sized 3F4 cores, with lower 
thermal resistance, can accommodate higher power levels but at the cost of increased 
core losses. To limit the temperature rise to 60 °C, Figure 4.12 shows that the E64/10/50 
core should operate at a maximum flux density of 35 mT, while the E38/8/25 core should 
not exceed 45 mT. 

For LLC and CLLC converters running at 1 MHz, the required number of parallel cores 
NParallel and winding turns N—to keep core temperature under 100 °C without using an 
air gap—are provided in Table 4.3. While adding parallel cores reduces flux density and 
core losses, keeping temperature rise under control, it increases the transformer’s 
volume. At multi-MHz frequencies, hysteresis and eddy-current losses also become more 
prominent, limiting the practicality of excessive core parallelism. 

In horizontal winding layouts, the number of turns is dictated by the output power and 
the available core window area. With a PCB trace current density limit of 15 A/mm² and 
an output current of 10 A (11.11 A RMS per winding [81]), the transformer requires a 
minimum routing cross-sectional area of 0.74 mm². At frequencies above 1 MHz, copper 
thickness should not exceed 2 oz/ft² (0.07 mm) to keep skin and proximity effects in 
check, leading to a minimum trace width of 10.58 mm. Under these constraints, the 
E22/6/16 core cannot accommodate the required conductor width, making it unsuitable 
for such current levels in a horizontal routing design. By comparison, the E38/8/25 and 
E64/10/50 cores allow a maximum of one and two turns per winding, respectively, 
without exceeding the thermal and geometric constraints. 
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Figure 4.13 Maximum output voltage and power in LLC converters (1 MHz, 10 A) versus core 
temperature rise (ΔTCore) and volume, for various turns, parallel cores, and materials: 
(a,b) E38/8/25, 3F4, N = 2; (c,d) E64/10/50, 3F4; (e,f) E22/6/16, PC200 and ML91S, 
including air-core and ferrite-core transformer comparison. 

While PC200 and ML91S remain advantageous in loss performance for MHz-range 
operation, their smaller size limits practical deployment in kW-scale systems. In contrast, 
larger 3F4 cores can meet these power demands either by increasing the number of turns 
or by paralleling two or three E64/10/50 units. 

Figure 4.13 maps the maximum output voltage against the number of turns N, parallel 
cores NParallel, and core material type for LLC and CLLC converters at 1 MHz and 10 A 
output, factoring in core temperature rise ΔTCore. Air-core transformers are also included 
in the comparison, with evaluations covering maximum output power, winding count, 
parallel core count, and volume for equivalent designs. 

For the E38/8/25-3F4 core (Figure 4.13a), horizontal routing limits the design to one 
turn per winding, but employing top and bottom PCB layers for the primary and 
secondary enables two turns without raising AC resistance or capacitance [85]. Under a 
60 °C maximum rise (ambient = 40 °C), the achievable output voltages are 149 V, 224 V, 
298 V, and 373 V for NParallel values of 2, 3, 4, and 5, respectively. Thus, obtaining 350 V 
output requires five parallel E38/8/25-3F4 cores with two turns each. In Figure 4.13b, 
when compared to an air-core transformer of similar design, the air-core unit surpasses 
configurations of 2–4 parallel cores in kW power capability and occupies less volume than 
the 4-core and 5-core versions. 

The E64/10/50-3F4 case (Figure 4.13c) allows two turns in horizontal routing, but 
planar transformer techniques enable up to four turns with separate PCBs for each 
winding layer, thereby keeping AC resistance and stray capacitance under control [85]. 
For a 100 °C limit, Table 4.3 lists the output voltages achievable for various NParallel  and N 
combinations, showing that most configurations can meet a 350 V target except for 
NParallel = 1, N = 4. Adding a fifth turn with standard routing increases AC losses, while 
vertical layouts worsen skin and proximity effects and boost capacitance. As shown in 
Figure 4.13d, the air-core transformer again outperforms single-core designs in both 
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density and efficiency and maintains a smaller footprint than configurations using two or 
three parallel E64/10/50-3F4 cores. 

For the E22/5/16 core (Figure 4.13e), PC200 shows slightly better voltage handling 
than ML91S for a given temperature rise, with achievable voltages of 387 V and 409 V, 
respectively, under a 100 °C core temperature limit. Meeting a 350 V target requires 
twelve parallel cores in either material, but the limited window area prevents proper 
routing for 10 A currents without severe AC copper loss. In Figure 4.13f, the air-core coil 
again demonstrates superior practicality by avoiding the physical and thermal constraints 
associated with heavy parallelism in small ferrite cores. 

For resonant LLC/CLLC designs, achieving proper leakage inductance is challenging in 
PCB-embedded ferrite transformers, often requiring air gaps or auxiliary inductors. 
Air-core coils wound with litz wire naturally meet leakage needs while removing core loss 
entirely, providing a compact, high-density option for multi-megahertz kW designs. 

Data in Table 4.3 show that for 350 V, 5 kW, and ~1 MHz, air-core designs can rival 
ferrite-core transformers in size. As illustrated in Figure 4.15, an air-core transformer and 
a ferrite transformer built from two E38/8/25-3F4 cores have nearly identical volume 
and power density. While ferrite designs excel at lower frequencies due to lower copper 
loss, air-core coils dominate above 1 MHz by removing core losses, leaving only 
conduction effects to be managed. 

4.2.3 Performance Comparison of Inductive VS Capacitive Isolations 
The configurations of both capacitive-coupling and inductive-coupling-based converter 
structures used for comparison are shown in Figure 4.9, while their performance 
evaluation is presented in Figure 4.14, both converters operating under soft-switching 
conditions. To ensure a fair and consistent evaluation, all other dynamic switching 
configurations are kept identical between the two designs.  

From the results in Figure 4.14, it is evident that both converter types exhibit nearly 
identical performance in terms of switching voltage stress, conduction losses, and 
switching losses. However, CCI offers a distinct advantage in size and volume due to the 
absence of bulky transformers and the use of smaller inductive elements. This translates 
into a higher achievable power density and reduced manufacturing cost. Consequently, 
based on this analysis, CCI converters present a more compact, cost-effective solution 
with higher power density compared to their inductive-isolated counterparts [62]. 

Size of capacitors

Size of magnetics

Primary Voltage stressPrimary condcution
losses

Primary switching losses

Capacitive isolation Inductive isolation

Figure 4.14 Overall performance comparison between converters using CCI and those employing 
inductive isolation [62]. 
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Table 4.4 Prototype specifications and component details. 

Components Characteristics 
Input Capacitor C1 7 µF, 630 V 

Output Capacitor C2 7 µF, 630 V 
Capacitor CP 1 nF to 50 nF 
Capacitor CS 0 nF to 50 nF 

1st air-core transformer (LP, LS, M) 0.05 mm × 3000 strands litz wirе (NP= NS=15) 26 µH/26 µH/21.2 µH 
2nd air-core transformer (LP, LS, M) 0.05 mm × 3000 strands litz wirе (NP= NS=11) 5.85 µH/5.9 µH/3.5 µH 
CCI air-core transformer (LP, LS, M) 0.05 mm × 3000 strands litz wirе (NP= NS=7) 2.9 µH/3 µH/1.3 µH 
Ferrite core transformer (LP, LS, M) Two parallel E38/8/25-3F4 Ferrite Cores 5 µH (with adding 1.2µH 

external inductor)/3.8 µH/3.6 µH 
Semiconductor Elements 

GaN transistors S1- S4 GS66516T-TR, 60A, 650V, Thermal resistance RθJC= 0.5℃/W 
Secondary side diodes D1-D4 SCS230AE2HRC11, Thermal resistance RθJC= 0.55 ℃/W 

Operating Point 
Input voltage range Vin 350 V 

Output voltage Vout 300-400 V
Input power Pout 3.5 kW- 6 kW 
Input Current Iin 10-12 A

Switching frequency fS 1 MHz-1.5 MHz 
Thermal Cooling System Characteristics with TG-A1780- 150-150-0.8 TIM [74]  

Thermal film for GaN 1.38 ℃/W 
Thermal film for SiC diode 0.26 ℃/W 

4.2.4 Experimental Verifications in Case of High-Frequency Isolated DC-DC 
Stage Optimization  

As outlined in [61], the experimental setup featured separate primary and secondary 
PCBs with dedicated heatsinks, an interchangeable air-core or ferrite-core transformer, 
and a TMS32028379DPTPT-based control board for high-frequency operation. The primary 
heatsink cooled the GaN switches, gate drivers, isolated DC-DC supplies, and DC-link 
capacitors, while the secondary heatsink served the rectifier diodes, capacitors, and 
output filter. Measurement equipment included Tektronix voltage and current 
probes, a Tektronix MDO4034B-3 oscilloscope, a Chroma 62150H-1000S power supply, 
and a bidirectional DC source with an electronic load. Efficiency was recorded using 
a YOKOGAWA WT1800 power analyzer. 

The objective was to validate the proposed CLLC converter operation in at a switching 
frequency of 1 MHz, extending earlier tests performed at 500 kHz. The evaluation used 
an air-core transformer coil with half the physical size of the ferrite-core transformer in 
[61], with its dimensions illustrated in Figure 4.15a. The analysis included a comparative 
study between LLC and CLLC converters (each tested with both air-core and ferrite-core 
transformers) and CCI converters focusing on performance under similar operating 
conditions. Given the high efficiency achievable at MHz switching frequencies [86], 
efficiency testing was a central part of the investigation. 
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Figure 4.15 (a) Second air-core coil for CASE 1: asymmetrical CLLC (half-size core from [61]) and 
CASE 3: classical LLC/CLLC; (b) first air-core coil for CASE 2: classical LLC; (c) ferrite 
transformer, two parallel E38/8/25-3F4 cores for CASE 4: classical LLC; (d) capacitive 
coupling with air-core coupled inductor. 

CASE 1: Asymmetrical CLLC as in [61] 
Initial experiments focused on understanding the impact of the asymmetrical CLLC 
configuration. The baseline test used a symmetrical setup, with 4.33 nF series capacitors 
placed on both the primary and secondary sides, tuned to resonate at 1 MHz with the 
coil inductance. Since GaN transistors suffer significant COSS-related losses at high 
frequencies [32], the target was toward ZVS at turn-on, thereby eliminating these losses 
by adjusting the secondary-side series capacitor CS. 

In the second test, CS was reduced to 3 nF (Figure 4.16a), allowing complete charging 
and discharging of the devices’ drain–source capacitances, which successfully enabled 
ZVS turn-on at 100 V with a turn-off current of 6 A. Under these conditions, the measured 
efficiency was 90.3% at 330 W. However, operation at higher voltage and power levels 
was still necessary to meet the intended design targets. 

The next test pushed the input voltage to 150 V, with CS  further reduced to 2.66 nF. 
As depicted in Figure 4.16b, this configuration led to pronounced voltage oscillations 
across CS under high-power operation. At 150 V input and 800 W output, the capacitor 
voltage swung between approximately −500 V and +500 V—approaching its 630 V 
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rating—creating instability in the converter. Moreover, the drain–source capacitance of 
switch S1 remained partially charged despite an 8 A turn-off current, preventing full 
elimination of COSS losses and resulting in only partial ZVS turn-on. Under these operating 
conditions, the peak efficiency achieved was 91.3 %. 

CASE 2: First Air-Core Coil in Classical LLC Operation 
To evaluate the capability of an air-core transformer under high-frequency, high-power 
conditions, tests were performed at 1 MHz, 3–4 kW input power, and a 350 V input 
voltage using a classical LLC resonant configuration. The test arrangement, shown in 
Figure 4.15b, operated at 4 kW input power, delivering 300 V output from a 350 V input 
at 1 MHz switching frequency. As shown in Figure 4.16c, ZVS at 350 V was achieved 
through the use of an 8 nF primary-side series capacitor CP. Approximately 16 A of current 
was required to store enough energy in the equivalent series inductance to fully charge 
and discharge the drain–source capacitances of the transistors during switching events. 

Thermal imaging after one hour of continuous operation (Figure 4.16d) indicated the 
air-core coil reached a steady-state temperature of 104 °C while carrying 13.6 A RMS at 
1 MHz. Given the coil’s thermal resistance of 1 °C/W per winding and an ambient 
temperature of 30 °C, total coil losses were estimated at 148 W, corresponding to an AC 
resistance of 0.4 Ω per winding. At such high switching frequencies and power levels, 
GaN devices face significant thermal dissipation challenges, which necessitate not only 
large heatsinks but also the use of high-quality thermal TIM for effective heat transfer. 

The thermal profile in Figure 4.16d also includes both the primary-side PCB hosting the 
GaN transistors and the secondary-side PCB with SiC diodes. For the GaN switches, a 
measured junction-to-heatsink temperature difference of 13 °C, combined with a 
thermal resistance of 1.88 °C/W (from Table 4.4), corresponds to a power loss of 6.9 W 
per device—totaling 27.7 W for four transistors. On the secondary side, the SiC diodes 
exhibited a 10 °C temperature difference with a thermal resistance of 0.81 °C/W, leading 
to losses of 12.4 W per diode, or 49.4 W in total. This gives a combined semiconductor 
loss of approximately 77 W, with the SiC diodes dissipating nearly double the heat of the 
GaN switches. 

These findings confirm that the thermal management strategy implemented was 
effective for maintaining stable operation, and they also indicate headroom for either 
increasing output power or pushing the switching frequency beyond 1 MHz without 
surpassing safe operating temperatures. 

CASE 3: Second Air-Core Coil in Classical LLC and CLLC Operation 
To further improve efficiency and reduce losses in air-core transformer applications, a 
smaller coil was tested. The evaluation was carried out at 1 MHz switching frequency, 
350 V input, and a 3.5–4.5 kW power range, with both LLC and CLLC configurations 
examined for their ZVS performance, as shown in Figure 4.15a. 
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Figure 4.16 Key waveforms and thermal images for four cases — (a,b) CASE 1: Asymmetrical setup 
with reduced CS; (c,d) CASE 2: First air-core coil at 4 kW and thermal image; (e,f) CASE 
3: Second air-core coil in LLC and CLLC modes; (g,h) CASE 4: Ferrite-core transformer 
waveforms and thermal image at full load; (g,h) CASE 5: Capacitive coupling isolation 
coil at 6 kW and 1.5 MHz switching frequency and thermal image. 

In the LLC setup, Figure 4.16e illustrates the primary and secondary currents alongside 
the drain–source voltages of switches S1 and S2. A 15 nF primary-side series capacitor CP 
was used to achieve resonance and enable ZVS at 350 V. Achieving full charging and 
discharging of the transistor drain–source capacitances required approximately 18 A of 
current in the equivalent series inductance. 

For the symmetrical CLLC configuration, shown in Figure 4.16f, both the primary and 
secondary sides used 22 nF series capacitors (CP and CS), providing resonance for ZVS at 
350 V. In this case, around 22 A was needed to store enough energy in the series 
inductance for full ZVS turn-on. 

Thermal performance was assessed after one hour of operation at 4.2 kW, 350 V input, 
and 1 MHz switching. The second air-core coil reached 101 °C while conducting 13.4 A 
RMS. Given a thermal resistance of 2.6 °C/W per winding and an ambient temperature 
of 30 °C, total coil losses were calculated at 54.6 W, corresponding to an AC resistance of 
0.15 Ω per winding. 

For the GaN transistors, a junction-to-heatsink temperature difference of 16 °C 
combined with a thermal resistance of 1.88 °C/W indicated losses of 8.5 W per device, 
or 34 W for four transistors. The SiC diodes showed a 12 °C temperature difference and 
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0.81 °C/W thermal resistance, equating to 14.8 W per diode, or 59.3 W total for four 
devices. Overall semiconductor losses summed to approximately 93.3 W, with diode 
losses being nearly double those of the transistors. 

CASE 4: Two-Parallel E38/8/25-3F4 Ferrite Cores in Classical LLC Operation 
To evaluate ferrite core behavior at high-frequency operation, a test was conducted 
using two parallel E38/8/25-3F4 ferrite cores under 1 MHz switching, 350 V input, and 
3.5 kW power. The total core volume was 36 cm³, which is smaller than the second 
air-core coil (53 cm³). The experimental arrangement and transformer are shown in 
Figure 4.15c, while Figure 4.16g displays the primary and secondary winding currents 
alongside the drain–source voltages of switches S1 and S2 during LLC operation. 
To achieve ZVS at 350 V, a 1.2 µH external inductor was connected in series, forming a 
resonant tank with a 50 nF primary-side capacitor CP. Achieving full drain–source 
capacitance charging and discharging for ZVS turn-on required approximately 16 A 
flowing through the equivalent series inductance. 

Thermal imaging results, presented in Figure 4.16h, show that the ferrite cores 
experienced rapid heating at 350 V, 3.5 kW, and 1 MHz switching. The core temperature 
reached 146 °C within seconds of startup, significantly impacting performance and 
reducing efficiency to 86.1%. Semiconductor device temperatures remained stable, 
indicating that the primary loss source was the ferrite core itself. 

This case highlights the challenge of managing excessive core losses in ferrite materials 
at MHz-level switching, even when parallel cores are used, and underlines the importance 
of material and geometry selection in high-frequency, high-power transformer designs. 

CASE 5: Capacitive Coupling Isolation 
Figure 4.16i illustrates the key operating waveforms of the converter under an output 
power of approximately 6 kW and 1.5 MHz switching frequency, including the 
drain-source voltages of switches S1 and S2, along with the primary and secondary 
currents of the coupled inductor. The waveforms clearly indicate ZVS for both turn-on 
and turn-off events, with the transistors experiencing only minimal voltage stress during 
switching transitions. Operating in ZVS mode allows the switches to transition 
at zero voltage, effectively eliminating COSS losses and reducing heat generation. 
The observed primary and secondary currents follow the expected resonant patterns, 
confirming that the resonant network successfully shapes both current and voltage 
profiles for efficient power transfer. 

Figure 4.16j presents the measured operating temperatures of the main switch S1 and 
the air-core coupled inductor, respectively, under an output power of approximately 6 kW 
and 1.5 MHz switching frequency. The temperature of S1 remains comfortably within safe 
limits, indicating that the applied thermal management strategy ensures adequate heat 
dissipation. Likewise, the air-core coupled inductor maintains a stable temperature 
profile without signs of excessive thermal stress, highlighting the design’s robustness for 
high-power operation. These results collectively verify that the thermal characteristics of 
both the switching devices and the magnetic components do not impose any negative 
impact on the converter’s overall efficiency and stability, even under heavy-load 
conditions. 

Feasibility and Efficiency Analysis 
The findings from CASE 1 indicate that while lowering the secondary series capacitance 
CS can improve performance by enabling ZVS turn-on, it also substantially raises voltage 
stress, risking capacitor reliability. In high-power, high-voltage operation at 1 MHz, 
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capacitors with higher voltage ratings would be required; however, such components 
typically exhibit higher ESR, which in turn increases conduction losses and thermal stress 
in the capacitor. As a result, the isolation method proposed in [61] is not practical for 
these conditions without significant redesign. 

Efficiency Overview – Figure 4.17a: Across all cases, the second air-core coil in CLLC 
mode (CASE 3) demonstrated the highest performance. At 3.5 kW, 350 V, and 1 MHz, the 
LLC configuration achieved 95.9%, while the CLLC improved slightly to 96%. At 4.2 kW, the 
CLLC peaked at 96.2%, confirming its suitability for high-power MHz switching 
applications. In contrast, the ferrite-core design in CASE 4—despite having a similar 
physical volume—showed the lowest efficiency (86.1%) due to severe core heating. CASE 
1’s voltage ripple issues limited testing to 800 W, where it reached 91.3%. 

Loss Breakdown – (Figure 4.17b): 
• CASE 2 – First air-core coil (LLC): At 4 kW, efficiency reached 94%. Of the total 239 W

losses, the air-core coil contributed 148 W (AC resistance ~0.4 Ω per winding). 
Subtracting coil losses leaves 91 W from conduction and switching, which closely 
matches the 77 W from thermal measurements—an error margin of ~7%. Loss 
distribution: 62% transformer, 19% SiC diodes, 12% GaN transistors. 

• CASE 3 – Second air-core coil (CLLC): At 4.2 kW, efficiency reached 96.2%. Coil losses
totaled 55 W; subtracting this from the total 160 W losses leaves 105 W for conduction 
and switching, closely matching the 93.3 W thermal estimate (error ~8%). Transformer 
loss reduction (34% of total) boosted CLLC efficiency by ~2.2% over LLC. Loss 
distribution: 37% SiC diodes, 21% GaN transistors. This suggests replacing SiC diodes 
with GaN switches could further raise efficiency. 

• CASE 4 – Ferrite core (LLC): At 3.5 kW and 350 V, excessive core losses caused rapid
overheating, lowering efficiency to 86.1%. While lowering power or using more parallel 
cores could reduce core heating, both approaches increase size. Ferrite designs also 
require additional inductors for resonance, and introducing an air gap to boost leakage 
inductance demands more turns—raising AC resistance and further increasing volume. 

Spider Chart Comparison – Figure 4.17c: The spider diagram compares all four cases 
based on transformer type (air-core or ferrite) and topology (LLC or CLLC). 
• CASE 1 had the lowest semiconductor losses but suffered from largest volume per kW

due to long conductor lengths and high AC resistance at 1 MHz. 
• CASE 3 offered the lowest transformer volume per kW, minimal transformer losses,

and only a slight increase in semiconductor losses compared to CASE 1—thanks to ZVS 
and GaN’s low turn-off losses. 

• CASE 4’s ferrite-based design had the highest volume per kW when evaluated at its
thermally stable operating point (200 V, 2 kW). Despite a smaller core volume (36 cm³ 
vs. 53 cm³ in CASE 3), its losses were higher and efficiency lower, confirming its 
inferiority for compact MHz designs. 
These results clearly demonstrate that air-core transformers, particularly the second 

design in CLLC operation, deliver superior efficiency, lower thermal stress, and better 
power density than ferrite-core transformers for compact, high-power isolated DC-DC 
converters at MHz switching frequencies. 
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Figure 4.17 (a) Efficiency comparison of four test cases versus input power, (b) measured and 
calculated loss breakdown for all cases except CASE 1 at maximum tested power, and 
(c) performance comparison between air-core and ferrite-core transformers.

With the capacitive isolation, at an output power of 5 kW, the converter reaches an 
efficiency of 95%, and at 5.46 kW, it maintains a high efficiency of 94.55%. These results 
demonstrate the converter’s ability to keep losses minimal across its entire operating 
range. This performance is primarily attributed to the ZVS switching operation and the 
integration of low-loss devices such as GaN transistors and SiC diodes. The minimal 
variation in efficiency between different load levels further confirms the robustness of 
the design in sustaining high performance. 

Figure 4.15d compares the coupled inductor sizes used in magnetic coupling versus 
capacitive coupling-based converters. Under equivalent testing conditions, the inductive 
element in the capacitive coupling design is notably smaller, contributing to higher power 
density and lower overall system cost, while still meeting the same operational 
requirements. However, capacitors do not provide inherent galvanic isolation, and most 
safety standards mandate galvanic isolation to protect against electric shock. This 
requirement is more reliably met using magnetic isolation methods, such as transformers. 

4.3 Summary 
This section presents a comprehensive investigation into GaN-based DC-DC converter 
optimization, covering both wide-input non-isolated architectures and high-frequency 
isolated resonant designs, with an emphasis on achieving maximum efficiency, high 
power density, and effective thermal management. 

For the non-isolated GaN-based DC-DC converter, a 9 kW GaN prototype reached 99% 
peak efficiency and power densities of 17.7 kW/L (50 kW/L excluding the heatsink) and 
6 kW/kg by implementing four key strategies: 
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1. Utilizing GaN transistors with air-core inductors to eliminate switching frequency
constraints and avoid magnetic core saturation. 

2. Applying variable switching frequency control to generate negative inductor valley
current, enabling full ZVS. 

3. Using a suitable TIM to efficiently transfer heat from the GaN transistor junction,
especially given the small cooling pad area, ensuring effective thermal management 
without relying solely on oversized heatsinks. 

4. Removing core losses entirely through the use of air-core designs instead of ferrite
inductors. 

5. Employing a systematic design optimization framework for practical replication.
For the isolated DC-DC converter, experimental evaluation of LLC, CLLC, CI, and 

asymmetrical CLLC topologies operating above 1 MHz confirmed that ZVS can be 
sustained at very high frequencies with proper control, though magnetic design remains 
the dominant loss contributor. Air-core transformers outperformed ferrite designs, 
achieving up to 96.2% efficiency at 4.2 kW without core loss constraints. 
In contrast, ferrite cores required flux derating or parallel core arrangements to control 
heating—both of which increased size and reduced compactness. 

A CI-based resonant converter operating at 1.5 MHz and 6 kW demonstrated high 
efficiency, stable thermal performance, and reduced size by minimizing magnetic 
volume. Capacitors inherently lack galvanic isolation, and since most safety regulations 
require it to protect against electric shock, magnetic isolation—typically achieved 
through transformers—remains the more dependable solution. 

Additionally, when designing GaN-based converters, TIM selection is critical. 
The relatively small top-side thermal pad area of GaN devices can limit heat removal, 
meaning even high-performance heatsinks or active cooling solutions may underperform 
if the TIM is poorly chosen. Ensuring optimal thermal transfer between device and 
heatsink is therefore essential for sustaining high efficiency and reliability. 

In summary, combining GaN transistors with air-core magnetics and optimized control 
strategies enables exceptional performance in both isolated and non-isolated systems. 
For MHz-range isolated designs, air-core transformers deliver the best efficiency–size 
trade-off, while capacitive coupling offers superior compactness and cost advantages in 
applications where safety-compliant galvanic isolation is not required. 
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5 Control Strategy for Ultra-High-Frequency Operation and 
Experimental Results of the Proposed OBC Systems 

This section presents a control framework and experimental validation for the 
proposed OBC systems introduced in Section 3. Two OBC configurations are considered: (i) 
a three-phase unfolding-based PFC employing two inductors, and (ii) a UOBC capable of 
charging an EV battery from single-/three-phase AC as well as two-/three-wire DC grids. 

To enable ultra-high-frequency operation, a Finite Cycle-Based Model Predictive 
Control (FCB-MPC) based cycle-skipping control strategy is developed as a feasible 
solusion for the isolated DC-DC stage. The approach integrates a soft-switched resonant 
converter into the charging architecture and employs a finite cycle-based model 
predictive control scheme that allocates discrete switching cycles among different 
energy transfer paths. Operating at a 25 kHz sampling rate, with 40 switching cycles 
per interval (corresponding to a 1 MHz switching frequency), the method achieves 
fine-grained 2.5% power regulation while maintaining sinusoidal grid currents and a high 
PF. This control method completely is discussed in [PAPER-VII]. 

Unlike conventional chargers that rely on three inductors and a separate low-frequency 
PFC stage, the proposed architecture embeds PFC functionality directly into the 
high-frequency DC-DC stage. This integration significantly increases power density and 
reduces system size. A soft-switching modulation scheme ensures ZVS across all GaN 
transistors even in the hundreds of kilohertz to megahertz range, thereby minimizing 
switching losses. 

Experimental validation was performed on two prototypes. The first is a 3.6 kW 
laboratory setup demonstrating the unfolding-based PFC with a high-frequency DC-DC 
stage. The second is an 11 kW UOBC prototype, verified up to 800 V battery voltage and 
8 kW transfer, achieving over 95% efficiency and 4.3 kW/L (6.7 kW/L excluding the 
heatsink) power density. GaN devices with high-frequency operation (100 kHz rectifier, 
1 MHz DC-DC stage) reduce magnetic size, improve thermal performance, and increase 
density. Air-core transformers remove core losses and handle high currents, while 
soft-switching further minimizes switching losses. 

5.1 FCB-MPC-Based Cycle-Skipping Control Method 
As shown in Figure 3.1, the three-phase unfolding-based PFC system employs two 
inductors connected to a 3LA-CLLC-FB-IPT converter serving as the DC-DC stage. This 
stage shapes the currents in L1 and L2 to match the AC input currents and regulates the 
output voltage, while also providing galvanic isolation through a high-frequency 
transformer. Operating in the several-hundred-kilohertz to megahertz range, it manages 
both energy conversion and control. 

5.1.1 3LA-CLLC-FB-IPT DC-DC Stage Description 
The CLLC full-bridge converter is widely used in medium- and high-power isolated DC-DC 
applications due to its capability for soft-switching, making it ideal for systems such as 
battery chargers. In this work, a modified variant—referred to as the 3LA-CLLC-FB-IPT—
is adopted for the DC-DC stage, as shown in Figure 3.1 and Figure 5.1. This design differs 
from a conventional three-level bridge in that the DC-link is asymmetrically split, which 
enables a specialized cycle-skipping modulation method rather than standard CLLC leg-
to-leg control. 
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Figure 5.1 Equivalent circuits of the 3LA-CLLC-FB-IPT DC-DC stage operating under ZCS, plus a 
conceptual diagram of the cycle-skipping control used to regulate input current [PAPER-
VII]. 

The converter can be modeled as a three-port system: two series-connected input 
ports, each tied to a different half of the soft DC-link, and a single output port. Operating 
close to its resonant frequency (hundreds of kHz up to several MHz) allows all GaN 
switches to achieve ZVS turn-on, effectively removing COSS and turn-on losses while 
minimizing turn-off losses. The switching frequency fSW,DC-DC is defined as NR×fSampling, 
where NR determines both the number of high-frequency cycles executed per sampling 
interval and the achievable control resolution. Higher NR values yield finer control of 
inductor currents iL1 and iL2, as well as the input grid current. 

Both input sections contribute to a three-level primary voltage waveform VPri (Figure 
5.1a). Within each sampling period, four switching states are available: Full-state (Figure 
5.1b): draws power from both DC-link sections, controlling both inductors; 
Up-state (Figure 5.1c): draws from the upper DC-link, mainly controlling iL1; Down-state 
(Figure 5.1d): draws from the lower DC-link, mainly controlling iL2; and Zero-state (Figure 
5.1e): no power transfer, freewheeling mode. The number of each state’s cycles—
denoted nFull, nUp, nDown, and nZero—determines how energy is shared between inductors 
and must satisfy: 

R Full Up Down ZeroN n n n n= + + + .  (5-2) 

This control method allows precise shaping of inductor currents while maintaining high 
efficiency and compact magnetics, supporting a lightweight and space-efficient EV 
charger architecture. 

5.1.2 Modulation Scheme of the Cycle Skipping Control 
The three-level converter legs can connect the bridge input to the positive (p), midpoint 
(M), or negative (n) terminals of the DC-link. Unequal DC-link voltages expand 
the available unique states to seven, as summarized in Table 5.1. Among these, 
the zero-voltage state can be achieved through three redundant switching combinations. 

The cycle counts nFull, nUp, nDown, and nZero are adjusted to keep the grid currents 
sinusoidal for PFC, while the absolute sum of these cycles sets the delivered power. 
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The average inductor currents IL1 and IL2 over a sampling period are related to the 
full/up/down states by: 

ω ωπ π
= + = +1 22 2

0 0

8 8( ) ;       ( )  UpFull Batt Full Down Batt
L L

R R T R R T

nn V n n VI I
N N M N N M

,          (5-3) 

where ω0 is the angular resonant frequency and MT is the transformer’s mutual 
inductance. 

As shown in Figure 4, the controller distributes cycles according to the relationship 
between IL1 and IL2. If IL1 exceeds IL2, shared full cycles nFull follow IL2 and the surplus of IL1 
is managed with nUp, while nDown is unused. Conversely, when IL2 is higher, nFull  follows IL1 
and the excess is assigned to nDown, leaving nUp at zero. In the balanced case (IL1 = IL2), all 
current is handled by nFull, with no need for nUp or nDown.The DC-DC stage runs at a fixed 
frequency near to the primary tank resonance, as in conventional CLLC converters. To 
maintain ZVS at every transition, the resonant capacitors are intentionally made 
asymmetrical—specifically, which is discussed in [61], the secondary-side capacitor is 
reduced—introducing a slight inductive load characteristic that keeps current flowing at 
turn-on. Table 5.1 The asymmetrical capacitor arrangement ensures that primary current 
is sufficient to discharge COSS before turn-on, improving efficiency. 

Table 5.1 Switching states of the 3-level leg and their corresponding primary-side voltages [PAPER-
VII]. 

Cycle 
Name Positive Leg of Primary Negative Leg of Primary Primary Side 

Voltage VPri 
Voltage Range (V) Related Figure 

Full-
Cycle 

G1: ON, G2: OFF G4: ON, G3: OFF Vpn=VCH+VCL 480… 560 
Figure 5.1b

G1: OFF, G2: ON G4: OFF, G3:ON Vnp= -(VCH+VCL) -560…-480 
Up-

Cycle 
G1: ON, G5: OFF G6: ON, G3: OFF VpM=VCH 0… 480 

Figure 5.1c
G1: OFF, G5: ON G6: OFF, G3:ON VMp= -VCH -480… 0 

Down-
Cycle 

G5: ON, G2: OFF G4: ON, G6: OFF VMn=VCL 0… 480 
Figure 5.1d

G5: OFF, G2: ON G4: OFF, G6:ON VnM= -VCL -480… 0 
Zero-
State 
Cycle 

G1: ON, G2: OFF, G5: OFF G3: ON, G4: OFF, G6: OFF
0 0 Figure 5.1e G2: ON, G1: OFF, G5: OFF G4: ON, G3: OFF, G6: OFF 

G5: ON, G1: OFF, G2: OFF G6: ON, G3: OFF, G3: OFF

IL1 IL2

VCH VCL

0.5Im

Im

1.5Vm

1.73Vm
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Zone 1 Zone 2 Zone 1 Zone 2Zone 2

nFull: IL2  
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nFull: IL1
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nFull: IL1
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Figure 5.2 Dynamic cycle allocation method that adjusts for inductor current imbalance to 
achieve optimal power sharing and precise current shaping [PAPER-VII]. 

5.1.3 FCB-MPC-Based Cycle Skipping Control System 
Figure 5.3 illustrates the complete control architecture of the proposed system. 
The front-end, consisting of the three-phase unfolding stage, operates at twice the mains 
frequency (as shown earlier in Figure 3.2) and is directly coupled to the high-frequency 
3LA-CLLC-FB-IPT DC-DC stage. This DC-DC stage is tasked with regulating power transfer 
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and shaping the grid-side inductor currents. Control is performed using an independently 
tuned FCB-MPC algorithm, chosen for its straightforward implementation and fast 
dynamic response. 

For clarity, consider a control algorithm with a 25 kHz sampling rate. In this setup, 
the controller can handle 40 high-frequency cycles within each sampling interval, giving 
an effective switching frequency of 1 MHz. These cycles are allocated across three energy 
transfer modes: Full-path (nFull), which transfers energy from both capacitors 
simultaneously; Upper v-path (nUp), which draws current only from the upper capacitor; 
and Lower-path (nDown), which draws current only from the lower capacitor. 
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Figure 5.3 Overall control framework combining the three-phase unfolding rectifier with the high-
frequency 3LA-CLLC-FB-IPT DC-DC converter to regulate power and shape grid currents 
[PAPER-VII]. 

This cycle-allocation method enables precise shaping of inductor currents while 
preserving soft-switching operation and minimizing switching losses. The controller uses 
a simplified linear prediction model to estimate the change in inductor current over a 
given number of switching cycles: 

2
0

8
( ) Cycle Batt

L
R T

n V
i n

N Mωπ
∆ = .  (5-4) 

Here, ΔiL(n) denotes the expected change in current over nCycle cycles. 
At each sampling instant, the algorithm determines the optimal values of nFull, nUp, and 

nDown by minimizing a cost function based on the absolute tracking error between the 
measured inductor currents and their references: 
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A brute-force search evaluates all permissible integer combinations of nFull, nUp, and 
nDown under the constraint − − −≥ + +R Opt Full Opt Up Opt DownN n n n . The combination yielding the 
smallest overall tracking error is selected for implementation. 

Once determined, these cycle counts directly set the gating patterns of the 
3LA-CLLC-FB-IPT converter. Any remaining cycles are unused switching cycles 

− − − −= − + +Opt Zero R Opt Full Opt Up Opt Downn N n n n . 
The simulation waveforms and analysis of the proposed FCB-MPC control method are 

provided in [PAPER-VII]. Furthermore, in [61], the cycle-skipping approach for voltage 
and current regulation was experimentally verified in a high-frequency CLLC-FB-IPT 
DC-DC stage operating at a 500 kHz switching frequency and 5 kW nominal power, where 
cycle skipping of up to 90% was demonstrated and validated. 

Control 
Board

PFC Rectifier

Figure 5.4 Laboratory prototype of the proposed Unfolding-Based PFC [PAPER-VI]. 

5.2 Experimental Results the Proposed Three-Phase Unfolding-Based PFC 
Connecting to Grid 

To verify the performance of the proposed two inductor three-phase unfolding-based 
PFC topology, the theoretical analysis presented in section 3 and [PAPER-VI] was 
complemented with experimental validation using a laboratory-built prototype. 
A photograph of the constructed prototype is shown in Figure 5.4. 

The grid connected experimental tests were conducted at an output power level of 3.6 
kW, with the three-phase grid voltages set to 50% of their nominal values. In this setup, 
two independent conventional high-frequency buck-boost converters were connected 
to the DC-link capacitors CH and CL, each supplying a separate load. These converters 
acted in place of the high-frequency DC-DC converters illustrated in Figure 3.1, serving 
as the interface between the loads and the proposed PFC stage. 

In the implemented system, the reference currents iL1 and iL2 for the filter inductors L1 
and L2 were regulated independently by adjusting the duty cycles of the buck-boost 
converters. This allowed precise control of the inductor currents, thereby enabling the 
desired PFC functionality. 



69 

VCH (200V/div)

VCL (200V/div)

iL2 (20A/div)

iL1 (20A/div)

iA (20A/div) iB (20A/div)iC (20A/div)

VA (200V/div)

(a) (b)  
Figure 5.5 Laboratory Experimental waveforms of the proposed three-phase unfolder: (a) DC-link 

capacitor voltages (VCH, VCL) and inductor currents (IL1, IL2); (b) grid phase-to-phase 
voltage (VA) and grid phase currents (iA, iB, iC) [PAPER-VI]. 

The measured experimental waveforms are presented in Figure 5.5. As shown in Figure 
5.5a, the currents through inductors L1 and L2 are effectively regulated, with peak values 
reaching 15 A, confirming the accuracy and stability of the control strategy presented in 
[PAPER-VI]. The figure also includes the voltage profiles of the DC-link capacitors, further 
validating the correct operation of the proposed structure. Figure 5.5b shows the grid 
currents and voltage VA, confirming that power factor correction is achieved by 
regulating inductor currents L1 and L2 using only two current sensors. 

5.3 Experimental Results of the Proposed UOBC  
A laboratory prototype of the proposed 11 kW system (Figure 5.6) was constructed to 
validate performance. The rectifier stage operates at 100 kHz, while the isolated DC-DC 
stage runs at 1 MHz, supporting battery voltages up to 800 V. Key electrical and 
mechanical parameters for all active and passive elements are summarized in Table 5.2, 
with control implemented on a TMS320F28379DPTPT digital controller. 

33 cm

26 cm

6647.6 mm2

92mm

 
Figure 5.6 Photographs of the laboratory prototype and experimental test setup of the UOBC. 

With passive cooling, the charger achieves a power density of 4.3 kW/L (6.7 kW/L 
excluding the heatsink), based on a 2.57 L total volume including magnetics, capacitors, 
and thermal hardware. The DC-DC stage employs air-core transformers to avoid core 
losses at high frequency and high power. Most components are PCB top-mounted, 
except for GaN devices (optimized for top-side heat extraction), SiC MOSFETs, and 
certain decoupling capacitors, which are mounted on the underside. All semiconductors 
share a single 2.5 cm-thick heatsink beneath the PCB, spanning most of the board for 
uniform heat removal. 
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5.3.1 Experimental Waveforms of the UOBC Laboratory Test 
The DC-DC stage was tested with each CLLC converter running at 1 MHz, supplied with 
360 V (equivalent to a 720 V battery) and delivering 1.5 kW to 4.5 kW. Under these 
conditions, ZVS was achieved for all switches. As shown in Figure 5.7a, the transformer’s 
primary/secondary currents and the drain–source voltages of switches G9 and G10 were 
recorded during battery discharge. ZVS was facilitated by 15 nF resonant capacitors 
(Cr1, Cr2) on both transformer sides, requiring roughly 18 A turn-off current to fully 
charge/discharge the device output capacitances each cycle. 

Table 5.2 Specifications of the proposed UOBC Prototype. 

Components Specifications 
Suppression Capacitors (CSA, CSB   and CSC) Ceramic Type, 1.8 µF, 630 V 

Resonant Capacitors Cr1 and Cr2 Ceramic Type, 15 nF, 650 V 
DC-Link and DC-DC Output Capacitors

 (CH, CL, CO-H and CO-L) 
Film Type, 42 µF, 500 V 

Battery Capacitor C5 Film Type, 9 µF, 1000 V 
Decoupling Capacitor CD Film Type, 195 µF, 500 V 

Filtering Inductors (LA, LB and LC) ETD 59/31/22-N97, 4 °C/W Thermal Resistance,  260 µH,  20 mΩ 
Air-core transformer(LP, LS, MT) Wound with 3000 Strands of 0.05 mm Litz Wire,  

Turns Ratio NP= NS=11, 5.9 µH/5.9 µH/3.9 µH 
Semiconductor Devices 

SiC MOSFETs of Rectifier Stage (S1 – S8) Infineon Technologies, IMZA120R014M1HXKSA1, 1200 V, 14 mΩ 
GaN Transistors of Rectifier and DC-DC 

stages (S9 – S12) and (G1 – G16) 
Infineon Technologies, GaN FETs Automotive GS-065-060-5-T-A-MR, 

60A, 650V 
Solid-State Circuit Breakers SiC 

MOSFETs (SSCB1 and SSCB2) Infineon Technologies, IMZA120R007M1HXKSA1, 1200 V, 7 mΩ

Solid State Relay SW1 ADJH21112, 50 A 
Solid State Relays SW2 and SW3 T9GV5L14-12, 30 A 

Operating Parameters 
Peak AC Three/Single Phase Voltages 320 V 

Maximum Battery voltage VBatt 800 V 
Maximum Battery Charging Power PBatt 11 kW 

Switching frequency PFC Stage fSW_PFC: 100 kHz, DC-DC Stage fSW_DC-DC: 1 MHz 
Thermal Management [74] 

TIM for GaN Transistors, RθJC= 0.5℃/W TG-A1780- 150-150-0.8 TIM 1.38 ℃/W 
TIM for SiC MOSFETs, RθJC-PFC= 0.51℃/W SP1500ST0.008-02-1012 TIM 0.67 ℃/W 

Figure 5.7b depicts transistor voltage, input current, and output current waveforms, 
showing minimal current ripple. After half hour of continuous operation at these settings, 
thermal imaging (Figure 5.7c and Figure 5.7d) showed the air-core transformer reaching 
about 101 °C at 13.4 A RMS (calculated by equation (3-23)). With a winding thermal 
resistance of 2.7 °C/W and 30 °C ambient, losses per winding were estimated at 22.6 W, 
totaling 45.2 W per coil, corresponding to an AC resistance of ~0.126 Ω at 1 MHz. 

The GaN switches exhibited a 22 °C temperature rise between junction (63.3 °C) and 
heatsink (41 °C), implying about 11.7 W dissipation per device. With four transistors per 
side of each module, semiconductor losses totaled 46.8 W for the primary and the same 
for the secondary, giving 93.6 W overall. While ZVS reduced COSS-related turn-on losses, 
the large transformer current of the air-core design increased turn-off losses. 
Nonetheless, thermal margins remained safe, leaving headroom for higher power or 
frequency operation. 

https://www.mouser.ee/manufacturer/infineon/
https://www.mouser.ee/manufacturer/infineon/
https://www.mouser.ee/manufacturer/infineon/
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At 4.3 kW per module, the converter’s efficiency was 96.7%. Deducting the 45 W coil 
losses from the measured 142 W total system loss leaves 97 W attributable to switching 
and conduction—closely matching the 93.6 W estimated from thermal analysis, 
confirming strong agreement between electrical and thermal performance data. 

ISec (20  A/div)

-IPri (20  A/div)

VG9 
(150 V/div)

VG10 
(150 V/div)

Time: 
(400  nsec/div)

ZVS 
Turn-ON

IIN_DC-DC (10  A/div)
IOUT_DC-DC (10  A/div)

VG9 (150 V/div) VG10 (150 V/div)

Time: (2  µsec/div)
(a) (b)

Heatsink 41° C

DC-DC GaN 
Transistor 63.3° C

Air-Core Coil 
101° C

(c)
Figure 5.7 Experimental waveforms and thermal images of the DC-DC stage at 8.6 kW discharge, 

720 V battery voltage, and 1 MHz switching: (a) primary/secondary currents (IPri, ISec) with 
drain-source voltages of G9 and G10; (b) drain-source voltages of G9 and G10 with module 
input/output currents; (c) thermal image of GaN transistors; (d) thermal image of the air-
core transformer. 

Figure 5.8 presents a set of significant experimental findings that demonstrate the 
performance of the proposed system when functioning in inverter mode during battery 
discharge operation. In Figure 5.8a, the test case corresponds to three-phase inverter 
operation where the system delivers 8 kW of output power from a 730 V battery pack to 
the three-phase AC output. The measured waveforms include the voltages of all three 
phases (VA, VB, and VC) as well as the current flowing through phase A. Under these 
conditions, each phase voltage reached a peak value of approximately 325 V, while the 
peak phase current was measured at around 16 A. These measurements confirm the 
system’s ability to generate balanced three-phase output voltages and currents under 
high-power operation, maintaining waveform integrity while operating from a high-
voltage DC source. 

In Figure 5.8b, the system is operated in single-phase inverter mode with a load power 
of 3 kW, still using a 730 V battery as the DC source. The recorded traces capture the 
voltage across phase A (VA), the corresponding current (iA), the voltage measured across 
the power decoupling capacitor (VCD), and the current through the decoupling inductor 
(LC). In this configuration, the phase A voltage reaches a peak of about 315 V, while the 
current peaks at roughly 19 A. The decoupling capacitor voltage exhibits a clear 100 Hz 
ripple, corresponding to twice the mains frequency, with a peak-to-peak swing of 
approximately 230 V centered around a mean value of 215 V. Simultaneously, the current 
through the decoupling inductor peaks at around 14 A. These results align with the 
theoretical prediction of equation (3-13) and demonstrate that the active power 
decoupling stage effectively compensates for the double-frequency power oscillations in 
both single-phase charging G2V and discharging V2G modes. 

Following a 30-minute operation in three-phase inverter mode at 8 kW output power, 
a series of thermal measurements was carried out to assess the temperature rise of the 
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key components, namely the filter inductors, GaN transistors, and SiC MOSFETs in the 
PFC section. In Figure 5.8c, the thermal image of inductor LA is shown. Each input inductor 
was measured to have a winding resistance of 20 mΩ, and with an RMS current of 11.3 
A, the conduction loss per inductor was calculated to be approximately 2.6 W. Therefore, 
the combined conduction loss for all three inductors is about 7.8 W. The inductor core 
temperature was recorded at 32.2 °C. Considering an ambient temperature of 30 °C and 
a thermal resistance of 4 °C/W for the ETD59/31/22 core, the core losses for each 
inductor were estimated at 0.6 W, resulting in a total of 1.8 W for all phases. This brings 
the total losses associated with the inductors (conduction plus core) to roughly 9.6 W. 

SiC MOSFETs 53.3° C
(c) (e)

Inductor: 
Winding 
35.9° C

 Core 32.2° C

VCN (250  V/div)

iA (10  A/div)

VBN (250 V/div) VAN (250 V/div)

Time: (4  msec/div)

VAN (250  V/div)

iLC (20 A/div)

VCD (250 V/div)
iA (20  A/div)

Time: (4  msec/div)

(d)

(a) (b)

GaN 
Transistors 

55.8° C

Figure 5.8 Experimental waveforms and thermal images of the DC-AC stage in battery discharge 
mode for three-phase and single-phase operation: (a) three-phase voltages (VAN, VBN, VCN) 
with phase current iA at 8 kW, 720 V; (b) single-phase operation showing VA, iA, decoupling 
inductor current iLC, and capacitor voltage VCD at 3.2 kW, 720 V; (c) thermal image of filter 
inductor LA at 8 kW three-phase; (d) thermal image of SiC MOSFETs S1, S2 at 8 kW three-
phase; (e) thermal image of GaN switches S12 at 8 kW three-phase. 

Thermal pictures for the semiconductor devices are illustrated in Figure 5.8d and 
Figure 5.8e. The SiC MOSFETs S3 and S4 exhibited a maximum recorded temperature of 
53.3 °C, while the GaN transistors S12 reached 55.8 °C, with the shared heatsink 
maintained at 39 °C. From these readings, the estimated conduction and switching losses 
for each SiC MOSFET were about 12.1 W, whereas each individual GaN transistor 
dissipated around 8.9 W. It should be noted that the S12 switch is implemented as a four-
quadrant configuration composed of two GaN devices; therefore, the total power loss 
per S12 switch is approximately 17.8 W. The SSCB MOSFETs, on the other hand, displayed 
only a minor temperature increase during operation. By analytical estimation, 
considering their 7 mΩ on-resistance and an RMS current of 11.3 A, the conduction loss 
for each SSCB device was calculated to be roughly 1.8 W, resulting in a combined loss of 
3.6 W across all three phases. When summing the losses from inductors, semiconductors, 
and SSCBs, the inverter stage was determined to dissipate approximately 139.2 W at the 
8 kW operating point. This yields a calculated efficiency of 98.3%, which is in very close 
agreement with the 98.2% efficiency measured directly using a power analyzer. 
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Figure 5.9 UOBC waveforms in battery discharge mode: (a) three-wire 350 V DC grid at 7 kW, 
(b) two-wire 350 V DC grid at 6 kW, (c) two-wire 700 V DC grid at 7 kW.

Figure 5.9 shifts focus to the operation of the system in battery discharging mode 
when connected to various DC grid configurations, representing the DC-DC operating 
stage of the converter. In Figure 5.9, the system is connected to a three-wire DC grid 
configuration, delivering a total output power of 7 kW. The input battery voltage during 
the test was 730 V. The DC load voltages were regulated to +350 V and −350 V, each 
supplying 10 A of load current. The recorded waveforms include VAN (measured as VL+,N), 
VCN (measured as VL−,N), the current through inductor LA, and the battery voltage VBatt. 

In Figure 5.9b, the configuration changes to a two-wire 350 V DC grid scenario, with 
the system delivering 6 kW of output power. The battery voltage was again 730 V, while 
the output current to the DC load reached 17 A. The measured waveforms here include 
VAN, iLA, and VBatt, confirming stable operation under this configuration. 

Figure 5.9c presents the test results for a two-wire 700 V DC grid connection. In this 
case, the output power was 7 kW, with the DC output voltage VL+,N regulated at 700 V 
and an output current of 10 A. The battery voltage was held at 730 V during the test. 

Across all DC grid configurations tested—three-wire at ±350 V, two-wire at 350 V, and 
two-wire at 700 V—the system maintained stable performance, validating that the 
proposed battery discharging stage can interface seamlessly with multiple DC grid 
architectures while delivering consistent power levels. 

5.3.2 Efficiency Analysis of the Proposed UOBC 
The efficiency performance of the proposed universal onboard charger was assessed 
through both analytical loss calculations and experimental measurements, providing a 
detailed understanding of its operation under various conditions. 

Figure 5.10a presents the calculated loss distribution of the PFC stage during 
three-phase AC operation over an output power range from 2 kW to 11 kW. The results 
indicate that the dominant loss sources are the SiC MOSFETs and GaN transistors, with 
switching losses contributing more significantly than conduction losses due to the 
hard-switching nature at 100 kHz. At an output power of 8 kW, the analytical loss 
breakdown shows 68.7 W for the SiC MOSFETs, 47.2 W for the GaN transistors, 8.1 W for 
the input inductors, and 3 W for the SSCB devices. These values closely correspond to 
thermal-imaging measurements, which recorded losses of 72.6 W, 53.4 W, 7.8 W, and 
3.6 W, respectively, confirming the accuracy of the loss model. 

Figure 5.10b illustrates the theoretical loss breakdown in the DC-DC stage, operating 
at a switching frequency of 1 MHz. Losses are predominantly attributed to the GaN 
devices—particularly turn-off switching losses—and the conduction losses in the air-core 
transformer windings. Even though skin effect is mitigated through the use of 3,000 
strands of 0.05 mm Litz wire, the proximity effect remains significant, increasing the AC 
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resistance to approximately 0.126 Ω at 1 MHz. At 8 kW output power, calculated losses 
are 170 W for the GaN transistors and 76.8 W for the transformer, which closely match 
measured values of 187.2 W and 90.4 W at 8.6 kW input power. 
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Figure 5.11 Theoretical and experimental efficiency results: (a) PFC stage in three-phase AC mode, (b) 
1 MHz CLLC resonant DC-DC stage, (c) overall system efficiency in three-phase AC, and 
(d) PFC stage efficiency in single-phase AC.

Figure 5.10c shows the PFC stage loss profile under single-phase AC operation for 
output power levels ranging from 1 kW to 3.7 kW. In this case, the active power 
decoupling circuit contributes almost as much to total losses as the single-phase inverter 
or rectifier section. At 3 kW, analytical results show that the active decoupling stage 
dissipates 49.1 W in the switches and 2.9 W in its inductor, totaling 52 W. 
The inverter/rectifier stage, in comparison, exhibits 38.1 W in SiC MOSFETs, 17.2 W in 
GaN transistors, 3.4 W in the filter inductor, and 1.9 W in the SSCBs—summing to 
60.6 W. This leads to a combined loss of 112.6 W at 3 kW, slightly lowering the overall 
efficiency in single-phase mode. 

The combined efficiency results for the PFC stage, DC-DC stage, and the complete 
charger system under various operating modes are presented in Figure 5.11. 
• Figure 5.11a: For the PFC stage under three-phase AC operation, the highest

theoretical efficiency is achieved at 6 kW and remains nearly constant up to 8 kW, 
reaching about 98.4%. The measured efficiency at 8 kW is 98.2%, closely aligning with 
analytical predictions. 

• Figure 5.11b: In the DC-DC stage operating at 1 MHz, peak measured efficiency reaches 
96.7% between 8 kW and 8.6 kW, in close agreement with the calculated value of 
96.9% for the same range. 

• Figure 5.11c: For the complete UOBC under three-phase AC input, the measured
efficiency is 95%, which closely matches the theoretical prediction of 95.3%. 
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• Figure 5.11d: Under single-phase AC operation, the active decoupling circuit
introduces additional losses that slightly lower efficiency. The highest theoretical 
efficiency, 97.1%, occurs at approximately 1.2 kW, dropping to 96.2% at 3 kW. 
Experimental measurements at 3 kW yield 96.1%, again demonstrating strong 
agreement with theory. 
Overall, the close correlation between theoretical predictions, thermal loss estimations, 

and experimental measurements across all modes confirms both the robustness of the 
analytical models and the design accuracy of the proposed UOBC. 

5.4 Summary 
This section introduced an FCB-MPC control strategy for GaN-based OBC systems, 
validated for two configurations: (i) a three-phase unfolding-based PFC rectifier using 
only two inductors, and (ii) a UOBC compatible with single-/three-phase AC inputs and 
two-/three-wire DC grids. These architectures target compact, efficient, and flexible EV 
charging solutions. 

The proposed cycle-skipping FCB-MPC was applied to the isolated DC-DC stage, 
allocating MHz-range switching cycles among multiple energy paths. This enabled fine 
power regulation, sinusoidal grid currents, unity power factor, and ZVS for all GaN 
switches. Operating with kHz-rate sampling and MHz switching, the method ensured 
reliable soft-switching and high-frequency operation in both OBC configurations. 

Compared to conventional chargers requiring three inductors and low-frequency PFC, 
the unfolding-based PFC embeds current shaping directly into the high-frequency 
DC-DC stage, reducing magnetic count, improving power density, and simplifying sensing.
Air-core magnetics eliminated core losses and supported high-current handling, while soft-
switching minimized losses at MHz frequencies. 

Experimental validation confirmed these benefits. A 3.6-kW prototype achieved correct 
DC-link balancing on the three-phase grid, sinusoidal currents with <3% THD, and reliable
PFC using only two inductors. The 11-kW UOBC prototype demonstrated charging up to 8 
kW at 800 V, > 95% efficiency, and 4.3 kW/L power density under passive cooling (6.7 kW/L 
excluding the heatsink), with verified universal compatibility across AC and DC grid 
connections. Thermal imaging showed uniform device cooling, oscilloscope waveforms 
confirmed ZVS, and loss analysis identified GaN switching and transformer conduction as 
the main losses, effectively reduced by soft-switching and air-core design. 

In conclusion, combining GaN devices, air-core magnetics, and FCB-MPC control 
establishes a scalable and globally adaptable OBC platform, delivering compactness, high 
efficiency, and reliable performance for both G2V and V2G applications. 
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6 Conclusions and Future Work 
This thesis has presented a comprehensive study of next-generation OBC technologies 
for EVs, focusing on three aspects: advanced OBC architectures, GaN-based 
high-efficiency DC-DC converters, and model predictive control strategies designed for 
MHz-range operation. Together, these contributions build a scalable foundation for 
compact, efficient, and globally adaptable EV charging systems. 

As the results of thesis, the author can claim the following: 
- The first contribution introduced two OBC solutions. The three-phase unfolding-
based PFC rectifier achieves grid-side PFC with only two inductors instead of three, 
lowering magnetic count, cost, and current sensor requirements while maintaining 
performance. Its effectiveness was confirmed through theoretical analysis and a 3.6 
kW prototype. The second solution, a UOBC, operates seamlessly with single-/three-
phase AC and two-/three-wire DC grids without hardware changes. Using SiC and 
GaN switches at 100 kHz (rectifier) and 1 MHz (DC-DC), it minimizes magnetic size, 
employs air-core transformers to handle ripple without saturation, and supports 
bidirectional G2V and V2G operation. An 11 kW prototype, achieving 4.3 kW/L (6.7 
kW/L excluding the heatsink) power density and 95% efficiency, validated these 
features, showing stable operation and broad compatibility. 
- The second contribution focused on GaN-based DC-DC converter optimization,
covering non-isolated and isolated topologies. A 9 kW non-isolated GaN prototype 
reached 99% peak efficiency and outstanding power density (17.7 kW/L — or 50 
kW/L without a heatsink — and 6 kW/kg) by integrating air-core inductors, ZVS-
enabled variable-frequency control, and optimized TIM. For isolated converters 
above 1 MHz, experimental evaluation of LLC, CLLC, CI, and asymmetrical CLLC 
confirmed that conventional CLLC or LLC remain the most practical for OBCs, 
consistently achieving ZVS at very high frequencies. Air-core transformers 
outperformed ferrite designs, delivering higher efficiency and power density in the 
multi-kilowatt range. These findings emphasize the importance of air-core 
magnetics, ZVS turn-on over ZCS switching, and proper TIM selection as enablers of 
high-efficiency GaN systems. 
- The third contribution developed an FCB-MPC control strategy for GaN-based
OBCs, applicable to both the two-inductor unfolding rectifier and the UOBC. 
The thesis showed its flexibility in distributing MHz switching cycles across multiple 
energy paths, ensuring sinusoidal grid currents, unity PF, and ZVS for all GaN 
switches. This demonstrates that the control technique can be effectively applied to 
both proposed OBC designs. 

In conclusion, the thesis shows that combining simplified magnetics, GaN-based 
high-frequency converters, and advanced predictive control strategies enables a new 
class of OBCs that are compact, efficient, bidirectional, and universally compatible. These 
innovations address the challenges of EV charging while paving the way toward 
sustainable, high-performance, and globally deployable solutions. 

Looking ahead, although the current UOBC integrates control, measurement, and 
rectifier PFC circuits on a single PCB, future work will focus on further readiness level 
increasing by adding the DC-DC stage and unifying all subsystems—including PFC, 
DC-DC, control, and measurement—onto one board.
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Abstract 
Concept of Isolated Universal Bidirectional Converters for 
Electric Vehicle Applications with Improved Power Density 
This thesis presents a comprehensive investigation into next-generation onboard battery 
chargers for electric vehicles, with a focus on universality, high efficiency, and enhanced 
power density. The research brings together three key areas: advanced onboard battery 
charging architectures capable of seamless operation across AC and DC grids, GaN-based 
converter optimization for ultra-high-frequency operation, and predictive control 
strategies tailored for MHz-range isolated converters. By addressing both technical 
challenges and system-level integration, the work lays the foundation for a new class of 
compact, efficient, and globally adaptable electric vehicle charging systems. 

The first contribution introduces two onboard charger architectures. A three-phase 
unfolding-based power factor corrector is proposed, which achieves grid compliance 
using only two inductors instead of three, thereby reducing cost, magnetic count, and 
sensor requirements. Its effectiveness was verified with theoretical analysis and a 
3.6 kW prototype. In parallel, a universal bidirectional OBC was developed that operates 
with single/three-phase AC inputs as well as two/three-wire DC grids without hardware 
changes. Leveraging SiC and GaN devices switching at 100 kHz in the rectifier and 1 MHz 
in the isolated DC–DC stage, this prototype achieved 95% efficiency and 
4.3 kW/L (6.7 kW/L without heatsink) power density at 11 kW, while demonstrating 
bidirectional Grid-to-Vehicle and Vehicle-to-Grid operation. 

The second contribution advances GaN-based converter design, addressing both 
non-isolated and isolated topologies. A 9 kW non-isolated prototype reached 99% 
efficiency and record power densities of 17.7 kW/L (50 kW/L without heatsink) and 
6 kW/kg by combining interleaved operation, ZVS control, air-core inductors, and 
optimized thermal management. For isolated MHz-range converters, experimental 
evaluation of LLC, CLLC, capacitive-isolation, and asymmetrical CLLC topologies confirmed 
that conventional LLC/CLLC remain the most practical choices for onboard chargers, 
consistently achieving ZVS. Comparative transformer studies demonstrated that air-core 
designs outperform ferrite cores at multi-kilowatt, high-frequency operation, eliminating 
core loss while maintaining compact size. 

The third contribution is the development of a finite-cycle-based model predictive 
control strategy that enables MHz-range switching with lower-frequency control effort. 
This method allocates discrete switching cycles among energy paths, ensuring sinusoidal 
grid currents, unity power factor, and ZVS for all GaN transistors. Its applicability was 
validated by simulation results. It will be practically tested connecting to the AC on both 
the two-inductor unfolding rectifier and the universal onboard charging prototype as the 
future work, proving the control scheme’s flexibility and robustness. 

Overall, the thesis demonstrates that the combination of simplified magnetic 
structures, GaN-based ultra-high-frequency converters, and advanced predictive control 
strategies enables onboard chargers that are compact, efficient, bidirectional, and 
compatible with both AC- and DC-dominated grids. These contributions not only address 
today’s electric vehicle charging challenges but also provide a scalable pathway toward 
sustainable, high-performance, and universally deployable charging solutions. 
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Lühikokkuvõte 
Parendatud võimsustihedusega isoleeritud universaalsete 
kahesuunaliste muundurite kontseptsioon elektriautode 
rakendustele 
Käesolev doktoritöö käsitleb uue põlvkonna elektrisõidukite pardalaadijad (PRL), 
keskendudes universaalsusele, suurele kasutegurile ja parendatud võimsustihedusele. 
Uurimistöö seob kolm põhivaldkonda: topoloogiate arendus, uue põlvkonna transistoride 
rakendamine ja prognoosivad juhtimisalgoritmid. Uued täiustatud topoloogiad võimaldavad 
laadijal töötada korraga nii vahelduv- kui alalisvooluvõrkudes. GaN transistoridel põhinevad 
muundurid on optimeeritud ultra-kõrgsageduslikuks tööks ning prognoosiv juhtimisstrateegia 
sobib hästi MHz-tasemel isoleeritud muunduritele. Nende tehniliste ja süsteemsete 
väljakutsete lahendamine loob aluse uuele PRL klassile, mis on kompaktsed, tõhusad ja 
globaalselt kohandatavad elektrisõidukitele. 

Esmalt pakuti välja kaks PRL arhitektuuri. Kolmefaasiline pingeformeerimispõhine 
võimsusteguri korrigeerija vastab võrgu nõuetele ja kasutab vaid kahte induktiivpooli (kolme 
asemel), vähendades seeläbi kulusid, magnetkomponentide hulka ja andurite vajadust. 
Lahenduse toimivus tõestati nii teoreetilise analüüsi kui ka 3,6 kW prototüübi abil. 
Paralleelselt töötati välja universaalne kahesuunaline PRL, mis suudab töötada nii ühe- kui 
kolmefaasilise vahelduvvooluga kui ka kahe- või kolmejuhtmeliste alalisvooluga. Kasutades 
SiC ja GaN pooljuhte, tõsteti sagedust alaldis (100 kHz) ja isoleeritud alalispingemuunduris 
(1 MHz), misläbi saavutati 11 kW prototüübil 95% kasutegur ja võimsustihedus 4,3 kW/L ning 
tõestati kahesuunaline töö (G2V ja V2G). 

Teiseks arendati edasi nii isoleeritud kui ka mitteisoleeritud GaN põhiseid muundureid. 
Kombineerides omavahel kaskaadjuhtimise, pehmelülitusega modulatsiooni, õhusüdamikuga 
drosselelid ja optimeeritud soojusjuhtimise, saavutati 9 kW mitteisoleeritud muunduri 
prototüübiga kasutegur 99% ja rekordiline võimsustihedus 17,7 kW/L (6 kW/kg). Katsed MHz-
tasemel isoleeritud muundurtopoloogiatega nagu LLC-, CLLC-, mahtuvuslikisolatsioon ja 
asümmeetrilise CLLC kinnitasid, et traditsioonilised LLC/CLLC topoloogiad on PRL-de jaoks 
kõige praktilisemaks lahenduseks, võimaldades pidevat talitlust pehmelülitusega. 
Rakendades õhksüdamikuga trafosid kõrgsagedusmuundurites võimaldas tõsta võimsust 
mitmeid kilovatte vähendades sealjuures kadusid ja säilitades kompaktsuse. 

Kolmandaks töötati välja tsükliline mudelipõhine prognoosiv juhtimine (FCB-MPC), mis 
võimaldab MHz-tasemel lülitamist madalama juhtimissageduse juures. Meetod jaotab 
juhtimistsükleid süsteemi olekute vahel nii, et tagada siinuseline võrguvool, ühe lähedane 
võimsustegur ning pehmelülitus kõigil GaN transistoridel. Selle rakendatavust testiti kahe 
induktiivpooliga formeerimisahelaga alaldis ja universaalses PRL prototüübis. Tulemused 
kinnitasid juhtimisstrateegia paindlikkust ja töökindlust. 

Kokkuvõttes näitab töö, et kombinatsioon lihtsustatud magnetlahendustest, GaN-põhistest 
ultra-kõrgsageduslikest muunduritest ja täiustatud prognoosivatest juhtimisstrateegiatest 
võimaldab välja töötada PRL-d, mis on kompaktsed, tõhusad, kahesuunalised ja sobivad nii 
vahelduv- kui alalisvooluvõrkudega. Need uuendused lahendavad elektrisõidukite 
laadimisega seotud tänased kitsaskohad ning loovad skalleeritava tee jätkusuutlike, suure 
jõudlusega ja globaalselt rakendatavate laadimislahendusteni. 
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R
estrictions on fossil fuels 

and related environmen-

tal pollution issues moti-

vate many organizations 

and countries to set their 

focus on electric vehicles 

(EVs) rather than conventional inter-

nal combustion engine vehicles [1], [2]. 

EVs require an energy storage system 

to store converted electric power in 

another form of energy and then re-

convert the stored energy to electric 

power whenever it is required. The 

energy stored can be converted to 

electric energy for various uses, such 

as movement, lighting, and heating 

(although accessories are supplied by 

a 12-V auxiliary battery; the auxiliary 

battery is supplied by the main battery 

pack or by recuperative energy). Fortu-

nately, many electrical energy storage 

technologies are available, with some 

offered commercially while others are 

in the research and development stage 
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[3], [4]. Electrochemical energy storage 

systems use various technologies [5], 

[6]. Energy storage systems, the heart 

of EVs, are composed of battery cells, 

battery modules, and a battery pack. 

Researchers work on various sections 

of battery packs to improve their perfor-

mance [7]. These sections are illustrat-

ed in Figure 1. As shown in the figure, 

some EV battery technology developers 

are studying chemical materials to in-

crease the capacity, power, energy den-

sity, safety, and cell voltage. In the past 

century, the most common batteries for 

EV applications were Pb–acid and Ni-

based batteries [8]. In current use, Li-

ion-based batteries are at the top.

Ongoing research of battery tech-

nologies for EVs focuses on some 

promising next-generation battery 

technologies for EV applications, 

such as solid electrolyte or aqueous, 

Li-oxygen (O2), and Li-S, along with 

solid-state batteries [9], [10]. Also, re-

search efforts concentrate on the cell 

components to decrease the internal 

resistance of cells, provide thermal 

management conditions, improve per-

formance, reduce the production cost, 

facilitate fabrication, and support the 

stable operation of batteries [11], [12]. 

Eventually, the required high energy 

and voltage for EVs are obtained by 

connecting the selected cells in series 

and parallel [13]. Consequently, novel 

cell materials, cell components, and 

techniques of connecting cells can 

improve the voltage, capacity, weight, 

size, cost, thermal management, and 

safety of onboard battery packs, 

which are all required to upgrade the 

performance of EVs [14]. As a result, 

there are many fields involved in the 

movement toward improved EV bat-

tery pack technologies. Also, many 

different parameters should be con-

sidered during the design of battery 

packs. In this design, it is necessary 

to determine strategies for combin-

ing these parameters. In addition to 

choosing the proper cell chemistry 

and type in the battery pack design, 

some other parameters, shown in Fig-

ure 2, should be considered [7].

This article addresses the various 

technologies utilized by well-known 

EV manufacturers. We discuss the dif-

ferent approaches of various EV manu-

facturers to improve the performance 

(d)

(a)

Li, Ni, Fe, Co, Al, ...

+ve/–ve Terminals

Cathode

Cathode

Cathode

Separator

Separator

Separator

Anode

Anode

Anode

+ve/–ve Terminals

+ve/–ve Terminals

Metal
Case

Metal Case

Metallized Foil Pouch

(b) (c)

FIGURE 1 – The production structure of an onboard battery pack for EVs. The (a) chemical materials, (b) cell components, (c) series- and parallel-
connected cells, and (d) battery pack. +ve: positive; –ve: negative.

Ongoing research of battery technologies for EVs 
focuses on some promising next-generation battery 
technologies for EV applications.
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of their battery packs. The advantages 

and disadvantages of the approaches 

are pointed out to enable better analy-

sis of the performance of the EV bat-

tery technologies.

Basic Types of Battery Storage 
Technologies Used in EVs and 
Their Comparison
The chemistry of batteries distinguish-

es them in terms of their specific power 

rate, specific energy rate, lifecycle, cost, 

performance, and safety. In the early 

decades of the 20th century, Pb–acid 

and Ni-based batteries were utilized 

to power most automobiles. The old-

est rechargeable battery technology is 

Pb–acid-based batteries. Ni-based bat-

teries can provide better electrochemi-

cal characteristics, and they are lighter 

than lead-acid or Pb-acid batteries; on 

the other hand, their cost is approxi-

mately 10 times higher than that of 

lead-acid or Pb-acid batteries.

In many applications, Li-ion-based 

batteries are being replaced with lead 

and Ni-based batteries. Li-ion-based 

batteries are more expensive, but 

their low maintenance and high cycle 

count reduce their per-cycle costs. 

The main Li-ion-based battery types, 

based on their chemical composi-

tion, are LiCoO2, LiMn2 oxide (LMO), 

LiNiMnCoO2 (NMC), LiFe phosphate 

(LFP), LiNiCoAl oxide (NCA), and 

Li titanate (LTO) [17]. Li-ion battery 

cells used onboard EV energy stor-

age systems are also categorized into 

three types, as listed in Table 1: pris-

matic cell, cylindrical cell, and pouch 

cell [18]. The specific energy rate of  

Li-ion-based batteries, Pb–acid batteries, 

and Ni-based batteries are compared 

in Figure 3. It can be concluded that 

the energy rates of Li- ion-based 

batteries are higher compa red to 

Pb –acid and Ni -based batteries.  

The advantages, disadvantages, and 

applications of the battery storage 

technologies are presented in Table 2.  

Li-based battery technologies have 

been dominating the EV onboard 

storage systems market, due to 

the features given in the table. But 

these batteries have some limita-

tions and challenges, and to solve 

Cell Placement

Weight of a Pack

Busbars and Cables Stabilization of Batteries
With Support Elements

Preheating Requirements

Cell placement design is
done to optimize the volume

 of battery packs.

Cell chemistry and capacity
directly affect the size of battery

pack and determine the number of
cells to be connected in 

series and parallel.

Welding methods for packing
battery cells should be

researched to optimize the
cells and modules lifespan.

EVs are expected
to work at a temperature

of –20 °C, while there
is no battery that can

accommodate
this temperature. 

Thus, proper techniques of
battery preheating
should be chosen.

To stabilize battery cells into
modules, support elements are

required.

Analysis of how to connect the
cells’ and modules’ with proper
method and shape is required.

The battery pack weight
must be limited to a certain

value to enhance the
mechanical severability

and strength.

Which parameters should
be considered in the design
process of battery packs?

Cell Chemistry and Capacity Methods of Welding

FIGURE 2 – The parameters to be considered in the battery pack design.

The chemistry of batteries distinguishes them in 
terms of their specific power rate, specific energy 
rate, lifecycle, cost, performance, and safety.
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them requires better technologies. 

Battery technologies are advancing, 

and batteries under research have 

the potential to be the future large-

scale commercial batteries for EV 

applications [13]. Future batteries 

theoretically work amazingly, but 

most of them do not meet the basic 

eight requirements, including high 

specific energy, high specific power, 

safety, a reasonable price, toxicity, 

long life, fast charging, and a wide 

function range, for an ideal battery. A 

limited load current and short cycle 

life often prevent them from being 

commercialized. Besides the eight 

requirements, a battery should have 

a low self-discharge, long shelf-life, 

and capability of providing instant 

start-up whenever required. Meet-

ing all the basic requirements is not 

easy, but researchers have not given 

up. Some of the future batteries may 

find specific markets, but some may 

not come out of laboratories. There-

fore, the advantages, disadvantages, 

and applications of the most promis-

ing experimental batteries are also 

mentioned in Table 2.

Si anodes are a promising technol-

ogy for Li-ion batteries, due to their 

considerably high capacity for storing 

Li. But Si anodes tend to shrink and 

expand during charging and discharg-

ing, which makes the system unstable. 

To reduce the amount of shrinkage 

and expansion, it is proposed to make 

batteries from a composite of Si and 

graphite to maintain their theoretical 

high capacity. However, the cycle life 

is still limited due to some problems 

in the structure [13], [25]. Therefore, 

more research and development are 

needed to make Si-based anode bat-

teries commercialize to meet the mar-

ket demand.

Figure 4 gives a performance sum-

mary of the five main battery chem-

istries through a hexagonal spider 

graphic of the onboard battery storage 

system of EVs. Also, Table 3 summa-

rizes the performance of the five bat-

tery technologies for EVs. Although the 

power rate of the Li–LFP chemistry is 

the highest, there are no significant dif-

ferences among the five chemistries. In 

the terms of safety, Li–NCA takes the 

lowest place. The safety of Li–NMC and 

Li–LMO is lower than that of Li–LFP 

and Li–LTO. In terms of performance, 

since Li–LTO is in the lead, it shows the 

best performance. In terms of the cycle 

life count, Li–LTO has the highest cycle 

life count, but it is the most expensive 

battery chemistry. Therefore, it cannot 

be added considerable things about 

the cycle life count and cost. Although 

Li–NCA has the highest capacity in EV 

applications, the cycle count and safe-

ty will gain more attraction compared 

to capacity.

240

200

160

120W
h/

kg

80

40

0
Pb–Acid Ni–Cd Ni–MH Li–LTO Li–LFP Li–LMO Li–NMC Li–NCA

FIGURE 3 – A comparison of Li-ion-based batteries with Pb–acid and Ni-based batteries in 
terms of specific energy. MH: metal hydride.

TABLE 1 – THE THREE TYPES OF LI-ION-BASED BATTERIES.

CELL TYPE CYLINDRICAL CELL PRISMATIC CELL POUCH CELL

Produced by Li-NMC, Li-NCA, and Li-LMO Li-LFP Li-LFP, Li-NMC, and Li-LTO

Features  Proper cost performance  
and high manufacturability

 Better thermal management performance
 Easy heat exchange between the inside of the cells and 

the cooling system
 Easier design of cooling system [7], [19]

 Accidental swelling and bulging produces 
major safety concerns

 Being gradually marginalized due to safety 
problems [20]

Attractive among  
EV manufacturers

Tesla Toyota, Volkswagen, and BYD Chevrolet, Nisan, Hyundai, BAIC, Mazda, and 
General Motors [13]
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Battery Technology Comparison 
of EV Manufacturers
Table 4 summarizes the character-

istics of the utilized battery cell  

technologies of four well-known EV 

manufacturers (Tesla, Nissan, Chevro-

let, and Kia). The table clearly shows 

that Tesla has elevated the power 

density of its battery cells while pro-

viding a 20% higher energy density by 

increasing the battery size (utilizing 

21,700 cells instead of 18,650 cells) in 

its Model Y and Model 3. As a result, it 

can be concluded that Tesla attempts 

to increase the size of the batteries 

to increase the power, capacity, and 

control of heat generation over the 

previous ones. This results in higher 

power and capacity per pack, with 

fewer cells in the same pack size uti-

lized for the previous cell generations.

While cylindrical batteries are 

attractive for Tesla, other large 

car companies, such as Chevrolet, 

TABLE 2 – THE ADVANTAGES, DISADVANTAGES, AND APPLICATIONS OF THE BATTERY STORAGE TECHNOLOGIES [8], [10], [13], [15], [16].

CELL CHEMISTRY ADVANTAGE DISADVANTAGE APPLICATION

Pb–acid • Economically acceptable due to low price • Low cycle count
• Limited energy
• Pb is toxic

• Lighting and starting in internal 
combustion engine vehicles

• Golf carts
• Wheelchairs
• UPS

Ni based Ni–Cd • Ultrafast charging without considerable stress
• High discharge current
• Long service life
• Work at high temperatures

• Cd is a toxic element
• Memory effect; needs periodic 

full discharges

• UPS
• Medical instruments

Ni–MH • Replacement for Ni–Cd batteries: provide higher energy • Composed of mildly toxic 
metals

• Slight memory effect

• Hybrid cars
• Medical instruments
• Industrial applications

Li-ion  
based

Li–NMC • Can be designed based on application in terms of needed 
energy or power per cell

• Increasing market due to high energy and power

• Expensive • E-bikes
• Medical devices
• EVs

Li–LFP • High electrochemical performance with low resistance
• Safe even when fully charged
• Can tolerate high-voltage conditions for a long time with 

less stress
• High thermal stability, cycle count, and current 

performance

• Low temperature reduces 
performance

• High storage temperature 
reduces lifecycle

• Highest discharge rate among 
Li-ion batteries (makes 
balancing problem with aging)

• Low cell voltage reduces the 
battery energy

EVs and so on

Li–LTO • Fast charging
• High discharge current
• Highest cycle count and best thermal stability among  

Li-ion batteries
• Excellent low-temperature performance (80% capacity  

at –30 °C)

• Low capacity
• Expensive
• Low charging and discharging 

voltage range

• UPS
• Electric powertrains
• Street lighting

Li–LMO • Low internal resistance (proper for high-current 
discharging and fast charging conditions)

• Design flexibility for maximum delivered power, high 
lifecycle, and high capacity

• Expensive • Electric powertrains
• Medical devices

Li–NCA • Highest specific energy, high power, and high lifecycle 
count

• Lowest safety among Li-ion-
based batteries

• Electric powertrains
• Medical devices

Future  
batteries

Li–air • Theoretical specific energy density is up to 2,000–3,000 
Wh/kg, which is a high value

• Poor loading
• Short life
• Need to breathe clean air [21]

Potential for EVs

Li–S • High specific energy density of $2,500 Wh/kg
• Wide operating temperatures
• Good safety
• Low production cost

• Poor loading and cycle life [22]

Li–metal • Good loading capability
• High specific energy
• Rapid charging

• Lithium deposition is 
uncontrolled, which makes 
safety hazards

• Portable and industrial applications
• EVs

Solid-state 
Li-ion

• Wonderful specific energy density and safety
• High potential for large-scale manufacturing and high 

lifecycle
• Possibility of producing in a single large plate piece
• Increasing the driving mileage significantly
• Solving safety problems by reducing heat generation [23]

• Talked about for EVs
• Wheeled mobility
• Electrical energy storage
• Under investigation by BMW, 

Hyundai, and Volkswagen

UPS: uninterruptable power supply; MH: metal hydride.
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Nissan, and Kia, have chosen a dif-

ferent laminated battery type. At 

present, the provided battery tech-

nology by Tesla has reached a high 

rate of production automation, light-

er weight, and higher security and 

compliance, which is proper for mass 

production of batteries. Using this 

battery cell type by Tesla is the best 

choice. But many smaller batteries 

provided by Tesla must be wired in 

parallel and in series to provide the 

required power, energy, and voltage. 

This high number of battery cells 

in the pack requires a complicated 

battery management system (BMS), 

which has been acquired only by 

Tesla. The sheet shape of the laminat-

ed batteries makes them more suit-

able to conduct heat to the cooling 

system outside the batteries. Thus, 

they do not need a complicated cool-

ing system and a complex BMS. But 

generally, the thin aluminum plastic 

film packing of the laminated batter-

ies makes them more vulnerable to 

mechanical damage. Therefore, the 

batteries are prone to major damage 

in the case of critical circumstances 

and car accidents, which is the main 

defect of the cars.

Voltage and Power Level 
of Battery Packs of EV 
Manufacturers
The specifications of some onboard 

battery pack technologies used by 

some reputable EV manufacturers are 

provided in Table 5. This table shows 

that battery technology has been im-

proving and helped with the advent of 

large battery packs with 50–150  kW. 

Although Tesla achieved ultrafast 

charging powers of 200–250 kW in 

models Y and S, with a 400-V pack volt-

age, the other EV manufacturers have 

been able to improve their power only 

by increasing the battery pack voltag-

es to 600–800 V. The charging cables 

and busbars of the battery packs are 

large enough, and it is not possible to 

enlarge them. The charging power can 

be increased significantly by increas-

ing the voltage without changing the 

conductor size and increasing the gen-

eration of heat [2], [26].

An example of an improved battery 

charging profile by increasing the bat-

tery pack voltage is given in Figure 5. 

In the first configuration, the 400-V 

battery pack system is obtained from 

100 series- and four parallel-connected 

battery cells. The 100 series-connected 

battery cells make the battery pack 

voltage around 400 V. Although the 

maximum conduction current of each 

cell is around 150 A, the charging cur-

rent of the four parallel-connected 

battery cells is limited by the maxi-

mum current of the combined charg-

ing system (CCS) connector: 350 A. 

The increased-voltage battery pack 

800-V system is composed of 200 se-

ries- and two parallel-connected bat-

tery cells. The charging current of this 

system is limited by the total maxi-

mum charging current of two cells, 

,I2 300 A,maxCell =  which is lower than 

the maximum current of the CCS, at 

350 A. As a result, the maximum charg-

ing power of the standard battery 

pack system is increased by 71.43% by 

increasing its voltage to 800 V, with-

out increasing the number of battery 

cells and the battery pack capacity. 

But on the other hand, it should be 

considered that the charging current 

of the batteries in the 800-V system is 

150 A versus 87.5 A in the 400-V sys-

tem. This maximum charging current 

increases the heat generation and 

thermal loss in the batteries, which 

can also reduce the lifetime of the bat-

teries. Therefore, this thermal loss in 

the batteries should be managed by a 

well-designed thermal cooling system 

of the vehicle or a thermal capacity. 

However, increasing the voltage rate 

of the battery pack increases the num-

ber of battery channels in the BMS. 

For instance, in Figure 5, in the 800-V  

system, 200 voltage levels should 

be controlled and monitored, versus  

100 voltage levels in the 400-V system. 

As can be seen in Table 5, some of the 

EV manufacturers, including Porsche, 

Hyundai, Kia, and Mercedes-Benz, in-

creased their battery pack voltages 

to provide ultrafast battery charg-

ing stations. Increasing the voltage 

can provide many benefits, such as 

a significant reduction in the cross- 

sectional area and weight of busbars 

Power Rate Energy Rate

Performance

SafetyCost

Cycle Count

Li–LFP
Li–LTO
Li–NMC
Li–NCA
Li–LMO

FIGURE 4 – A performance comparison of the five main Li-ion-based battery chemistries  
utilized in EVs.

The charging power can be increased significantly 
by increasing the voltage without changing the 
conductor size and increasing the generation of heat.
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and cables to handle the same amount 

of power [27], [28]. For example, a ca-

ble to handle the 350-kW fast-charging 

power with a 350-V battery pack volt-

age should conduct a 1,000-A current 

with a reasonable temperature rise. A 

proper cable for this current should 

have a 300-mm2 cross-sectional area, 

which will weigh 3.22 kg/m. Therefore, 

5 m of the cable would have a 16.1-kg 

weight. While this high conducting 

current can be reduced, with an 800-

V battery pack voltage, to 438 A, this 

requires a 125-mm2 cross-sectional 

area, which weighs 1.4 kg/m, and its 

5-m cable would have a 7-kg weight. 

Increasing the voltage to increase the 

power requires more thickness for the 

insulators of cables and busbars, but 

the relative impact is not considerable 

because the needed extra insulation is 

just a few millimeters in thickness, and 

its materials have about a 12.5% den-

sity compared to copper. Moreover, 

increasing the fast-charging power by 

increasing the voltage rather than the 

current would allow the same cooling 

system to be used without significant 

changes and save a significant portion 

of the conducting losses.

It should be considered that the 

battery pack voltage cannot be in-

creased arbitrarily. By increasing the 

voltage from 300–400 V to 600–800 V, 

designers should modify all the devic-

es utilized in the EV system: the con-

ductors need more insulation, motors 

need more turn, dc–dc converters and 

the inverter need to be redesigned or 

use semiconductors with 1.2–1.7-kV 

blocking voltage rates, and so on. This 

will impact all components in different 

ways. For example, the volume of the 

onboard charger (Figure 6) or inverter 

will increase by 10% by increasing the 

voltage range. This 10% is a significant 

increment in the power electronics 

range, but it should be considered 

that the volume of the battery pack 

is 20–40 times more than the power 

electronics size, and this volume in-

crement can be compensated easily 

by the saving in the battery pack volt-

age increase. In addition, the voltage 

level elevation can affect the struc-

ture of fuses and requires putting 

some insulators between fuses and 
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TABLE 5 – A COMPARISON OF THE VOLTAGE AND POWER LEVEL OF THE ONBOARD BATTERY PACKS OF SOME WELL-KNOWN EV MANUFACTURERS.

VOLTAGE
MAXIMUM ONBOARD 
CHARGER POWER

MAXIMUM FAST  
CHARGER POWER

Hyundai Kona SE 319 V 7.2 kW 100 kW

Kia Soul EV 327 V 7.2 kW 100 kW

Chevrolet Bolt EV 350 V 7.2 kW 55 kW

Hyundai Kona SEL 356 V 7.2 kW 100 kW

Kia e-NIRO 4 356 V 7.2 kW 100 kW

Nissan Leaf SL 360 V 6.6 kW 50 kW

Tesla Model X 350 V 17.3 kW, 72 A 145 kW

Tesla Model 3 360 V 11.5 kW, 40 A 120 kW

Tesla Model Y 340 V 11 kW 250 kW

Tesla Model S 400 V 11.5 kW, 48 A 200 kW

Volkswagen ID.3 Pro S 408 V 11 A 125 kW

Mercedes-Benz EQB 420 V 11 kW 100 kW

Mercedes-Benz EQS 500 V 7.4 kW 170 kW

Mercedes-Benz AMG EQS 500 V 7.4 kW 200 kW

Kia EV6 697 V 11 kW 233 kW

Hyundai Ioniq 5 Standard 800 V 11 kW 225 kW

Hyundai Ioniq 5 Long Range 800 V 11 kW 225 kW

Porsche Taycan 4S 800 V 11 kW 400 V:50 kW; 800 V:225 kW

Porsche Taycan 4S+ 800 V 11 kW 400 V:50 kW; 800 V:270 kW

TABLE 4 – THE SPECIFICATIONS OF THE BATTERY CELL TECHNOLOGIES UTILIZED IN SOME RECENT WELL-KNOWN EVs.

TESLA

2018 NISSAN LEAF ZE1 CHEVROLET BOLT KIA e-NIROMODELS S AND X MODELS Y AND 3

Cell type Panasonic 
cylindrical 18650

Tesla and Panasonic or 
LG Chem
Cylindrical 21700

AESC Pouch
Sheet shaped 261 × 216 mm

LG Chem
Ni-rich sheet shaped
300 × 110 mm

SK Innovations
Sheet shaped  
300.5 × 108.5 mm

Nominal voltage 3.8 V 3.6 and 3.7 V 3.65 V 3.75 V 3.75 V

Capacity 3.4 Ah 5 and 4 Ah 56.3 Ah 60 Ah 60 Ah

Voltage range 2.5–4.2 V 2.5–4.2 V 2.5–4.2 V 2.75–4.2 V 2.5–4.2 V

Discharging current Continuous 5.5 A Continuous 15 and 12 A — Continuous 120 A Continuous 120 A

Weight (maximum) 48 g 69 g 914 g 850 g 899.3 g

Temperature range –20~+60 ºC –20~+60 ºC –35~+45 ºC –10~+60 ºC –20~+60 ºC

Dimensions 18.25 × 65.1 mm 21 × 70 mm 261 × 216 × 7.9 mm 300 × 110 × 15 mm 300.5 × 108.5 × 15 mm

Energy density 
(volumetric)

675 Wh/L 689 and 707 Wh/L 460 Wh/L 614 Wh/L 607 Wh/L

Energy density 
(gravimetric)

250 Wh/kg 300 Wh/kg 224 Wh/kg 243 Wh/kg 257 Wh/kg

Cost US$185/kWh US$170/kWh US$236/kWh — —

Number of cells S: 7,104
X: 8,256

4,416 192 288 294
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increasing the separation distance be-

tween them, which increases the cost 

of the fuses. The major challenges of 

increasing the battery pack voltage to 

800 V and the recommended solutions 

are presented in Table 6.

Conclusion
This article compared various types 

of previous, contemporary, and fu-

ture battery technologies for EVs and 

presented their advantages and dis-

advantages. A battery pack designer 

should consider all aspects of the 

design. Currently, Li-ion-based batter-

ies are the best selection for EV bat-

tery packs. But battery pack technol-

ogy is improving, and next-generation 

battery technologies will be commer-

cially available. Although some EV 

manufacturers have invested much 

in battery cell technologies, others 

do not rely on any revolutionary bat-

tery technology. They are trying only 

to rearrange the series and parallel 

connections of battery cells to in-

crease the total voltage of their bat-

tery packs. The only reason is that 

they cannot increase the diameter of 

the conductor, which gets hot during 

fast charging. Considering all the dis-

cussed advantages and disadvantages 

of increasing the battery pack voltage 

from 350 to 800 V for reducing the 

charging time and managing the gen-

erated heat during battery charging, 

we can conclude that the reasonable 

progress achieved in EV technology is 

an evolutionary rather than a revolu-

tionary step forward.

• 400 Battery Cell: 100 Series
and 4 Parallel

• Limited Current by Combined
Charging System Connector
(CCS Connector)

• Maximum Charging
Current = 350 A

• Maximum Charging Power
PMax = 140 kW

• 400 Battery Cell: 200 Series
and 2 Parallel

• Limited Current by Cell Design
ICell, Max = 150 A/Cell

• Maximum Charging
Current = 300 A

• Maximum Charging Power
PMax = 240 kW

71.43% Charging
Power Increase

Charging Current = 350 A

Charging Current = 300 A

I C
el

l =
 8

7.
5 

A

I C
el

l, 
M

ax
 =

 1
50

 A

VMax = 800 V

VMax = 400 V
100 Series
4 Parallel

200 Series
2 Parallel

Maximum
350 A

Maximum
350 A

+

+

–

–

CCS

CCS

FIGURE 5 – The improved battery charging profile by increasing the battery pack voltage from 400 to 800 V. CCS: combined charging system.

The reasonable progress achieved in EV technology  
is an evolutionary rather than a revolutionary  
step forward.
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TABLE 6 – THE MAJOR CHALLENGES OF INCREASING THE BATTERY PACK VOLTAGE OF EVs.

POINT CHALLENGE SOLUTION

High voltages are more likely to make 
an arc and electrocution menace.

Increasing the battery pack voltage 
decreases the safety of passengers, 
especially in car accidents.

Increase the thickness of the insulators and the separation distance between 
conductors.

The total capacity of the series-
connected batteries depends on the 
capacity of the weakest battery.

Increasing the number of series-
connected batteries increases the 
impact of the weakest battery.

 Parallel connecting low-capacity batteries and then connecting in series can help to 
reduce the impact, but it still cannot solve the issue.

 Use a proper BMS, which monitors and manages the individual cells and regulates 
the charge and discharge of each cell to keep all cells at an equal state of charge 
and avoid overworking weaker cells.

 Perform a diagnostic battery cell test before inserting a cell in the battery pack.
 Additionally, it is important to have a regular checkup of the battery pack and 

replace weaker battery cells with new ones to maintain the high performance of the 
battery pack.

A little increase in the battery pack 
voltage requires modifying the circuit, 
parameters, and utilized components 
in the power electronics elements 
of the inverter, onboard charger, and 
dc–dc converter of the EV.

DC voltage link capacitors (shown 
in Figure 6) should tolerate the high 
voltage, while 450 V is the highest 
rate for commonly used capacitors.

 Connect some specific capacitors in series, but this would provide some leakage 
current issues.

 Use film and ceramic capacitors, but utilizing them to provide the high capacitance 
for the dc link will increase the cost of the power electronics circuits.

The switching frequency can be 
increased significantly to decrease the 
size of the magnetic components.

• The higher voltage could lead 
to higher dv/dt and higher 
electromagnetic interference 
problems compared to lower 
voltages.

• The high switching capability 
of the utilized semiconductors 
should be considered.

 The electromagnetic interference issues can be solved with a proper shield and 
by providing fully resonant and soft-switching operations in power electronics 
converters [29], [30], [31].

 The high-voltage-range Si carbide semiconductors, which have high-frequency 
switching capability, can be a proper choice.

 Using gallium nitride semiconductors for their uncommon availability for higher-
than-650-V blocking voltage ranges would be challenging and require redesigning 
the power electronics converters.

dc Link
Cdcac Grid AC–dc

Converter
(Power Factor

Correction)

DC–dc
Converter

Bulky Electrolytic Capacitor

FIGURE 6 – The onboard EV charger.

Authorized licensed use limited to: Tallinn University of Technology. Downloaded on August 27,2025 at 14:04:36 UTC from IEEE Xplore.  Restrictions apply. 



DECEMBER 2023  ■  IEEE INDUSTRIAL ELECTRONICS MAGAZINE 65

control systems and application, and 

stability investigation. He is a member 

of the IEEE Industrial Electronics Society 

and a Senior Member of IEEE.

Dmitri Vinnikov (dmitri.vinnikov@

taltech.ee) earned his Dr.Sc.Techn. de-

gree in electrical engineering in 2005 

from Tallinn University of Technology, 

19086 Tallinn, Estonia, where he is cur-

rently the head of the Power Electronics 

Group, Department of Electrical Power 

Engineering and Mechatronics. He has 

authored or coauthored two books, 

five monographs, one book chapter, 

and more than 400 published papers on 

power converter design and develop-

ment, and he is the holder of numerous 

patents and utility models in this field. 

His research interests include applied 

design of power electronic converters 

and control systems, renewable energy 

conversion systems (photovoltaic and 

wind), impedance-source power con-

verters, and implementation of wide 

bandgap power semiconductors. He is a 

member of the IEEE Industrial Electron-

ics Society and a Fellow of IEEE.

Ryszard Strzelecki (ryszard.

strzelecki@pg.edu.pl) earned his Ph.D. 

degree from Kyiv University of Technol-

ogy in 1984. He is currently a full profes-

sor with Gdan´sk University of Technol-

ogy, 80-233 Gdan´sk, Poland, and Gdynia 

Maritime University, 81-225 Gdynia, Po-

land, as well as a scientific consultant 

for AREX, 81-212 Gdynia, Poland. His re-

search interests include topologies, con-

trol methods and unconventional appli-

cations of power electronic systems. He 

is an elected member of the Committee 

on Electrical Engineering of the Polish 

Academy of Sciences, a member of the 

IEEE Industrial Electronics Society, and a 

Senior Member of IEEE.

Enrique Romero-Cadaval (eromero 

@unex.es) earned his Ph.D. degree from 

the Universidad de Extremadura, 06006 

Badajoz, Spain, where he works in the 

Power Electrical and Electronic Systems 

R&D Group, School of Industrial Engi-

neering. His research interests include 

power electronics applied to power 

systems, covering power quality, active 

power filters, electric vehicles, smart 

grids, energy storage, and renewable 

energy resources. He is the president of 

the IEEE Spain Section, a member of the 

IEEE Industrial Electronics Society, and a 

Senior Member of IEEE.

Igor Tokarski (igor.tokarski@arex.pl) 

earned his M.Sc. degree in electrical engi-

neering from Gdan´sk University of Tech-

nology, Gdansk, Poland, in 2015. He is an 

electronics engineer in the R&D depart-

ment of AREX, 81-212 Gdynia, Poland. 

His research interests include battery 

management systems, high-voltage hy-

brid energy storage systems dedicated 

to industrial and e-mobility applications, 

and battery packs for electric vehicles 

and various applications.

References
[1] H. K. Bai et al., “Charging electric vehicle bat-

teries: Wired and wireless power transfer: Ex-
ploring EV charging technologies,” IEEE Power 
Electron. Mag., vol. 9, no. 2, pp. 14–29, Jun. 
2022, doi: 10.1109/MPEL.2022.3173543.

[2] H. Tu, H. Feng, S. Srdic, and S. Lukic, “Extreme 
fast charging of electric vehicles: A technology 
overview,” IEEE Trans. Transport. Electrific., vol. 
5, no. 4, pp. 861–878, Dec. 2019, doi: 10.1109/
TTE.2019.2958709.

[3] H. L. Ferreira et al., “Characterisation of elec-
trical energy storage technologies,” Energy, 
vol. 53, May 2013, pp. 288–298, doi: 10.1016/j.
energy.2013.02.037.

[4] J. Cho, S. Jeong, and Y. Kim, “Commercial and 
research battery technologies for electrical 
energy storage applications,” Progress Energy 
Combustion Sci., vol. 48, pp. 84–101, Jun. 2015, 
doi: 10.1016/j.pecs.2015.01.002.

[5] E. Chemali, M. Preindl, P. Malysz, and A. Ema-
di, “Electrochemical and electrostatic energy 
storage and management systems for electric 
drive vehicles: State-of-the-art review and 
future trends,” IEEE Trans. Emerg. Sel. Topics 
Power Electron., vol. 4, no. 3, pp. 1117–1134, Sep. 
2016, doi: 10.1109/JESTPE.2016.2566583.

[6] M. S. Guney and Y. Tepe, “Classification and as-
sessment of energy storage systems,” Renew-
able Sustain. Energy Rev., vol. 75, pp. 1187–1197, 
Aug. 2017, doi: 10.1016/j.rser.2016.11.102.

[7] M. U. Cuma et al., “Design considerations of high 
voltage battery packs for electric buses,” Int. J. 
Adv. Automot. Technol., vol. 1, no. 2, pp. 73–79, Apr. 
2017, doi: 10.15659/ijaat.17.04.517.

[8] C. P. Jose and S. Meikandasivam, “A review on 
the trends and developments in hybrid elec-
tric vehicles,” in Innovative Design and Devel-
opment Practices in Aerospace and Automotive 
Engineering, R. Bajpai and U. Chandrasekhar, 
Eds. Singapore: Springer, 2017, pp. 211–229.

[9] S. Hansen et al., “Reliability of silicon battery 
technology and power electronics based en-
ergy conversion,” IEEE Power Electron. Mag., 
vol. 8, no. 2, pp. 60–69, Jun. 2021, doi: 10.1109/
MPEL.2021.3075756.

[10] G. Zubi, R. Dufo-López, M. Carvalho, and G. 
Pasaoglu, “The lithium-ion battery: State of 
the art and future perspectives,” Renewable 
Sustain. Energy Rev., vol. 89, pp. 292–308, Jun. 
2018, doi: 10.1016/j.rser.2018.03.002.

[11] B. Chen et al., “Engineering the active sites of gra-
phene catalyst: From CO2 activation to activate Li-
CO2 batteries,” ACS Nano, vol. 15, no. 6, pp. 9841–
9850, May 2021, doi: 10.1021/acsnano.1c00756.

[12] Z. Xu et al., “MoO2@MoS2 nanoarchitectures 
for high-loading advanced lithium-ion battery 
anodes,” Part. Syst. Characterization, vol. 34, 
no. 3, Feb. 2017, Art. no. 1600223, doi: 10.1002/
ppsc.201600223.

[13] G. Zhao, X. Wang, and M. Negnevitsky, “Con-
necting battery technologies for electric ve-

hicles from battery materials to management,” 
iScience, vol. 25, no. 2, Feb. 2022, Art. no. 
103744, doi: 10.1016/j.isci.2022.103744.

[14] J. Warner, The Handbook of Lithium-Ion Battery 
Pack Design: Chemistry, Components, Types 
and Terminology. Amsterdam, The Nether-
lands: Elsevier, 2015.

[15] X. Hu, C. Zou, C. Zhang, and Y. Li, “Techno-
logical developments in batteries: A survey 
of principal roles, types, and management 
needs,” IEEE Power Energy Mag., vol. 15,  
no. 5, pp. 20–31, Sep./Oct. 2017, doi: 10.1109/
MPE.2017.2708812.

[16] S. R. Ovshinsky, M. A. Fetcenkoand, and J. Ross, 
“A nickel metal hydride battery for electric vehi-
cles,” Science, vol. 260, no. 5105, pp. 176–181, Apr. 
1993, doi: 10.1126/science.260.5105.176.

[17] X. Chen et al., “An overview of lithium-ion bat-
teries for electric vehicles,” in Proc. 10th Int. 
Power Energy Conf. (IPEC), 2012, pp. 230–235, 
doi: 10.1109/ASSCC.2012.6523269.

[18] P. N. Halimah, S. Rahardian, and B. A. Budi-
man, “Battery cells for electric vehicles,” Int. J. 
Sustain. Transp. Technol., vol. 2, no. 2, pp. 54–
57, Oct. 2019, doi: 10.31427/IJSTT.2019.2.2.3.

[19] Q. Wang, B. Jiang, B. Li, and Y. Yan, “A critical 
review of thermal management models and 
solutions of lithium-ion batteries for the devel-
opment of pure electric vehicles,” Renewable 
Sustain. Energy Rev., vol. 64, pp. 106–128, Oct. 
2016, doi: 10.1016/j.rser.2016.05.033.

[20] Y. Chen et al., “A review of lithium-ion bat-
tery safety concerns: The issues, strategies, 
and testing standards,” J. Energy Chem., 
vol. 59, pp. 83–99, Aug. 2021, doi: 10.1016/j.
jechem.2020.10.017.

[21] L. Grande et al., “The lithium/air battery: Still 
an emerging system or a practical reality?” 
Adv. Mater., vol. 27, no. 5, pp. 784–800, Feb. 
2015, doi: 10.1002/adma.201403064.

[22] B. Samaniego, E. Carla, L. O’Neill, and M. 
Nestoridi, “High specific energy Lithium Sul-
fur cell for space application,” in Proc. E3S Web 
Conf., 2017, vol. 16, Art. no. 08006, doi: 10.1051/
e3sconf/20171608006.

[23] A. Bindra, “Electric vehicle batteries eye solid-
state technology: Prototypes promise lower 
cost, faster charging, and greater safety,” IEEE 
Power Electron. Mag., vol. 7, no. 1, pp. 16–19, 
Mar. 2020, doi: 10.1109/MPEL.2019.2961203.

[24] Irena, “Electricity storage and renewables: 
Costs and markets to 2030 paper,” in Proc. Int. 
Renewable Energy Agency, Abu Dhabi, UAE, 
2017, pp. 1–132. 

[25] Handbook on Battery Energy Storage System, Asian 
Development Bank, Manila, Philippines, 2018.

[26] C. Jung, “Power up with 800-V systems: The 
benefits of upgrading voltage power for bat-
tery-electric passenger vehicles,” IEEE Elec-
trific. Mag., vol. 5, no. 1, pp. 53–58, Mar. 2017, 
doi: 10.1109/MELE.2016.2644560.

[27] A. Yoshida et al. “Chademo quick charger con-
nector with excellent operability.” Globalsei. 
Accessed: Nov. 2019. [Online]. Available: https://
globalsei.com/technology/tr/bn84/pdf/84-05.pdf

[28] A. Burnham et al., “Enabling fast charging–
Infrastructure and economic considerations,”  
J. Power Sources, vol. 367, pp. 237–249, Nov. 2017,  
doi: 10.1016/j.jpowsour.2017.06.079.

[29] A. Zahabizadeh and B. Mcdonald, “AEC-Q100 
GaN: Future for on-board charging and high-
voltage DC/DC,” Texas Instruments India Au-
tomotive Seminar, Dallas, TX, USA. [Online]. 
Available: https://www.ti.com/lit/pdf/slyp835 

[30] S. Ditze et al., “A high-efficiency high-power-
density SiC-based portable charger for electric 
vehicles,” Electronics, vol. 11, no. 12, Jun. 2022, 
Art. no. 1818, doi: 10.3390/electronics11121818.

[31] B. Li et al., “A WBG based three phase 12.5 
kW 500 kHz CLLC resonant converter with 
integrated PCB winding transformer,” in 
Proc. IEEE Appl. Power Electron. Conf. Expo. 
(APEC), 2018, pp. 469–475, doi: 10.1109/APEC. 
2018.8341053.

 

Authorized licensed use limited to: Tallinn University of Technology. Downloaded on August 27,2025 at 14:04:36 UTC from IEEE Xplore.  Restrictions apply. 





101 

Paper II 
P. Mohseni, O. Husev, M. Kasper and G. Deboy, “Design Optimization for Enhancing the
Power Density and Efficiency for GaN-Based DC–DC Converter,” in IEEE Transactions on 
Industrial Electronics, doi: 10.1109/TIE.2025.3552273. 





Design Optimization for Enhancing the Power
Density and Efficiency for GaN-Based
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Abstract—This article presents an optimization strategy
for enhancing the efficiency and power density of a GaN-
based dc–dc converter, tailored for different applications
with a wide input voltage range regulation. The optimization
employs air-core inductors and implements a variable switch-
ing frequency modulation method to enable zero voltage
switching turn-on for GaN transistors, facilitating greater flexi-
bility in frequency adjustment and improved thermal manage-
ment. Additionally, a specialized thermal model is introduced
for the interleaved Buck-Boost GaN transistor-based dc–dc
converter, accounting for the presence of a natural convec-
tion heatsink. In the conclusion, theoretical discussions tran-
sition to practical implementation through the testing of a
laboratory prototype. This prototype achieves high efficiency
(around 99%), along with power densities of >17.5 kW/L and 6
kW/kg when equipped with a natural convection (without air-
flow) heatsink. It features a wide input voltage range (110–450
V), a constant output voltage of 350 V, variable switching fre-
quency (18–304 kHz) and supports up to 9 kW output power.

Index Terms—GaN-based dc–dc converter, high efficiency,
high power density, zero-voltage turn-on.

I. INTRODUCTION

THE growing demand for electricity is driving a transition
from traditional power grids to dc microgrids (DCMG),

which provide better power management and simpler control,
thus enhancing reliability. This shift is particularly accelerated
by the increasing use of renewable energy sources, contributing
to a sustainable energy future [1], [2]. Power electronics are vital

for integrating renewable sources like solar panels and battery
storage into microgrids. Key advancements in power converter
technology focus on efficiency and compactness, which can
reduce installation and labor costs for PV inverters, making pho-
tovoltaic (PV) energy more affordable [3]. The Department of
Energy emphasizes maximizing efficiency in PV microconvert-
ers to minimize energy losses and effectively manage heat [4].

Another obvious field where buck-boost dc–dc solution with
superior power density can be required is an electric vertical
take-off and landing (eVTOL) aircraft [5].

Wide band-gap (WBG) devices, such as gallium nitride
(GaN) and silicon carbide (SiC), are increasingly utilized for
higher power density in applications like dc–dc converters. GaN
devices, in particular, provide significant advantages, including
higher switching frequencies compared to traditional silicon
MOSFETs, which leads to faster switching, enhanced effi-
ciency, and smaller passive components that increase power
density and reduce costs. Additionally, GaN transistors do not
have a body diode with substantial reverse recovery charge,
minimizing switching losses during hard-switching. Their low
gate charge further decreases gate-drive losses, making them
highly efficient for high-frequency applications [6].

GaN-based dc–dc converters for high-power applications
require careful design considerations, focusing on enhanced
power density, efficiency, low parasitic inductance, and effec-
tive thermal management, especially in dc microgrids and
renewable energy systems. GaN semiconductors are pivotal in
technological advancements due to their high breakdown vol-
tages, low conduction resistances, and compact sizes. Their abil-
ity to minimize switching losses is crucial for improving power
density [7], [8], as seen in automotive converter systems [9], [10],
[11]. Additionally, GaN technology has significantly enhanced
efficiency and power density in induction power transfer [12],
railway, and photovoltaic applications [13].

In high-frequency operation of dc–dc converters, while size
reduction is achieved, switching losses tend to increase, adversely
affecting efficiency and generating excess heat in GaN-based con-
verters. To optimize efficiency while controlling costs and size, it
is essential to reduce these switching losses. Soft-switching
techniques have proven effective in minimizing switching
losses, allowing for higher frequencies and reduced passive fil-
ter volume, thereby improving efficiency and power density
[14], [15]. Huange et al. [16], [17], [18] have investigated
switching loss mechanisms in high-voltage Cascode GaN
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transistors, identifying that turn-on losses are significant due to
charge stored in the junction capacitor of the freewheeling
diode during hard switching, while turn-off losses are minimal
due to the Cascode configuration’s intrinsic current source
behavior. Their research emphasizes the importance of zero-
voltage switching (ZVS) for GaN devices at high frequencies,
with less concern regarding turn-off current in Cascode GaN
transistors. Additionally, Huang et al. [17], [18] compare the
efficiency and loss distribution between Cascode GaN switches
and Silicon MOSFETs under both hard and soft-switching con-
ditions, demonstrating the performance advantages of GaN
devices. Thus, achieving zero-voltage turn-on is particularly
advantageous for GaN transistors, given their low turn-off
losses and high turn-on losses, indicating significant optimiza-
tion potential.

In high-power applications, effectively dissipating heat from
GaN-based semiconductor devices is challenging due to the lim-
ited space of the thermal pad. This increases the risk of surpass-
ing the maximum junction temperature [19], [20]. However,
achieving peak performance and power density requires careful
consideration of thermal design to address these concerns [21].
Proper heat management is crucial for the reliable operation of
GaN-based PV string dc–dc converters, especially in microgrid
setups with high power densities [22]. Efficient cooling systems,
including optimized heatsinks and thermal interface materials
(TIMs), are necessary to dissipate heat effectively and maintain
optimal temperatures. Selecting the right TIMs, whether adhe-
sive or non-adhesive, is essential for balancing thermal perfor-
mance and ease of assembly [23].

The high switching speed of GaN transistors can be compro-
mised by parasitic inductances and capacitances from PCB
tracks, which increase switching losses and generate voltage
overshoots and ringing on the transistor’s drain-source voltage
waveforms. To mitigate these effects, a low-inductance layout
for both power and gate circuits is crucial, and transistors with
Kelvin-source connections should be used when possible. Inter-
nal capacitances combined with PCB-induced parasitic contrib-
ute to switching losses, but careful placement of tracks and
ground planes can reduce their impact [24].

The focus should be on the essential regulation across a broad
input voltage range, necessitating an alternative approach, par-
ticularly in PV applications. Research indicates that a conven-
tional noninverting buck-boost converter is highly suitable for
these scenarios [25], [26]. The article delves into the utilization
of PV string converters as a case study example for DCMG
applications. It outlines an approach centered around interleaved
buck-boost nonisolated dc–dc converters, which form the funda-
mental components of a previously introduced universal solar
dc–dc/ac converter by a research team [27]. A thorough compar-
ison of the modular buck-boost converter against other options
highlights its superior efficiency and power density for both dc
and ac grid applications. The article confirms that the modular
buck-boost converter excels in dc–dc operation, making it an
optimal choice. Also, approach used in [1] was very similar to
the approach used in [28]. It is assumed that the converter’s fun-
damental waveforms are dictated by the modulation scheme,
independent of components or electrical parameters, which aids

in component sizing and ensures consistent current and voltage
ripple. Ultimately, the conventional buck-boost topology was
found to be the best for wide input voltage regulation. Conse-
quently, optimizing the phase-modular buck-boost PV string
dc–dc converter for DCMG applications, particularly in terms
of power density and efficiency, is a significant approach for
high-power systems (several kWs).

Agrawal et al. [29] and Antivachis et al. [32] explore GaN-
based buck/boost and buck-boost dc–dc converters for various
applications, highlighting advancements in power density and
efficiency. In [29], a converter achieves 1 kW output with 96%
efficiency and a power density of 7.8 kW/L with forced air-
cooling system. In [30], a 1 kW GaN-based interleaved bidirec-
tional buck/boost converter with inverse coupled inductor reaches
98.5% efficiency. Li et al. [31] presents a 3.5 kW bidirectional
GaN-based converter with six-phase interleaving, delivering
97.5% efficiency with 8.7 kW/L power density. Meanwhile,
Antivachis et al. [32] describes a fuel-cell supplied motor drive
system using an interleaved four-switch buck-boost converter,
achieving 1 kW output power, 98.3% efficiency, and 6.6 kW/L
power density. Although these studies demonstrate excellent
performance within their specific applications, they are limited
in addressing the requirements of high-power, high-switching-
frequency, and high-power-density scenarios. While the reported
power densities, efficiencies, and power ranges are adequate for
their intended applications, they are primarily focused on low-
power designs. These studies do not fully address the challenges
encountered in high-power applications (several kilowatts), such
as effective thermal management, achieving optimized soft-
switching techniques, and mitigating core losses under high
inductor current ripple conditions. There is significant potential
for further advancements in these areas to meet the demands of
high-power, high-frequency, and high-density operations.

This article presents significant contributions to the design
and optimization of high-power, high power density, and high-
efficiency dc–dc converters, particularly for solar string applica-
tions within dc microgrids (DCMG). The article introduces neg-
ative valley current mode (NVCM), also known as critical
current mode (CRM), as an effective method for achieving zero-
voltage turn-on in low-power applications [17]. Although CRM
generates substantial current ripple, which can exceed twice the
inductor current, the article addresses this challenge by inter-
leaving multiple module cells to cancel the ripple at the switch-
ing frequency. This approach helps reduce the size of the EMI
filter, a critical factor in maintaining system efficiency. The arti-
cle explores the optimal number of interleaved cells required to
maximize both efficiency and power density, while discussing
the limitations of simply increasing the number of cells in high-
power scenarios.

Moreover, the article identifies that the significant current rip-
ple in high-power converters contributes to increased core losses
in ferrite inductors, especially under high input currents and
switching frequencies. To overcome this, air-core inductors are
employed in PV string applications, effectively mitigating core
losses and saturation currents. This not only enhances the power
output but also improves the converter’s power density. By com-
bining NVCM operation with air-core inductors, the research
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optimizes switching losses, inductor performance, and switching
frequency, ensuring optimal efficiency.

Thermal management plays a crucial role in the performance
of GaN-based converters, and this article provides an in-depth
analysis of thermal strategies, including a tailored top-side cool-
ing design, selection of heatsinks, and thermal interface materi-
als (TIMs). The experimental findings demonstrate that the
proposed design reaches an outstanding 99% efficiency, with
power densities surpassing 17.5 kW/L and 6 kW/kg under high
power conditions of 9 kW using natural convection heatsink.
In contrast, previous studies [29], [30], [31], [32] reported
power densities of 6.6–8.7 kW/L and maximum efficiencies of
96%–98.5% for output powers ranging from 1 kW to 3.5 kW.
These findings highlight the substantial improvements in power
density, efficiency, and thermal management for GaN-based
dc–dc converters in high-power applications. Overall, this arti-
cle offers valuable insights and practical guidelines for advanc-
ing power electronics in DCMG systems, renewable energy
integration, and other high-power applications, providing a path-
way to more efficient, compact, and reliable energy solutions.

II. OPERATION PRINCIPLE

A. Topology

The interleaved approach under examination, depicted in
Fig. 1(a), derives from the established concept of modular
interleaved 4-switch noninverting buck-boost converters inter-
connected at a shared ground point. In this configuration, each
module represents a nonisolated buck-boost dc–dc converter
cells connected to the negative dc terminal (ground). The opti-
mal number of module cells NModule depends on factors such
as the converter’s cost, the power board’s area, the overall
energy stored in the inductances, and efficiency. The findings
reveal a linear increase in both cost and power board area with
the addition of an extra buck-boost cell. Simultaneously, the
energy stored in the inductances exhibits a linear decrease,
allowing for a reduction in inductance size with a higher num-
ber of cells. The following study in the article (Section III-B)

identifies two module cells NModule as the optimal number for
this investigation which is done based on [33]. Fig. 1(b) depicts
the interleaved converter with two identical dc–dc converter
cells explored in this article. The PMC introduces several key
advantages:

1) Buck-boost capability: Leveraging the inherent buck-
boost characteristics of each phase-module, the inter-
leaving allows for the regulation of the output voltage to
the dc-link, which can be either higher or lower than the
dc input voltage.

2) High operational efficiency: In the interleaved configura-
tion, the input current divides among cells, leading to the
distribution of total losses by the number of phases.
Additionally, typically, only one out of the two half-
bridges of each phase is actively switched at any given
time. This approach effectively minimizes switching
losses, resulting in a substantial improvement in the
overall efficiency of the converter.

3) Low input current ripple: In the interleaved approach,
the implementation of a phase shift operation between
cells ensures minimal input current ripple and output
voltage ripple. This, in turn, leads to the compensation
of both output voltage and input current ripples, facili-
tated by the phase shift operation. This flexibility in
managing both inductor current ripple and phase output
voltage ripple reduces the necessity for high-value pas-
sive components in the converter design.

4) Streamlined control strategy: Each individual module
within operates independently of the other module, adopt-
ing a straightforward control configuration reminiscent
of traditional dc–dc converters. This simplicity not only
improves overall system manageability but also enhan-
ces control efficiency.

Each individual module comprises two half-bridges: the buck
half-bridge and the boost half-bridge. These are connected to
opposite terminals of an inductor L. During the operational
phase in which the converter’s input voltage exceeds the output
voltage (Vin > Vout), the converter operates in the buck mode, as
illustrated in Fig. 2(a). In this configuration, only the buck half-
bridge is activated. Conversely, when the converter’s input volt-
age is lower than the output voltage (Vin < Vout), the converter
shifts into boost mode, depicted in Fig. 2(b), where only the
boost half-bridge is activated.

It is crucial to acknowledge that the operating point of each
cell experiences a 180-degree phase shift in comparison to the
other phase. This consideration is vital for a comprehensive under-
standing of the converter’s behavior, especially with regard to the
relative phase shifts between the two buck-boost converters.

A. Variable Frequency Zero-Voltage Turn-on

Employing a variable switching frequency scheme is essential
to uphold zero voltage switching (ZVS) turn-on across the entire
operational range of the converter. Maintaining ZVS turn-on and
emphasizing the necessity to steer clear of hard-switching are crit-
ical for the converter’s functionality for high switching condi-
tions. This approach leads to a substantial reduction in switching

Fig. 1. (a) Voltage source modular interleaved dc–dc converter sche-
matic. (b) Two-phase voltage source interleaved dc–dc converter
schematic.
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losses by not only eliminating the turn-on losses of the transistors
but also eliminating their COSS losses.

In the switching transient, the inductor current IL charges and
discharges the drain-source capacitances, as illustrated in Fig. 3
outlining the current paths. Examining Fig. 3(b) and 3(d) for
both boost and buck modes, ensuring zero-voltage turn-on for
the main transistors and preventing the discharge of stored
energy in the drain-source capacitors during transistors turn-on
(to eliminate COSS losses) requires specific conditions.

It involves completely discharging the drain-source capacitor
of the main transistor, to zero, and fully charging the drain-
source capacitor of the auxiliary transistor to VS (VS is the block-
ing voltage across the transistors which is equal to the output
voltage in the boost mode or input voltage in the buck mode)
[34], [35]. Achieving zero-voltage turn-on for the transistor S
necessitates the careful management of the stored energy in the
inductor L during the turn-on transient of the transistor. This
ensures that the parallel capacitors can discharge, or charge as
needed, and this behavior can be effectively modeled as fol-
lows [14]:

0:5L:IL−Valley
2 � CQ,eqðVSÞ:V2

S þ 0:5CPar:V
2
S (1)

where CQ,eq and CPar are the charge-equivalent capacitance of
the main transistor and the parasitic capacitances at the switch-
ing node, including those from the PCB and the inductor’s
inherent capacitance, respectively. Also, IL�Valley is the mini-
mum negative current through the inductor L. In this article,
the parasitic capacitance CPar is neglected due to the careful
design of the PCB for high switching frequency conditions.

To ensure smooth ZVS completion before activating the aux-
iliary (Sa) transistor, the dead time Td must be configured to
exceed this transition time DTSW�Transient [14], [36], [37]. By
straightforwardly analyzing the circuits in Fig. 3 and approxi-
mating that the inductor current remains constant during the
switching transient, the switching transient time DTSW�Transient is
determined as follows:

DTSW�Transient � VSðCQ,eqðVSÞ þCQ,eq,aðVSÞÞ=IL�Valley � Td:

(2)

In (2), CQ,eq,a is the charge-equivalent capacitance of the aux-
iliary transistor. This analysis provides insights into the crucial
interplay of inductor current, drain-source capacitance, and dead
time in facilitating ZVS during the turn-on transient.

The variable frequency zero voltage turn-on (VFZVTO)
scheme utilizes the switching frequency to regulate the ripple
current in the inductors L1 and L2. Achieving ZVS involves
ensuring that the peaks and valleys of inductors L1 and L2 cur-
rents meet the ZVS boundary condition of dead time (Td) and
peak/valley inductors currents. Precisely controlling the switch-
ing frequency enables the strategic placement of peaks and val-
leys to consistently satisfy this boundary condition. Determining
the desired placement of these inductors L1 and L2 current points
involves setting the valley point to a predetermined value known
as the inductor threshold current (IL�Valley). IL�Valley is estab-
lished based on the boundary condition derived from the
transistors total output capacitance (CQ,eq þ CQ,eq,a). The
value of CQ,eq þ CQ,eq,a affects the switching transient time
DTSW�Transient, and the dead time must surpass DTSW�Transient to
facilitate ZVS before activating the auxiliary transistor. Failure
to achieve this sequence may lead to partial hard turn-on losses,
compromising the maintenance of soft-switching. It is notewor-
thy to mention that while attempting to regulate the frequency
for boundary conduction mode (BCM) of the dc–dc converter
can achieve zero-current switching (ZCS) turn-on to eliminate
turn-on switching losses of the main transistors, it does not
address the COSS losses. These losses persist and contribute sig-
nificantly to switching losses, particularly in high switching fre-
quency conditions. The COSS losses, as computable in (3), can
only be mitigated by ensuring a negative and appropriate induc-
tor threshold current IL�Valley

PCOSS Loss
SW ¼ QOSSðVSÞ:VS:fSW ¼ CQ,eqðVSÞ:V2

S :fSW : (3)

In (3), fSW is the switching frequency of the transistors and
QOSS is the charge storing in COSS of the main transistors.

When dealing with positive average L inductor current, it is
essential to establish the current ripple at a level where the val-
ley point is situated below the negative threshold current level
(−IL�Valley). This arrangement ensures that the negative inductor

Fig. 2. Two operational modes of the dc–dc PMC: (a) buck mode, when
the input voltage surpasses the output dc-link voltage (Vin > Vout); and (b)
boost mode, when the output voltage is greater than the input voltage (Vin
< Vout).

Fig. 3. Current paths involved in charging and discharging the drain-
source capacitance during switching transients for both buck and boost
operation modes. The diagram distinguishes between two scenarios for
each mode: (a) upper turn-off and lower turn-on transient in buck mode;
(b) upper turn-on and lower turn-off transient in buck mode; (c) lower turn-
off and upper turn-on transient in boost mode; (d) lower turn-on and upper
turn-off transient in boost mode; and (e) current flows through the inductor
L (either L1 or L2) related to both buck and boost modes, demonstrating
the peak and valley of the inductor current.
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current effectively discharges the main transistor output capaci-
tance during the turn-off transient of the auxiliary transistor.
Soft-switching for the main transistors is attained when the neg-
ative inductor current (−IL�Valley) completely discharges the
main transistor output capacitances in the turn-off transient
period of the auxiliary transistors. However, it is important
to note that supplying a substantial negative valley current
(−IL�Valley) leads to significant turn-off losses for the auxiliary
transistors, which is undesirable. Additionally, creating a high
current ripple in the inductors to achieve a large negative valley
current increases the turn-off current, leading to higher turn-off
losses for the main transistors, which is also not recommended.
To illustrate these, Fig. 4 depicts the theoretical switching losses
of the interleaved dc–dc converter under specific operating
parameters: 20 A input current, 350 V output voltage, 450 V
input voltage, and a 218 kHz switching frequency. The theoreti-
cal breakdown of the main switches’ switching losses, including
the main switches’ turn-on loss, turn-off loss, and COSS loss are
shown Fig. 4(a). Since the auxiliary switches turn-on under ZVS
conditions, only their turn-off losses are shown in Fig. 4(b). Fig.
4(b) displays the total switching losses for both the main and
auxiliary transistors, as well as the combined overall switching
losses. The analysis considers the use of GS66516T GaN tran-
sistors for Sa1–Sa4 and GS66508T GaN transistors for S1–S4. For
inductor values exceeding 14 lH, the converter operates under
fully hard switching conditions, leading to significantly high
switching losses. The converter operates in BCM when the
inductor value is approximately 14 lH. Even though the main
transistors switch on under ZCS, some COSS losses persist.
When the inductor value ranges between 12 lH and 14 lH,
COSS losses are partially mitigated, but the complete zero-
voltage turn-on cannot be realized. For inductor values below
12 lH, COSS losses are entirely eliminated, enabling the main
transistors to switch on entirely under ZVS conditions. How-
ever, lowering the inductor value below 14 lH increases turn-
off losses for the auxiliary transistors, highlighting the need to
avoid reducing the inductor value significantly below 12 lH.
Additionally, enabling ZVS turn-on for the main transistors,
reduces their switching losses and the resultant heat generation,
significantly. This approach is particularly beneficial in GaN
transistors, where managing heat dissipation presents a significant

challenge due to limitations in their cooling pad size. This reduc-
tion in heat production plays a crucial role in effectively manag-
ing the thermal conditions of GaN transistors, thereby enhancing
the reliability and performance of the interleaved dc–dc converter.
This fact is empirically demonstrated in Section IV of the article.
However, designers should carefully navigate the tradeoff
between the turn-off losses of the main transistors and the aux-
iliary transistors, taking into account the specifications pro-
vided in the datasheets for both main and auxiliary transistors.
The determination of the switching frequency required to
achieve the desired current ripple for any given IL-Valley value
can be computed as follows:

fSW¼ ðVin−VoutÞd=2LðIL�AVGþjIL−ValleyjÞ Vin>Vout,Buck

Vind=2LðIL−AVGþjIL−ValleyjÞ Vin<Vout,Boost:

�
(4)

In the given equation, Vin, IL�AVG, Vout, and d represent the
input voltage, average of each inductor current, output voltage,
and the converter duty cycle, respectively, the values of the duty
cycle d can be derived from the regulated output voltage and the
obtained input voltage using the following equation:

d ¼ Vout=Vin Vin > Vout,Buck

ðVout −VinÞ=Vout Vin < Vout,Boost:

�
(5)

To enhance efficiency, minimize conduction losses, and elim-
inate core losses, it is advisable to use low inductance values,
allowing for the implementation of the air-core inductors. This
approach eliminates the risk of core saturation at the peak induc-
tor current point and completely eradicates core losses. Also, the
ferrite cores exhibit frequency-dependent behavior, making
them unsuitable for variable switching frequency conditions.
However, practical implementations necessitate a relatively pre-
cise measurement of the inductance, denoted as L. The control-
ler iteratively calculates (4) to determine the correct switching
frequency required for achieving critical zero voltage turn-on.
This iterative process ensures that the switching frequency is
dynamically adjusted to maintain optimal zero voltage turn-on
conditions in the system. As an example, utilizing (4) and (5)
with inductors value L ¼ 12 lH, the optimal switching fre-
quency is presented in Fig. 5 for a scenario involving a 20 A
input current, IL�Valley of −2 A, and a 350 V output voltage,
across an input voltage range of 110–450 V.

At 350 V input voltage, the calculated frequency reaches
zero. However, in practical terms, a switching frequency is zero
for only one point particular. Therefore, in practical implemen-
tation, the minimum switching frequency is determined to be 18
kHz for input voltage ranges between 345 V and 355 V, which
closely aligns with the output voltage of 350 V. Moreover, rec-
ognizing the need for the converter to operate within the range
of 18–304 kHz, and to overcome limitations associated with
switching frequency and eliminate core losses, adopting a GaN
transistor-based converter with air-core inductors is deemed a
suitable choice. This technology choice addresses the practical
constraints and enables the converter to operate efficiently
within the desired frequency range.

Fig. 4. Calculated switching losses for the interleaved dc–dc converter
with 20 A input current, 350 V output voltage, 450 V input voltage, 217
kHz switching frequency versus various inductor values 5–20 lH (under
three operation regions): (a) breakdown of switching losses for the main
switches’ turn-on loss, turn-off loss, COSS loss and total switching losses
under three operation regions; and (b) switching losses of the main tran-
sistors, auxiliary transistors, and the total switching losses.
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III. DESIGN CONSIDERATIONS

A. Power Losses Analysis

In the realm of efficiency analysis and loss calculations, it is
beneficial to consider this converter topology as comprising two
distinct buck-boost converters, with each one dedicated to serving
a single phase. This perspective enables the independent calcula-
tion of losses for each phase, and the efficiency of each phase
provides a representative measure of the overall converter perfor-
mance. It’s essential to highlight that each individual buck-boost
converter generates a dc output voltage of 350 V, introducing var-
iations in its operating point relative to the input voltage.

The total converter loss can be dissected into three distinct
components: transistors conduction loss, transistors switching
loss, and inductor winding loss. In this analysis, capacitor losses
are deemed negligible. As mentioned earlier, in this converter
design, all transistors are configured to turn on under ZVS con-
ditions. Consequently, the analysis neglects both the turn-on
losses and COSS losses of all transistors. In the context of switch-
ing losses, the focus is solely on turn-off losses. The transistors
switching losses can be computed using the following equation:

PSW ¼
1
2
Vin

Iin
2
6
ðVin−VoutÞVout

2fSWVinL

� �zfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl}|fflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl{
ðþÞ IL−Peak for Main transistor
ð−Þ IL−Valley for Auxiliary transistor

fSWðtrvþ tfiÞ Vin>Vout

1
2
Vout

Iin
2
6
Vin ðVout−VinÞ

2fSWVoutL

� �
|fflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl{zfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl}
ðþÞ IL−Peak for Main transistor

ð−Þ IL−Valley for Auxiliary transistor

fSWðtrvþ tfiÞ Vin<Vout:

8>>>>>>>>>>>><
>>>>>>>>>>>>:

(6)

In the provided equations, trv and tfi represents the drain-
source voltage rise time and current fall time during the turn-off
period for each transistor which can be obtained from the

datasheets of the transistors. Equation (6) is thoroughly explained
in [38], [39], [40], including the calculations for the trv and tfi val-
ues from the parameters presented in transistors datasheets. The
conduction losses of the transistors can be calculated using formula
PCond:
S ¼ RDS�Main � IDS_rms2, which involves determining the

root-mean-square (rms) current flowing through the transistors as
follows:

PCond:
Main ¼

RDS�Main � fSW
Ðd=fSW
0

IL−ValleyþVin−Vout

L
t

� �2

dt Vin>Vout

RDS�Main � fSW
Ðd=fSW
0

IL−ValleyþVin

L
t

� �2

dt Vin<Vout

8>>><
>>>:

(7)

PCond:
Auxiliary

¼
RDS�Aux � fSW

Ðð1−dÞ=fSW

0

IL−Peak−
Vout

L
t

� �2

dt Vin>Vout

RDS�Aux � fSW
Ðð1−dÞ=fSW

0

IL−PeakþVin−Vout

L
t

� �2

dt Vin<Vout:

8>>><
>>>:

(8)

In (7) and (8), RDS is the drain-source conducting resistance of
the main and auxiliary transistors. Lastly, the winding losses of
each inductor can be calculated by determining the rms current
flowing through the inductors as follow to as shown in (9), at
the bottom of this page.

In (9), Rdc
L represents the dc resistance of each inductor. It is

important to note that, given the variable switching frequency
range of the converter (18–304 kHz), the conducting resistance of
the inductors is subject to change due to the skin effect. Also,
in (9), Fr is a factor that links the dc resistance to the ac resistance,
which takes into account all winding losses when an ac current
with an rms value is applied. If the conductor’s diameter is less
than the skin depth and there are many strands (nLitz > 25), Fr can
be approximated using an approach provided in [43] and is shown
in the following equation:

Fr ¼ 1þ ðml� p� l0 � KLayer � fS=12qWÞ2 � nLitz � dS
4

(10)

where qW represents the resistivity of copper, dS is the diameter of
the copper conductor, KLayer denotes the layer utilization factor
(discussed in detail in [43]), and ml refers to the number of layers
in the winding.

B. Selection Between Air-Core and Magnetic-Core
Inductors

To demonstrate the advantages of air-core inductors, we
designed and compared air-core inductors with ferrite-core

Fig. 5. Calculated optimal switching frequency for an interleaved dc–dc
converter with inductors value (L) of 12 lH, a 20 A input current, an induc-
tor valley current (IL-Valley) of −2 A, and a 350 V output voltage which cov-
ers a range of input voltages from 110 to 450 V, corresponding to input
power levels of 2.2 to 9 kW.

PCond:
L ¼

FrRL
dc fSW

Ðd=fSW
0

IL−Valley þ Vin−Vout

L
t

� �2

dt þ Ðð1−dÞ=fSW

0

IL−Peak −
Vout

L
t

� �2

dt

 !
Vin> Vout

FrRL
dc fSW

Ðd=fSW
0

IL−Valley þ Vin

L
t

� �2

dt þ Ðð1−dÞ=fSW

0

IL−Peak þ Vin−Vout

L
t

� �2

dt

 !
Vin< Vout:

8>>>>><
>>>>>:

(9)
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inductors, using the EPCOS N87 Mn-Zn ferrite material, which is
suitable for the converter’s operating frequency range. Fig. 6 illus-
trates the comparison of total losses (both core and copper losses)
between ferrite-core inductors and air-core inductors across vary-
ing output power levels. The results clearly indicate that air-core
inductors exhibit much lower losses than N87 ferrite-core induc-
tors, particularly at high switching frequencies and in conditions
with large inductor current ripples. Therefore, utilizing air-core
inductors in the proposed design optimization significantly reduces
power losses and enhances the converter’s overall efficiency.

C. Determining the Optimum Number of Module Cells
NModule

The operating conditions for the converter are as follows: the
input voltage range is 110–450 V, the input current is 20 A, the
output voltage is 350 V, and the output power range is 2.2–9
kW. As discussed in the main manuscript, to ensure ZVS opera-
tion for the transistors, the IL�Valley current should be −2 A.
Based on these conditions, the optimal variable switching fre-
quency for different numbers of cells is shown in Fig. 7. It
should be mentioned that, increasing the number of module cells
(NModule) causes the current through each inductor to be distrib-
uted among the cells, thereby reducing the average current
through each inductor. As the average current per cell decreases,
the required current ripple for ZVS operation also diminishes.
As a result, the switching frequency increases [because of reduc-
tion of current ripple, also considering (4)] with a higher number
of module cells. Therefore, while increasing the number of mod-
ule cells NModule reduces the RMS current through the transistors
and inductors, it significantly increases the required switching
frequency. The calculated switching and conduction losses for
the transistors with varying numbers of module cells (NModule)
are shown in Fig. 8(a) and 8(b). From these figures, it can be
concluded that It should be noted that although increasing the

number of module cells reduces conduction losses through the
transistors, it also significantly increases the switching losses
(turn-off losses) due to increasing the required switching fre-
quency. Furthermore, increasing the number of module cells
beyond NModule ¼ 2 does not result in a substantial reduction in
the transistors’ conduction losses.

The total transistor losses, accounting for both conduction
and switching losses, are presented in Fig. 8(c). It is evident that
increasing the number of module cells from NModule ¼ 1 to
NModule ¼ 2 significantly reduces total transistor losses, but fur-
ther increases in the number of module cells not only add more
components but also raise the total transistor losses. Addition-
ally, it should be noted that higher transistor losses lead to
increased heatsink requirements, which, in turn, raise the total
volume and weight of the converter. This also complicates ther-
mal management, requiring higher-quality thermal interface
materials to effectively transfer heat from the transistors to the
heatsink. Moreover, it should be noted that, based on this figure,
while the total transistor losses for NModule ¼ 2 are slightly
higher than those for higher NModule in some power ranges, the
total losses for NModule¼ 2 are lower in the critical power ranges
where transistor losses are at their peak (at Pout ¼ 9 kW).
Since thermal management is designed around these critical
points, using NModule ¼ 2 would result in a smaller heatsink
volume compared to higher NModule, leading to a reduced
overall converter volume, number of components and increased
power density.

Fig. 6. Comparison of total inductors losses with ferrite core N87 and
air-core versus the output power.

Fig. 7. Calculated optimal switching frequency for a modular dc–dc con-
verter with various number of module cells NModule.

Fig. 8. Theoretical losses and efficiency for an interleaved dc–dc con-
verter with various number of module cells NModule: (a) total conduction
and switching losses of transistors; (b) total inductors losses; (c) total
losses versus output power; and (d) efficiency versus output power.
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The total conduction losses of the inductors for various NMod-

ule values are also shown in Fig. 8(d). It should be noted that,
although the average and rms currents through the inductors
decrease as the number of module cells increases, the required
switching frequency to achieve ZVS also rises with the number
of module cells. Considering (10), it can be concluded that an
increase in switching frequency leads to higher ac resistance in
the inductors, which prevents the inductor conduction losses
from decreasing when the number of module cells exceeds
NModule ¼ 2 under high-frequency conditions.

Fig. 8(e) and 8(f) present the calculated total losses and effi-
ciency of the interleaved dc–dc converter with varying numbers
of module cells (NModule) under the mentioned operation condi-
tions. Based on these figures, it can be asserted that with NModule

¼ 2, the converter achieves the lowest total losses and the high-
est efficiency. Therefore, it can be concluded that NModule ¼ 2
not only allows for the design of an optimal heatsink size, con-
tributing to the highest power density, but also enables the con-
verter to achieve optimal efficiency.

D. Appropriate Thermal Management Strategy Based
on Power Level

The power density of the converter relies on the inductors
size and the chosen heatsink. Proper heat dissipation from the
transistors to the ambient is crucial for efficient operation. The
size of the heatsink is determined by the power losses (conduc-
tion and switching losses) through the transistors. The converter
comprises eight transistors S1–S4 and Sa1–Sa4. Main transistors
require high switching performance, while auxiliary transistors
should have low conduction losses (low RDS). Therefore, differ-
ent transistors are chosen for the main and auxiliary roles. To
guide heatsink and TIM selection, understanding the thermal
resistance (RhJC) and maximum power loss of each transistor is
essential.

The thermal design approach for top-side cooling, including
details on the selection of TIM and heatsink, is thoroughly dis-
cussed and supported by experimental validation in [23]. Fur-
thermore, the article presents a detailed thermal model tailored
to the interleaved Buck-Boost GaN transistor-based dc–dc con-
verter, addressing key aspects of thermal management with the
inclusion of a heatsink. This comprehensive analysis offers
important contributions to the understanding of thermal manage-
ment in GaN-based converter systems.

With an equal input current, conduction losses remain cons-
tant in boost mode across all input voltages. However, in buck
mode, these losses increase linearly with the input voltage. On
the other hand, switching losses (turn-off losses) depend on the
switching frequency and voltage stress across the transistors.
Considering the worst-case scenario at 450 V input voltage
(which has the highest conduction and switching losses for tran-
sistors, highest switching frequency in Buck mode, and highest
voltage stress across the transistors), the heatsink design should
focus on dissipating maximum heat. In the buck mode, S1 and
S3 serve as main transistors, while Sa1 and Sa3 act as auxiliary
transistors. Sa2 and Sa4 conduct continuously, and S2 and S4
remain off. The thermal equivalent circuit for one phase of the

interleaved GaN-based dc–dc converter involves three discrete
top-side-cooling GaN transistors responsible for dissipating
power losses is provided in Fig. 2 of reference [23]. The thermal
modeling is conducted for one phase and can be extended to two
phases by doubling losses and paralleling the thermal resistan-
ces. The model represents the interleaved Buck-boost dc–dc
power converter, considering a shared natural convection heat-
sink for all top-side cooling transistors. This model incorporates
parameters reflecting major heat transfer pathways within the
converter, with power losses stemming from main, auxiliary,
and continuously conducting transistors.

In GaN transistors, the restricted size of the thermal pad on
their top highlights the importance of the TIM in facilitating effi-
cient heat transfer. While the choice of an appropriate heatsink
is vital, the effectiveness of heat transfer hinges significantly on
the selection of an appropriate thermal interface. Without a care-
fully chosen thermal interface, optimal heat dissipation effi-
ciency may not be achieved, even with the use of a large
heatsink or an active cooling system.

Calculating the thermal resistance of a TIM from the top side
of the transistor to the heatsink can be done straightforwardly by
taking into account the thermal pad area of the transistor. The
thermal resistances of the TIMs for each type of transistor can
be determined using the thermal impedance value provided in
their datasheet, utilizing the following equation [23]:

RTIM
Thermalð�C=WÞ ¼ Thermal impedance ð�C � inch2=WÞ

Thermal pad area ðinch2Þ : (11)

The total maximum power losses for each continuously con-
ducting transistor, main transistor, and auxiliary transistor within
the 2.2–9 kW output power range are identified as 7.64 W,
26.58 W, and 4.64 W, respectively. When taking into account the
thermal equivalent circuit for the converter [depicted in Fig. 2(b)]
and thermal resistances of the transistors RhJC and TIMs RhCS,
thermal resistance of heatsink for each continuously conducting
transistor, main transistor, and auxiliary transistor, can be calcu-
lated using the expression [23]

RhSA ¼ ½ðTJunction − TAmbientÞ=2QLoss	 − ðRhJC þ RhCSÞ=2:
(12)

In this equation, TJunction, TAmbient, RhSA, and QLoss denote the
target junction temperature, ambient temperature which is con-
sidered 30�C, thermal resistance of the heatsink, and maximum
power loss of the transistor, respectively. Typically, the maxi-
mum specified operating junction temperature in the transistor
datasheet is utilized for TJunction.

Determining the volume of a heatsink, considering its obtained
thermal resistance, involves accounting for various additional fac-
tors. These factors encompass specific dimensions of the heatsink,
the type of heatsink utilized, flow configuration, orientation, sur-
face finish, altitude, and other pertinent parameters [41].

E. Efficiency and Power Density Optimization

When dealing with air core inductors, the calculation of their
volume becomes simpler compared to inductors with a ferrite
core. Since air core inductors typically have a coil wound
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around a nonmagnetic form, the volume calculation can be
approximated by considering the physical dimensions of the
coil. Understanding the volume of air core inductors remains
crucial for design considerations, particularly when assessing
the overall physical layout, space constraints, and thermal
aspects of the electronic system or circuit. Accurate volume cal-
culations contribute to efficient system integration and optimiza-
tion of the overall design. The volume of the inductors can be
calculated as follows [42], [43]:

L¼ l0pn
2a2

hþ 0:9aþ ð0:32hc=aÞ þ 0:84c
,a¼ r1 þ r2

2
,c¼ ðr2 − r1Þ

(13)

where the symbols L, n, h, r1, and r2 represent the inductance
value, total number of turns, coil length in meters, coil inside
radius in meters, and coil outside radius in meters, respectively.
The suggested design for the solenoid inductor is rooted in the
Brooks inductor geometry [42]. This geometry addresses the
challenge of maximizing inductance with a given length of wire.
Through research, it has been determined that among all possi-
ble rectangular sections, the optimal shape is a square, where the
coil length (h) equals the coil thickness (r2–r1). Additionally, it
has been established that the coil outside radius should be
approximately two times the coil inside radius, with the relation-
ship r2 ¼ 2r1. Therefore, (12) can be rewritten as L ¼
2.029l0(r2–r1)n

2. Utilizing the design procedures outlined in
references [42] and [43], it is possible to determine the dimen-
sions of the air-core inductors.

Fig. 9(a) illustrates the calculated switching and conduction
losses of the transistors, as well as the conduction losses of the
inductors, and the total losses in buck operation mode. These
calculations are based on a fixed 220 kHz switching frequency,
with a 20 A input current and a 450 V input voltage, considering
the use of GS66516T GaN transistors for Sa1–Sa4, and GS66508T
GaN transistors for S1–S4.

In this operational scenario, using a 14 lH inductor value
leads the converter to operate in BCM, where the main transis-
tors turn on under ZCS conditions. Decreasing the inductor
value induces negative inductor valley current IL-Valley, which

reduces the COSS losses of the main transistors. Sufficient nega-
tive IL�Valley can eliminate COSS losses and enable the main tran-
sistors to turn on under ZVS conditions. However, providing
significant negative inductor valley current increases the turn-
off losses of the auxiliary transistors, thereby increasing the total
switching losses of the converter. Although the switching losses
of the main transistors reach a minimum around a 12 lH induc-
tor value, the minimum total switching losses occur at around
12.5 lH. Hence, reducing the inductor value significantly after
reaching a sufficient negative valley current may not be
advisable.

The minimum conduction losses for all transistors occur
when the inductor value is approximately 7.5 lH. Conduction
losses do not increase significantly when the inductor value
increases to 12 lH, compared to the increase in total switching
losses when decreasing the inductor value to around 10 lH.
Therefore, the minimum total losses (conduction losses þ
switching losses) of the transistors are achieved at an inductor
value of around 12 lH. Due to the mentioned thermal manage-
ment challenge on GaN transistors, although maximizing power
density is the design’s primary goal, the generalized optimiza-
tion strategy focuses on minimizing total transistor losses. Oper-
ating the converter at this point not only increases efficiency but
also aids in thermal management for the GaN transistors, a criti-
cal consideration. Additionally, designing the converter to mini-
mize transistor losses allows for the selection of a smaller
heatsink volume to dissipate generated heat.

Furthermore, the minimum conduction losses of the inductors
are observed at an inductor value of approximately 8 lH, attrib-
uted to the minimal value of conducting rms current through the
inductors and low inductor resistance. However, the conduction
losses of the inductors do not exhibit a significant increase for
inductor values ranging from 8 lH to 12 lH. Consequently, the
minimum total losses (comprising conduction losses of induc-
tors and total losses of transistors) are recorded at an inductor
value of approximately 9 lH. Nevertheless, there is no notable
difference in losses (less than 10W) for inductor values between
9 lH and 12 lH.

As depicted in Fig. 9(b), the graph illustrates theoretical cor-
relation between the inductors value L and various parameters
such as their volume, required heatsink volume, total volume of
heatsink and inductors, and maximum switching frequency
fSW–Max for specific operating conditions. Considering (4) and
Fig. 5, the maximum switching frequency obtains at 175 V input
voltage in boost mode. These conditions include a 20 A input
current, an inductor valley current IL�Valley of −2 A, and a 350
V output voltage, spanning an input voltage range of 110–450
V. The analysis utilizes TG-A1780- 150-150-0.8 thermal inter-
face material, GS66516T GaN transistors for Sa1–Sa4, and
GS66508T GaN transistors for S1–S4. It is evident from the figure
that the minimum volume of the inductors can be attained within
for 7–8 lH inductor values. Notably, there is no substantial
increase in the volume of the inductors for inductor values rang-
ing from 7 lH to 12 lH compared to their minimum volume. It is
noteworthy that while reducing the inductor value leads to a
decrease in the conducting resistance of the inductors RL and the
physical volume of the inductors, it also results in an increase in

Fig. 9. Calculated switching and conduction losses of the transistors,
conduction losses of the inductors, total losses, inductors volume, required
heatsink volume, and total volume of heatsink and inductors versus the
inductor values: (a) calculated losses for buck operation mode considering
a constant 220 kHz switching frequency, 20 A input current, and 450 V input
voltage; and (b) inductors, heatsink and inductorsþ heatsink volumes.
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the switching frequency fSW for the same operating conditions.
This increase in switching frequency, in turn, raises the switching
losses of the transistors. Higher switching losses necessitate a
larger volume of heatsink to effectively dissipate the heat from
the top side of the GaN transistors to the ambient. Consequently,
decreasing the inductor value results in an increased volume of
the heatsink. Given the emphasis on thermal management due to
the use of GaN transistors, selecting the point of minimum losses
for the transistors, particularly for the main transistors, is crucial.
Operating the converter at the point of minimum losses for the
transistors (around 12 lH inductor value) not only increases
power density but also aids in transistor thermal management. It
is evident from the figure that decreasing the volume of the induc-
tors leads to an increase in the volume of the heatsink. While the
volume of the inductors is at its minimum for a 7 lH value, there
exists a significant difference in the heatsink volume between 5
lH and 10 lH inductors values due to the significant switching
frequency and switching losses increasement for the reduced
inductors value. However, the difference in heatsink volume
between 10 lH and 15 lH inductor values is not notably signifi-
cant compared to the volume increasement of the inductors, and
any difference in the heatsink volume can potentially be mitigated
by employing other techniques such as airflow configuration or
surface finish. Therefore, the minimum total volume of the induc-
tors and the heatsink is achieved with a 12 lH inductor value.

In Fig. 10, the theoretical power density and maximum
switching frequency [obtained from (4)] of the converter is plot-
ted against its efficiency. Notably, the maximum power density
(with natural convection heatsink), reaching 12.2 kW/L, is
achieved when the inductor value is set at 12 lH, accompanied
by a theoretical average efficiency of 98.42%. The obtained effi-
ciencies include solid-state circuit breaker (SSCB) losses
(PLoss–SSCB ¼ 2RDS–SSCBIout

2), totaling 0.55–9.26 W for output
powers ranging from 2.2 kW to 9 kW, where RDS-SSCB repre-
sents the conducting resistance of the SSCB switches and Iout is
the output current. It’s important to highlight that real power
densities may increase with the utilization of particular dimen-
sions of the heat sink, type of heat sink, flow configuration, ori-
entation, surface finish, altitude, and other pertinent factors.
Nonetheless, these results indicate that while larger inductor val-
ues can lead to higher efficiencies, for achieving optimal power
density, a 12 lH inductor stands out as the most appropriate
selection, providing both high efficiency and acceptability.

Fig. 11 outlines the design optimization strategy for a GaN-
based dc–dc converter to achieve maximum efficiency and
high-power density. For high power ranges, managing heat dis-
sipation from the transistors’ cooling pads—due to their limited
surface area—is the primary concern [23]. Once effective ther-
mal dissipation and minimum losses is ensured at the highest
possible switching frequency and power, the next focus is induc-
tor design. The switching frequency under high-power condi-
tions should be sufficiently high to enable the use of low-value
air-core inductors, which helps mitigate core losses under hard-
switching and high current ripple conditions.

IV. EXPERIMENTAL RESULTS

A laboratory prototype of the GaN-based interleaved dc–dc
converter with air-core inductors has been implemented and
tested to validate the theoretical analysis. The specifications of
the laboratory prototype are presented in Table I. The prototype

Fig. 10. Theoretical power density and maximum switching frequency
[obtained from (4)] of the converter versus its average efficiency.

Fig. 11. Design optimization strategy for the GaN-based dc–dc converter.

TABLE I
CHARACTERISTICS OF THE LABORATORY PROTOTYPE OF THE GAN-BASED

AIR-CORE DC-DC INTERLEAVED CONVERTER

Components Characteristics

Air-core inductors L1 and L2 12 lH

Inductors L1 and L2 wire 3000 litz wires with 50 lm diameter

Input capacitor Cin 7.4 lF/630 V

Output capacitor Cout 4 lF/630 V

Natural convection (without airflow)
heatsink

LAM5D1005 V, 100 � 100.5 � 50 mm3

Thermal interface material TG-A1780-150-150-0.8

Semiconductor elements

Main GaN transistors (S1, … , S4) GS66508T-TR, 30 A, 650 V

Auxiliary GaN transistors (Sa1, … , Sa4) GS66516T-TR, 60 A, 650 V

Solid state circuit breaker SiC
MOSFETs

IMZA120R007M1HXKSA1,
225 A, 1200 V

Operating point

Input voltage range (Vin) 110 V–450 V

Output voltage (Vout) 350 V

Maximum rated power (Pout) 2.2 kW –9 kW

Maximum input current (Iin) 20 A

Switching frequency (fS) 18 kHz–304 kHz
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has a total volume of 0.51 L, which is determined by summing
the volumes of the PCB and components (0.08 L), the inductors
(0.1 L for two air-core inductors), and the heatsink (0.325 L for
a natural convection heatsink without airflow). The total mass of
the prototype is 1.5 kg. With both the mass and volume factor-
ing in the inductors, heatsink and PCB, the resultant power den-
sity is calculated 17.65 kW/L and 6 kW/kg. Experimental
results have been obtained for wide range of the input voltage
ranging from 110 V to 450 V, while maintaining a constant out-
put voltage of 350 V. The laboratory prototype of the converter
and the air core inductors photos, along with its Altium PCB
3-D view of its bottom to show the location of GaN transistors
at the bottom, has been depicted in Fig. 12.

The laboratory prototype comprises several parts, including
a Texas Instruments DSP microcontroller TMS320F28379D,
transistor driver circuits with gate driver ICs SI8271AB-IS, volt-
age and current sensors for the input and output ports, power cir-
cuit, and protection mechanisms such as solid-state circuit
breaker, varistors, and fuses.

The thermal resistance for dissipating heat from the top sur-
face to the surrounding environment for the heatsink (in the
absence of airflow) ranges from 0.6�C/W to 1�C/W, as indicated
in the heatsink datasheet. Additionally, the converter features
two air-core inductors, each possessing a value of 12 lH. These
inductors are engineered to handle currents greater than 50 A
and operate at a frequency of 6 MHz.

The experimental results comparing the performance of the
converter under continuous conduction mode (CCM) with nega-
tive IL�Valley operation conditions with a 2 kW output power,
200 V output voltage, and 340 V input voltage are presented in
Fig. 13. The junction temperature of the main transistor S3 is
measured 97�C for BCM operation (ZCS turn-on and 300 kHz
switching frequency), whereas it is measured 67�C for negative
IL-Valley operation conditions (ZVS turn-on and 250 kHz switch-
ing frequency). Although reducing the switching frequency from
300 kHz to 250 kHz (an 83% frequency reduction) to achieve
ZVS turn-on and eliminate COSS losses in the main transistors,
the temperature difference in the main transistor S3 junction is
significantly reduced. However, as observed in Fig. 13(a) and
13(b), the temperature of the auxiliary transistor Sa3 increases
slightly with negative IL-Valley operation, indicating the pres-
ence of turn-off losses on the auxiliary transistors due to nega-
tive IL-Valley operation. Nevertheless, as shown in Fig. 13(c),

which demonstrates the measured efficiency by a power ana-
lyzer in both conditions, it can be concluded that the convert-
er’s efficiency increases from 97.84% to 98.2% (a 0.36%
efficiency increase) by simply operating in the ZVS turn-on
switching condition instead of the ZCS turn-on condition for
the main transistors. These significant differences in the tempera-
ture of the main transistor S3 and the overall converter efficiency
highlight the importance of eliminating COSS losses in enhancing
the performance of high-frequency GaN-based converter.

Fig. 14 presents experimental results of the converter in buck
operating mode under specific conditions: 150 kHz switching
frequency, 400 V input voltage and output voltage of 350 V
with output power of 7.8 kW. In Fig. 14(a), waveforms of the
drain-source voltage of the main transistor S1, the auxiliary tran-
sistor Sa1, inductor L1 current, and input current (iin) are shown.
The average input current is approximately 19 A with very low
ripple. The goal was to achieve the inductor valley current IL-Valley
of −3 A to provide zero-voltage turn-on of the main transistors S1
and S2, based on (1). This required an inductor current ripple of
28.3 A [based on (4)], which is provided in the experimental
results and shown in the figure (inductor L1 current). The voltage
stress across the transistors equals the input voltage of 400 V
without significant spikes, validating theoretical predictions.

In Fig. 14(b), thermal images from the thermal camera depict
the junction temperature of the main transistor S1, the tempera-
ture of inductor L1, and the heatsink temperature. Utilizing a
TG-A1780-150-150-0.8 TIM provides the thermal resistance of
1.34�C/W for the main transistor S1. The thermal junction-case
resistance of the main transistor is RhJC ¼ 0.5�C/W, which is
provided in its datasheet. The theoretical temperature difference

Fig. 12. (a) Designed PCB bottom side in altium designer. (b) Air-core
inductors photo. (c) Laboratory prototype photo of the GaN based air-core
interleaved dc–dc converter.

Fig. 13. Experimental results: comparison of the converter performance
under CCM and negative IL-Valley operation conditions with 2 kW output
power, 200 V output voltage, and 340 V input voltage. (a) Thermal camera
photo of the junction temperature of the main transistor S3 and auxiliary
transistor Sa3 in CCM with 300 kHz switching frequency. (b) Thermal cam-
era photo of the junction temperature of the main transistor S3 and auxil-
iary transistor Sa3 in negative IL-Valley condition with 250 kHz switching
frequency. (c) Measured efficiency of the converter under CCM (300 kHz
switching frequency) and negative IL-Valley operation (250 kHz switching
frequency) condition.
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between the heatsink and junction of the main transistor with
18.14 W transistor total losses is calculated as 33�C. With a
measured heatsink temperature of 42�C, the junction tempera-
ture is estimated to be 75�C, which corresponds closely to the
measured temperature of 73�C for transistor S1. Fig. 14(c) illus-
trates the measured efficiency of the converter in the Buck oper-
ation mode, considering losses from the SSCB circuit, which
amount to 3.48 W under the specified conditions. The measured
efficiency via a power analyzer is 98.91%, confirming the calcu-
lated efficiency of 99.17%, validating theoretical predictions.

Fig. 15 showcases the experimental results of the dc–dc con-
verter operating in the boost mode under the specific condi-
tions: 300 kHz switching frequency, 200 V input voltage,
350 V output voltage and output power of 4 kW. In Fig. 15(a),
waveforms of the drain-source voltage of the main transistor
S2, the auxiliary transistor Sa2, inductor L2 current, and input
current (iin) are presented. The average input current measured
around 20 A with very low current ripple. To achieve the tar-
get inductor valley current IL�Valley of −3 A to provide ZVS
and eliminate COSS losses for the main transistors in boost
mode, an inductor current ripple of 26 A is required. As it is
indicated in the figure, this value is provided in the experi-
ment. The voltage stress across the transistors conforms to the
output voltage of 350 V without notable spikes, confirming
theoretical expectations.

In Fig. 15(b), thermal images taken by a thermal camera dis-
play the junction temperature of the main transistor S4, the junc-
tion temperature of the continuously conducting transistor in

Boost mode S3, the temperature of inductor L2, and the heatsink
temperature. The calculated theoretical temperature differences
between the heatsink and junctions of the main transistor S4 and
the continuously conducting transistor S3, with total losses of
14.28 W and 9.3 W, respectively, yield estimations of 26�C and
17�C. With a recorded heatsink temperature of 52�C, the esti-
mated junction temperatures for S4 and S3 are 78�C and 69�C,
respectively, closely resembling the measured temperatures of
78�C and 70�C for transistors S4 and S3. The efficiency mea-
sured in this mode using the power analyzer is 98.1%, closely
aligning with the calculated efficiency of 98.35% and thereby
validating the theoretical predictions.

Additionally, the experimental waveforms of the input and
inductor currents, along with the drain-source voltages of the
transistors, were presented for two critical operating
conditions: low input voltage with high switching frequency at
fS ¼ 300 kHz, Vin ¼ 110 V, Vout ¼ 350 V, Pout ¼ 1.9 kW
(Fig. 16(a)), and low input current with high switching fre-
quency at fS ¼ 300 kHz, Vin ¼ 300 V, Vout ¼ 350 V, Pout ¼
2.4 kW (Fig. 16(b)). These waveforms confirm the converter’s
capability to achieve soft switching (ZVS) under challenging
scenarios. Consequently, by properly controlling the switching
frequency and duty cycle, ZVS can be achieved for all transis-
tors, thereby reducing switching losses and improving overall
efficiency across diverse voltage and load conditions. This func-
tion is essential for ensuring thermal stability and enhancing the
converter’s performance in high-power, high-frequency
applications.

Fig. 14. Experimental results for buck operation mode of the converter with fS ¼ 150 kHz, Vin ¼ 400 V, Vout ¼ 350 V, Pout ¼ 7.8 kW: (a) drain-source
voltage of the main transistor S1, drain-source voltage the auxiliary transistor Sa1, inductor L1 current, and input current (iin) waveforms; (b) thermal cam-
era pictures of the main transistor S1, inductor L1, and heatsink; and (c) power analyzer’s measured efficiency.

Fig. 15. Experimental results for boost operation mode of the converter
with fS ¼ 300 kHz, Vin ¼ 200 V, Vout ¼ 350 V, Pout ¼ 4 kW: (a) drain-
source voltage of the main transistor S2, drain-source voltage the auxiliary
transistor Sa2, inductor L1 current, and input current (iin) waveforms; and
(b) thermal camera pictures of the main transistor S4, the main transistor
S3, inductor L2, and heatsink.

Fig. 16. Experimental waveforms for boost operation mode of the con-
verter: (a) drain-source voltage of the main transistor S2, drain-source volt-
age the auxiliary transistor Sa2, inductors L1 and L2 currents waveforms
with Vin ¼ 110 V, Pout ¼ 1.9 kW, fS ¼ 300 kHz, and Vout ¼ 350 V; and (b)
drain-source voltage of the main and auxiliary transistors S2 and Sa2,
inductor L1 current, and input current (iin) waveforms, Vin ¼ 300 V, Pout ¼
2.4 kW, fS¼ 300 kHz, and Vout¼ 350 V.
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Fig. 17(a) illustrates the efficiency curve of the converter for
varying output power, adjusted with input voltages ranging from
110 V to 450 V. The efficiency measurement was conducted
using the YOKOGAWA WT1800 precision power analyzer.
Both experimental and theoretical efficiencies are provided, con-
sidering the SSCB circuit in the converter output port. Conse-
quently, the efficiency of the converter without considering the
SSCB losses is higher than the measured one. The maximum
experimental efficiency, considering the SSCB losses (2.8 W at
7 kW output power, equivalent to 0.04% efficiency), is achieved
98.98% at 7 kW output power, while the theoretical efficiency is
calculated 99.34% at the same power level. The minor difference
between the theoretical and experimental efficiencies, possibly
due to the conduction losses of the PCB or other components like
Coss hysteresis losses, validates the calculations.

In Fig. 17(b), the theoretical power losses breakdown of the
components for output power levels ranging from 2.2 kW to
9 kW (corresponding to input voltages of 110 V to 450 V and
20 A input current) is depicted. Transistor switching and con-
duction losses are calculated using (6)–(8) and transistor data-
sheet parameters, while inductor conduction losses are
determined using (9) with ac resistance calculation based on var-
iable frequencies provided in (10). The conduction losses of the
solid-state circuit breaker are detailed in Section III-C. Addition-
ally, the thermal camera images in Figs. 14(b) and 15(b) further
validate the calculated transistor losses. These figures reveal that
the major portion of the losses is attributed to the transistors’
conduction and switching losses.

The noticeable step power loss difference in the transistors’
conduction losses at 350 V input voltage arises due to changes
in the configuration of the converter between boost and buck
operation.

V. CONCLUSION

This article focuses on the developing dc–dc converter with
wide input regulation range and outstanding performance met-
rics: achieving high efficiency (99%) and high-power density
(17.7 kW/L and 6 kW/kg). These accomplishments are enabled
by the integration of four key technologies. First, by employing
GaN transistors and air-core inductors, the converter is free
from limitations in switching frequency and core saturation cur-
rent. Second, the variable frequency method facilitates the

generation of negative valley current for the inductors, enabling
ZVS of the transistors. Thirdly, the use of air-core inductors
eliminates the core losses associated with traditional core-based
inductors, particularly advantageous in high switching fre-
quency conditions. Lastly, two interleaved module cells configu-
ration, provides very low input current and output voltage
ripples along with optimization of all losses, especially the
transistors losses. These key technologies are supported by com-
prehensive optimization analysis which can be used as the
guidelines for design of similar converters. Experimental results
with 9 kW prototype confirm all theoretical findings and feasi-
bility of GaN semiconductors for industrial implementation.
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Abstract—This paper presents a current-fed isolated, high step-
up dc-dc converter that has the low voltage stress on the power
switches. The suggested configuration achieves isolation between
the input and output using a High-Frequency (HF) transformer.
The leakage inductance of the transformer is harnessed to achieve
Zero Voltage Switching (ZVS) during power switch turn-on and
Zero Current Switching (ZCS) for power diodes across a broad
range of operation. Furthermore, within this configuration, proper
modulation (Phase Shift Modulation (PSM) or PSM with Pulse
Frequency Modulation (PFM) combined with PSM) between the
power switches enables the primary power switches to have soft
turn-off conditions. Additionally, through this modulation tech-
nique, the input inductor experiences an effective frequency that is
twice that of the power switches’ switching frequency, leading to a
reduction in the required size of the input inductor to half. Also, the
auxiliary circuit eliminates the voltage spikes across the switches
significantly, which occur due to the current difference between
the input inductor and the leakage inductance of the transformer.
To demonstrate the performance of the converter, the theoretical
analysis along with comparisons to other converters are presented.
Finally, to validate the theoretical analysis, the proposed converter
is constructed to handle input voltages ranging from 20-50 V and
operating at constant/variable switching frequency of 100-280 kHz,

Received 20 May 2024; revised 16 September 2024; accepted 26 December
2024. Date of publication 25 February 2025; date of current version 9 July
2025. Paper 2024-IPCC-0630.R1, presented at the 2023 IEEE 64th International
Scientific Conference on Power and Electrical Engineering of Riga Technical
University, Riga, Latvia, Oct. 09–11, and approved for publication in the IEEE
TRANSACTIONS ON INDUSTRY APPLICATIONS by the Industrial Power Converter
Committee of the IEEE Industry Applications Society [DOI: 10.1109/RTU-
CON60080.2023.10413102]. This work was supported in part by Estonian
Research Council under Grant PRG675 and Grant EAG234 and in part by
the Polish National Center of Science through project Sonata BIS under Grant
2023/50/E/ST7/00097. (Corresponding author: Saeed Pourjafar.)

Parham Mohseni and Dmitri Vinnikov are with the Tallinn University of
Technology, 12616 Tallinn, Estonia.

Saeed Pourjafar is with the Tallinn University of Technology, 12616
Tallinn, Estonia, and also with the Energy Management Research Cen-
ter, University of Mohaghegh Ardabili, Ardabil 5619911367, Iran (e-mail:
s.pourjafar@uma.ac.ir).

Oleksandr Matiushkin is with the Tallinn University of Technology, 12616
Tallinn, Estonia, and also with the Department of Electrical, Electronic and
Control Engineering, University of Extremadura, 06006 Badajoz, Spain.

Oleksandr Husev is with the Department of Power Electronics and Electrical
Machines, Gdansk University of Technology, Gdansk 80-222, Poland.

Color versions of one or more figures in this article are available at
https://doi.org/10.1109/TIA.2025.3544985.

Digital Object Identifier 10.1109/TIA.2025.3544985

resulting in an output voltage of 360 V, and a maximum output
power of 400 W.

Index Terms—Current-fed converter, full soft switching, isolated
boost converter.

I. INTRODUCTION

THE use of dc-dc converters has surged due to renew-
able energy growth, including solar, fuel cells, electric

vehicles, and DC microgrids. Various configurations of dc-dc
step-up systems have been suggested for transferring power
from low to high voltage, encompassing both non-isolated and
isolated design approaches [1]. Isolated converters utilize a
magnetic coupling mechanism to transfer power from the input
side to the output side without any direct electrical connec-
tion. This isolation feature reduces component stress but re-
quires additional components, leading to increased power losses,
weight, and costs due to the larger size of magnetic compo-
nents such as transformers and inductors compared to other
structures.

Bidirectional structures use power switches instead of diodes,
as in unidirectional structures, and a control circuit is added to
manage the turn-ON/OFF of these switches. These structures
are suitable for onboard charging applications such as electric
vehicles [2]. In renewable energy setups, the unidirectional
isolated boost dc-dc converter can be classified as either a
voltage-fed type or a current-fed type. In isolated converters, the
most common topologies are the forward, flyback [3], push-pull,
interleaved isolated [4], L-Ltype half-bridge [5], [6], [7], and
full/half-bridge converter [8].

Current-fed isolated dc-dc converters offer advantages over
voltage-fed isolated counterparts, including reduced input cur-
rent ripples, inherent short-circuit protection, lower transformer
turns ratio, high step-up ratios, wide voltage range regulation
(allowing power to be drawn across a broad input voltage range),
and improved current control. Moreover, they outshine their
voltage-fed counterparts with a more reliable input-side induc-
tor, which surpasses the lifespan of electrolytic capacitors used
in the input. However, current-fed-isolated dc-dc converters are
not without their challenges. They face significant challenges,
including the need to charge the inductor at startup and the
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Fig. 1. Experimental voltage stress waveforms in isolated current-fed convert-
ers across switches in the absence of any voltage spike suppression method.

presence of voltage spikes across the OFF switches due to mis-
matches in current between the input boost inductor and the leak-
age inductance of a high-frequency transformer [2]. This causes
elevated voltage stresses around two times more on primary-side
switches. Fig. 1 illustrates the voltage stress waveforms across
the switches which is taken in the laboratory in the absence
of any voltage spike suppression method. It is evident from
the figure that the voltage spikes across the switches, without
employing voltage spike suppression, reaches approximately
80% (resulting in a 60 V spike for a 75 V voltage stress). Due
to this provided voltage spikes power switches with two times
more voltage blocking rate need to be utilized leading to in-
creased conduction losses and reduced efficiency [9], [10], [11].
Researchers have made significant efforts to address these chal-
lenges through innovative circuit design modifications, novel
modulation strategies, and the incorporation of soft-switching
techniques. This proactive research approach often explores
inventive modulation methods and the introduction of additional
components or circuitry to effectively enhance the performance
of these converter topologies for specific applications [12], [13],
[14], [15], [16], [17], [18], [19]. The choice of the clamping
circuit is aligned with the ZVS-PWM (Pulse Width Modulation)
commutation cell used in a boost converter, as referenced in
[14], [15]. However, the chosen clamping circuit is consistent
with the ZVS-PWM commutation cell discussed in [16] but for
a half-bridge converter. The same clamping circuit has also been
employed in a current-fed half-bridge converter, as mentioned in
another reference [17]. A simple clamping circuit with a single
switch has been presented in a current-fed ZVS active clamping
full-bridge converter, which is described in another references
[18], [19].

Although the provided clamping circuits are simple, their
effectiveness has not been fully demonstrated in practical results,
as voltage spikes of 40% to 50% are still present in their experi-
mental waveforms. Moreover, the auxiliary switch must operate
at twice the switching frequency of the main switches, which can
limit the structure’s ability to function at higher frequencies.

This paper builds upon the findings presented in the confer-
ence paper [26] and has been developed to delve deeper into
a current-fed isolated, high step-up dc-dc converter topology.
The primary emphasis is on minimizing voltage stress on power
switches and enhancing soft switching capability. Utilizing a
high-frequency transformer and exploiting its leakage induc-
tance enables ZVS during power switch turn-on, effectively
eliminating associated losses. Moreover, ZCS for power diodes
eliminates reverse recovery losses. The converter supports both
resonant and non-resonant soft-switching approaches. While
the non-resonant approach or PSM reduces voltage stresses
on switches, PFM combined with PSM or resonant modula-
tion enables full soft switching, leading to increased switching
frequency, reduced passive component volume, and enhanced

Fig. 2. The proposed isolated current-fed structure.

power density. Both strategies result in halving the required
size of the input inductor by doubling its effective frequency.
Additionally, the auxiliary circuit effectively mitigates voltage
spikes across switches. These attributes render the converter
topology suitable for photovoltaic applications, onboard or off-
board chargers for electric vehicles, especially with a wide
battery voltage regulation range.

II. PROPOSED STRUCTURE AND OPERATION MODES

A. Proposed Structure

The structure of the proposed soft-switched isolated current-
fed structure is illustrated in Fig. 2. The proposed structure is
composed of four main switches (S 1-S 4), two auxiliary switches
(Sa 1 and Sa 2), one input inductor (L), one clamp capacitor
(CC ), one High-Frequency (HF) transformer (T), two Voltage
Multiplier (VM) diodes (D 1 and D 2), and two VM capacitors
(C1 and C2). The output and input voltages and output load are
named Vout, Vin, and RL, respectively.

This structure can accommodate two types of soft-switching
approaches: resonant and non-resonant. In the non-resonant
approach, the clamp capacitor CC is selected to maintain a
constant voltage across it, thereby limiting the voltage stress
across the transistors to the voltage of the clamp capacitor, VCc .
In this method, the switching frequency remains constant across
various operating conditions, including different input voltages.
In this approach the modulation is only PSM (PSM involves
shifting the phase angle of the gate signals of the switches
S1-S4, Sa 1 and Sa 2 relative to the reference signal). On the
other hand, in the resonant approach, the clamp capacitor’s
value is configured to resonate with the leakage inductance of
the HF transformer. This resonance creates a half-sinusoidal
voltage across the clamp capacitor, resulting in soft voltage
increases and decreases during the turn-off and turn-on transients
of the switches. This contrasts with the rapid voltage transients
observed during these transitions in the non-resonant approach.
In this approach, the switching frequency would be variable to
provide the soft rising and falling voltages across the transistors.
In this approach PSM modulation combined with PFM (PFM
involves varying the frequency of the pulses while keeping
the pulse width constant) is utilized. Fig. 3 illustrates the key
waveforms of the proposed isolated current-fed structure in two
operation approaches.
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Fig. 3. Key waveforms of the proposed structure. (G1-G4, and Ga1 and Ga2

are the gate signals of switches S1-S4, and Sa1 and Sa2, respectively.), (a)
non-resonant approach, (b) resonant approach.

The operation modes of the proposed structure are divided
into 12 operation modes. Due to the similarity of the modes to
each other, only 6 modes of the one-half cycle are explained
in this paper. As assumptions, the passive and active elements
are considered ideal. The inductor L value, the magnetizing
inductance value of the HF transformer T, and the values of the
capacitors are high enough. Therefore, the current ripples of the
inductor L, the magnetizing inductance of the HF transformer,
and the voltage ripple of the capacitors are neglected during the
switching period.

B. Operation Modes

Mode I [t0-t1] (Fig. 4(a)): At t0, the voltages across power
switches S1 and S4 drop to zero, their reverse body diodes
begin to conduct. The current flowing through the secondary
side winding and diode D2 gradually diminishes to zero. To
perform a turn-on with zero voltage switching for S1, the gate
signal must be initiated during this stage. Moreover, the inductor
L starts to charge by input voltage Vin, through switches S1 and
S2.

Mode II [t1-t2] (Fig. 4(b)): At t1, the S1 power switch can
turn on under ZVS conditions due to the prior conduction of its
anti-parallel body diode. When switch S1 turns on, the current
passing through switch S3 drops to zero without any rise in
the voltage across it. The inductor L continues to charge by
input voltage, through switches S1 and S2. The currents in both
the primary and secondary side windings, as well as diode D2,
steadily decrease until they reach zero through switch S2 and the
reverse body diode of S4.

Mode III [t2-t3] (Fig. 4(c)): At t2, the currents through the
primary and secondary side windings and VM diode D2 reach
zero, and the diode turns off under the ZCS condition. The
inductor L continues to charge by input voltage, through switches
S1 and S2. Also, all other semiconductors are inactive or turned
off.

Fig. 4. Various operation modes of the presented structure, (a) Mode I, (b)
Mode II, (c) Mode III, (d) Mode IV, (e) Mode V, and (f) Mode VI.

Mode IV [t3-t4] (Fig. 4(d)): When power switch S4 is turned
on and power switch S2 is turned off at time t3, using only
the PSM method results in a rapid increase in voltage across
switch S2, characterized by a hard turn-off condition. Con-
versely, employing both PSM and PFM leads to a gradual rise
in voltage across switch S2 from zero, with a minimal slope.
Consequently, with the combined PSM and PFM approach,
transistor S2 switches off under nearly zero-voltage switching
(ZVS) conditions.

Furthermore, the current through the inductor L begins to
charge and discharge the parasitic capacitances of the auxiliary
switch Sa1 and the main switch S2. Furthermore, the voltage
across switch S3 begins to rise towards the clamping capacitor
CC voltage. Since its current had already reached zero in mode
II, it turns off under ZCS conditions.

The values of capacitances Cr2 and Cra1 (which correspond
to the charge-equivalent capacitances of the main and auxiliary
MOSFETs) are small, therefore, the time it takes to charge and
discharge them is very short and it can be defined as follows:

t4 − t3 ≈ (Cr2 + Cra1) (VCc)/ iL(t3)

= (CQ,eq(VCc) + CQ,eq,a(VCc)) (VCc)/ iL(t3) (1)
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where CQ,eq and CQ,eq,a are the charge-equivalent capacitances
of the main and the auxiliary MOSFETs, respectively. The par-
asitic capacitances at the switching node, including those from
the inductor’s inherent capacitance and the PCB, are disregarded
due to the meticulous PCB design optimized for high switching
frequency conditions.

Mode V [t4-t5] (Fig. 4(e)): When the voltage across the main
switch S2 reaches VCc, the auxiliary switch Sa1’s reverse body
diode begins conducting. The gate-source signal is then applied
to the MOSFET Sa1, resulting in it commencing conduction
as the current direction transitions from negative to positive. It
should be considered that the gate-source signal must be applied
to the auxiliary switch with a certain delay. This delay duration
should exceed the time calculated in (1). Typically, this delay
should be greater than 50 ns. This results in power switch Sa1
turning on under zero voltage conditions. The disparity in current
between inductor L and the leakage inductanceLLK charges and
discharges the clamp capacitor CC through auxiliary switch Sa1.
The transformer secondary winding current starts to charge the
VM capacitor C1 through VM diode D1. In that condition, diode
D1 turns on under the ZCS condition. The leakage inductance
LLK (primary winding) current can be determined as:

iLLK = NiD1. (2)

Mode VI [t5-t6] (Fig. 4(f)): At t5, Sa1, the auxiliary switch,
turns off. As a result, the current through the HF transformer’s
secondary winding starts to decrease to zero. The difference
in current between inductor L and the leakage inductance LLK

charges Sa1’s parasitic parallel capacitance to the voltage across
the clamp capacitor CC while discharging the parasitic capaci-
tances of S2 and S3 down to zero. In the non-resonant approach,
characterized by a nearly constant voltage across the clamp
capacitor, it can be observed that the auxiliary switch Sa1 turns
off under hard switching conditions.

In contrast, in the resonant approach, where the voltage across
the clamp capacitor is still near to zero, it can be asserted that
the auxiliary switch Sa1 turns off under conditions close to zero
voltage switching (ZVS).

Because the values of capacitancesCr2,Cr3, andCra1 (which
correspond to the charge-equivalent capacitances of the main
and auxiliary MOSFETs) are small, the time it takes to discharge
and charge them is very short. This short time interval can be
calculated as follows:

t6 − t5 ≈ (Cr2 + Cra1 + Cr3) (VCc)/ iLLK
(t5)− iL(t5)

= (2CQ,eq(VCc)+CQ,eq,a(VCc))(VCc)/ iLLK
(t5)−iL(t5).

(3)

It should be considered that the gate-source signal must be
applied to the main switch S3 with a certain delay after the turn
off moment of the auxiliary switch Sa1. This delay duration
should exceed the time calculated in (3). Typically, this delay
should be greater than 50 ns.

After this stage, the following half-cycle will be repeated,
completing the full cycle of the converter in repetition.

III. STEADY STATE OF THE PROPOSED STRUCTURE

As steady-state assumptions, the intervals t1-t3 and t4-t5 (op-
eration modes II, III, and V) are considerably longer than the
other intervals. Consequently, in steady-state analysis, we do
not consider short intervals.

Fig. 5. Voltage gain graph versus output power (40 W-400 W) for various
leakage inductance values considering the switching frequency of fS = 100
kHz, overlapping interval of d = 0.6, and turns ratio N = 2.

A. Voltage Gain and Voltage Stress Calculations

By implementing the volt-second balance law to inductor L,
the voltages of the capacitors CC, C1, and C2 are obtained as:

VCc = Vin/(1 − d) (4)

VC1 = VC1 = NVCc = NVin/(1 − d). (5)

In (4)–(5), d is the overlapping intervals of the gate signals
G1 and G2, or G3 and G4, and N is the turns ratio of the HF
transformer nS/nP. The output voltage is equal to VC1+VC2.

Therefore, considering (5), the output voltage of the proposed
converter is obtained as follows:

Vout = 2NVin/(1 − d). (6)

Regarding (6), it can be concluded that the voltage gain of the
proposed structure depends on d and turns ratio N values.

Equation (6) provides the ideal output voltage without consid-
ering the leakage inductance effect of the HF transformer, which
slightly reduces the voltage gain. To account for this effect, the
voltage gain of the proposed structure is calculated as follows:

M =
Vout

Vin
=

2N/(1 − d)

1 + LLK8N 2fS

/
(1 − d)2RL

. (7)

As illustrated in (7), the gain depends not only on the parasitic
leakage inductance LLK but also on the load RL and switching
frequency fS . Fig. 5 presents a graph of voltage gain versus load
conditions for different leakage inductance values considering
a high switching frequency of 100 kHz. It is observed that
(7) converges to (6) as LLK and fS decrease. Conversely, as
RL increases (output power decreases), (7) simplifies to (6),
indicating that the impact of leakage inductance becomes more
effective at high power levels. However, based on Fig. 5, the
effect of the leakage inductance within the 40 W- 400 W output
power range in this converter is very low (maximum 0.03% )
and can be considered negligible.

The voltage stress across all switches S1-S4 and Sa1-Sa2 are
equal to the voltage across the clamp capacitorVCc. Considering
(4), the voltage stresses across the power switches are written as
follows:

VS1= . . .=VS4=VSa1=VSa2=VCc=Vin/(1−d)=Vout/2N.
(8)

The average conduction current through the main power
switches S1-S4 and VM diodes are obtained as follows:

IAvg
S1 = . . . = IAvg

S4 = N · Iout/(1 − d) (9)
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IAvg
D1 = IAvg

D2 = 2Iout. (10)

The voltage stress across the VM power diodes is equal to the
output voltage Vout.

B. Passive Elements Design

The values of capacitors can be established according to
their required ripple. Hence, the capacitance of capacitors are
established by considering the voltage ripple as follows:

C1 = C2 = (1 + d)Vout/2ΔVCRLfS (11)

In the above equations, fS and ΔVC are the switching fre-
quency and voltage ripple of the VM capacitors, respectively.
Inductor L value can be determined based on its designed input
current ripple. Considering the designed input current ripple, the
inductance value of inductor L can be calculated as:

L ≥ dVin/2fSΔiL (12)

In (12), ΔiL is the current ripple of inductor L. According to
(12), the effective switching frequency on inductor L is twice
that of other current-fed converters, leading to half the current
ripple compared to other structures. For example, if the switch
frequency is set at 100 kHz, the effective inductor frequency is
200 kHz. Hence, a major advantage of this current-fed isolated
structure is its smaller inductor size compared to other current-
fed designs.

In the fourth mode of operation, the voltage applied to the pri-
mary winding of the high-frequency transformer is represented
by (13):

Vprimary = Vin/(1 − d) = 2np × fS ×ΔB ×Ae/(1 − d).
(13)

This equation considers magnetic flux density (ΔB) and
equivalent core area (Ae). The number of turns in primary and
secondary windings (np and nS) follows standard transformer
design principles. Secondary winding current results from com-
bined currents in the VM diodes. As a result, the RMS current
value for the secondary winding can be obtained as follows:

IRMS
Secondary = 2Iout

√
(1 − d)

/
(1 − d). (14)

The root mean square (RMS) value of the current in the
primary winding is equal to N × IRMS

Secondary. By using (14),
the primary and secondary windings diameters of the high-
frequency transformer can be determined.

Furthermore, (15) represents the RMS voltage across the
primary winding of the transformer:

V RMS
Pr imary = Vin

√
(1 − d)

/
(1 − d). (15)

The high-frequency transformer’s apparent power can be
calculated by multiplying the RMS current and voltage of its
primary winding.

N can be determined by calculating Vout and optimizing the
power switch duty cycle. Increasing N reduces switch voltage
stress. The HF transformer’s turn ratio can be found using (16)
derived from the peak inverse voltage of the chosen MOSFETs.

N ≥ Vout/2VDSmax. (16)

Fig. 6. The required leakage inductance relative to the converter’s overlapping
interval d, and considering the converter’s minimum input current of 4 A.

C. Clamp Capacitor CC Design and ZVS Realization

The value of the clamp capacitor can be established according
to its required ripple. Therefore, the capacitance of the clamping
capacitor is established by considering its voltage ripple as
follows:

CC = NVout/2ΔVCcRLfr. (17)

In the equation provided,fr represents the resonant frequency,
which will be elaborated upon later, and ΔVCc signifies the
voltage ripple of the clamp capacitor. By focusing on the time
interval t3-t6 in Fig. 3, the voltage variations across switches S3
and S2, as well as the clamping capacitor CC for both resonant
and non-resonant approaches are clear. As it is obviously shown
in the figure, in case of employing a non-resonant approach, it
is crucial to maintain a low voltage ripple, typically around 10%
of the voltage across the clamping capacitor ΔVCc = 0.1VCc.
However, when opting for a resonant approach, it is necessary
to account for a voltage ripple approximately π/2 times the
clamping voltage, ΔVCc≤1.57VCc, to provide near ZCS turn
off for all switches.

The auxiliary switches Sa1 and Sa2 achieve ZVS turn-on nat-
urally due to their reverse body diodes. To guarantee ZVS during
the turn-on of the main power switches S1-S4 in non-resonant
approach, the energy in leakage inductance LLK must surpass
the energy in parallel parasitic capacitances Cr2, Cr3, and Cra1

(which correspond to the charge-equivalent capacitances of the
main and auxiliary MOSFETs CQ,eq and CQ,eq,a) in Mode VI,
as expressed by the following equation:

LLk ≥ (2CQ,eq(VCc) + CQ,eq,a(VCc))Vout
2

4N 2( 2NPout

Vout(1−d) − d(1−d)Vout

8NfSL )
. (18)

The converter’s minimum output power is set at 20% of its
nominal capacity (400 W), equating to 80 W. Notably, the lowest
output power from PV panels is reached when the panel voltage
is at the lower limit of its operating range. Therefore, at an output
power of 80 W, the converter’s input voltage is considered in its
minimum of 20 V, leading to a minimum input current of 4 A.
Fig. 6 demonstrates the necessary leakage inductance to ensure
ZVS operation of the converter in a non-resonant approach
concerning the converter’s overlapping interval d. Based on
the minimum input current of 4 A (as derived from (18)), it
is determined that a leakage inductance of 1.5 μH is adequate to
achieve ZVS for the switches.

In the resonant approach, since the voltage across the MOS-
FETs reaches to nearly zero before they turn ON, the parallel
parasitic capacitors are already discharged before the MOSFETs
are turned-ON. Therefore, in the resonant approach, (18) is
not necessary for ensuring ZVS turn-ON of the MOSFETs.
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Furthermore, in order to achieve zero voltage turn-on for the
main switches S1-S4, the duration during which the auxiliary
switches Sa1 and Sa2 conduct, equal to (1-d)TS/2 (where TS

is the switching period), should be shorter than the resonance
period Tr provided by the clamp capacitor CC and the leakage
inductance LLk of the HF transformer in mode V. The resonant
frequency fr and period Tr can be calculated using (19).

fr = 1/Tr = 1
/

2π
√
LLkCC . (19)

In the only PSM approach, where the clamping capacitor
has a large value (several micro-farads), the resonant period
is significantly longer than (1-d)TS/2. Consequently, in this
approach, the switching frequency can remain constant and
equal to fs = fr(1 − d)/2. In contrast, in the PSM along with
PFM approach, the clamping capacitor is chosen much smaller
values (several nano-farads) to resonate with the leakage in-
ductance within the switching frequency range. As a result, the
switching frequency must be regulated to ensure that (1-d)TS/2 is
shorter than the resonant period Tr. Hence, in this approach, the
switching frequency varies according to the resonance frequency
fr and the overlapping interval d as follows:

fS > fr(1 − d)/2 = (1
/

2π
√

LLkCC)(1 − d)/2. (20)

IV. EFFICIENCY ANALYSIS

In the presented configuration, all power switches achieve
ZVS during turn-on, with switches S1 and S3 additionally
achieving ZCS during turn-off. The resonant approach offers
the advantage of nearly achieving ZCS during turn-off for the
remaining power switches, a feature not available in the non-
resonant approach. Although the resonant approach provides
full soft-switching conditions (ZVS turn-on, and ZCS or near
ZVS turn-off) for all power switches, it’s important to note that
the voltage stress across the switches should be considered 1.57
times more than the value obtained in (8). Consequently, while
the resonant approach effectively eliminates significant switch-
ing losses, unlike the non-resonant approach where only turn-off
losses of switches S2, S4, Sa1, and Sa2 are taken into account, the
doubled voltage stress across the switches necessitates the use
of power switches with higher conducting resistance, leading
to increased conduction losses compared to the non-resonant
approach. Therefore, when considering conduction losses and
switching losses, the designer must carefully weigh the trade-
offs to determine the optimal approach. Moreover, in the pro-
posed structure, VM diodes switch on and off under zero-current
conditions. Thus, although it is low, switching losses in this
structure for the non-resonant approach pertain solely to the
turn-off losses of switches S2, S4, Sa1, and Sa2, which are equal
and calculated as follows:

PS2 = PS4 = PSWa1 = PSWa2 =
PoutfS(trv + tfi)

2(1 − d)
(21)

In (21), Pout and fS = 100 kHz are the converter output
power, the turn-off time utilized power MOSFETs, and switch-
ing frequency, respectively. The parameters trv and tfi denote
the rise time of the drain-source voltage and the fall time of
the current during the turn-off for each MOSFET. These values
can be derived from the MOSFET datasheets. Equation (21) is

TABLE I
RMS CURRENTS EQUATIONS OF THE COMPONENTS

Fig. 7. Theoretical efficiency of the proposed converter in both resonant and
non-resonant approaches considering 40 V input voltage.

comprehensively detailed in [27], where the process for calcu-
lating trv and tfi based on the parameters found in the MOSFET
datasheets is fully explained.

To compute conduction losses in the proposed structure, it
is necessary to calculate the RMS currents of the components
using the equations provided in Table I.

Fig. 7 illustrates the theoretical efficiency diagrams of the pro-
posed converter for both resonant and non-resonant approaches.
The maximum theoretical efficiencies achieved are 96.51%
for the resonant approach and 96.25% for the non-resonant
approach, both at an output power of 250 W. The resonant
approach yields higher efficiency because it eliminates switch-
ing losses entirely, unlike the non-resonant approach. However,
this advantage comes despite the resonant approach imposing
1.57 times higher voltage stress on the switches. Consequently,
designers must select switches with approximately 1.57 times
higher voltage ratings, which also have around 1.57 times higher
conduction resistance.

V. CONTROL SYSTEM EXPLANATION

The simplified configuration of the control system, which
utilizes a proportional-integral (PI) controller, is depicted in
Fig. 8. This system incorporates a phase shift and switching
calculation block, a pulse width modulation (PWM) block,
and a PI regulator. To facilitate practical implementation us-
ing a microcontroller, a digital PI controller is employed. The
conventional PI regulator’s gain curve or transfer function is
represented in the Laplace domain, but by applying a bilinear
transform, the continuous PI controller can be converted into
its digital form in the z-domain [28]. The digital PI controller
comprises associated coefficients, sample delay blocks, and
summation. A constant voltage reference of 360 V is fed into the
regulator. The difference between this reference voltage and the
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TABLE II
COMPARISON OF THE PROPOSED CONVERTER WITH OTHER ISOLATED DC-DC CONVERTERS

Fig. 8. Control system block diagram.

measured output voltage is supplied to the PI regulator’s input.
The PI regulator then computes the current sample modulation
signal, denoted as d, for use in the phase shift and switching
frequency calculation block. At the conclusion of each sampling
period, overlapping intervals for gate signals G1 and G2, or
G3 and G4, are determined, which are critical for phase shift
calculation between gate signals and switching frequency
calculation (using for the resonant approach), as described by
(20). The computed values for phase shift and switching fre-
quency are sent to the PWM block, which then generates gate
signals for switches S1-S4, Sa1 and Sa2, to regulate the desired
output voltage.

VI. RESULTS OF COMPARISON

The proposed structure is compared to other well-known
state-of-the-art isolated configurations (Flyback, Current-Fed
Full-Bridge, and L-Ltype Half-Bridge converters) in terms of
parameters like capacitor, inductor, and HF transformer sizes,
primary side semiconductor conduction losses, switching losses,
and primary side switch voltage stress. The comparison results
are presented in Table II and Fig. 9. Fig. 9 shows the proportional
values for conduction losses, switching losses, and total voltage
stress experienced by the semiconductors. Additionally, the fig-
ure illustrates the relative sizes of the inductors and capacitors.
All measurements are presented in a comparative format and

Fig. 9. Performance results of comparison of the proposed structure with other
already presented structures.

normalized to their highest values (1 p.u.). Based on the param-
eters presented in the figure, we cannot definitively assert that the
proposed converter excels in every aspect. However, it highlights
the advantages and disadvantages of our design in comparison to
other alternatives.

When comparing passive component volumes, consider that
specific component values must ensure consistent maximum
current ripple across the inductor and maximum voltage ripple
across the capacitor at a given operating point. Since the input
voltage varies between 20-50 V in these converters, the values
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and sizes of the passive components should be calculated and
compared in the worst condition of each structure. The size of
capacitors and inductors is proportional to their stored energy.
Therefore, the size of inductors and capacitors can be estimated
and compared by obtaining the maximum conducting currents
of the inductors and maximum voltages across the capacitors.
In terms of inductor size, the proposed structure’s inductor size
is equivalent to current-fed full-bridge configurations, smaller
than flyback topologies, and larger than L-Ltype structures under
similar conditions.

Moreover, in this proposed converter (for both resonant and
non-resonant approach), the overall capacitor size is minimal
compared to alternative configurations. However, it’s worth
noting that, in the proposed converter, although the inductor
size is smaller than that of Flyback converters, it includes a
high-frequency transformer that increases its size in comparison
to Flyback structures. The size of high-frequency transformers
in all other compared configurations with the proposed structure
is the same.

The total voltage stress on the primary side switches is
determined by considering the peak voltage overshoot values
denoted as Kr = 1∼2 in Table II for each type of converter. This
voltage overshoot, which is shown in Fig. 1 and explained in
the introduction, arises due to the difference in current between
the transformer’s leakage inductance and the input inductor. In
the proposed converter, an active clamp circuit is employed
to limit this overshoot, reducing it to a minimum value of 1,
whereas it remains higher in other configurations except the
converter in [5] and active clamped Flyback. In a conventional
flyback converter without any snubber circuit, this overshoot
typically ranges from 1.5 to 2 [29]. The use of RC or RCD
snubber circuits in the ideal Flyback structure can reduce it to
approximately 1.2 to 1.3 [30], and it can be further reduced to 1 in
an active-clamped Flyback structure [31]. Consequently, when
considering the voltage overshoot values, even though the pro-
posed structure incorporates six power switches on its primary
side, the total voltage stress experienced by these switches in
the proposed converter with non-resonant approach is the lowest
compared to other current-fed isolated structures (excluding the
L-Ltype Half-Bridge structure in [5]). It should be noted that
in the resonant approach of the proposed converter, the voltage
stress across the switches is 1.57 times higher compared to its
non-resonant counterpart, owing to the resonant voltage of the
clamping capacitor as opposed to the constant voltage in the
non-resonant approach. Consequently, the total voltage stress
on the switches in the resonant approach is 1.57 times greater
than in the non-resonant approach.

In terms of switching power losses, the proposed structure uti-
lizing a resonant approach stands out for its ability to minimize
switching losses, as all switches operate under soft-switching
conditions. This advantage holds true even when compared to
the full soft-switching current-fed full-bridge converter outlined
in reference [11] and converters in [20], [21], [22], [23]. While
these converters feature soft switching on the primary side
switches, employing ZCS for turn-on and turn-off, it’s widely
recognized that even with GaN semiconductors, ZCS alone may
not suffice at high switching frequencies due to the remained
COSS losses of the switches in ZCS switching, where switching
losses tend to dominate over conduction losses. This underscores
the importance of ZVS conditions, especially at very high
switching frequencies [32]. Consequently, even the proposed
converter employing the non-resonant approach exhibits lower

switching losses when compared to the converters proposed
in [11], [19], [20], [21], [22], [23], and [30].

To evaluate and contrast the conduction losses in the primary
switches of the proposed converter against those in other con-
figurations, a linear relationship is assumed between the on-
resistance RDS(ON) of the switches and the voltage stress across
them. This on-resistance is presumed to vary proportionally,
increases, or decreases linearly as the voltage stress across the
MOSFETs is raised or lowered, respectively. Despite comprising
six power switches, the proposed structure effectively addresses
voltage spike concerns across these switches. This enables
the proposed structure with non-resonant approach to opt for
power MOSFETs with a lower blocking voltage range (lower
RDS(ON)), resulting in lower conduction losses when com-
pared to other analyzed structures, except for the L-Ltype Half-
Bridge structure in [5]. In the case of ideal and active clamped
Flyback structures, although they resolve voltage spike issues
and feature a significantly lower quantity of power switches,
their power switches experience higher conduction losses com-
pared to the proposed structure with non-resonant approach due
to the elevated RMS value of the conducting current.

As a result, in the proposed converter employing the non-
resonant approach, while it demonstrates better performance in
terms of switching losses and volume of passive components
compared to most of the compared structures, it does have
limitations when it comes to increasing the switching frequency
to reduce the volume of passive components for compactness
and enhanced power density due to turn-off losses. However,
this approach outperforms many of the compared converters,
including the proposed converter using the resonant approach,
in terms of power switch conduction losses. It’s noteworthy
that in the resonant approach, due to the possibility of full
soft switching, there are no limitations regarding switching
losses when increasing the switching frequency to minimize
passive component volume, resulting in a more compact con-
verter with increased power density. The performance results
of the proposed converter under double switching frequency in
Fig. 6 clearly demonstrate the advantage of the converter when
doubling the switching frequency.

Moreover, a detailed comparison of our proposed converter,
which builds on the findings from our previous conference work
[26], is provided in [33]. This comparison examines various
isolated high step-up DC-DC converters for low-power applica-
tions. The analysis covers key circuit parameters such as voltage
conversion ratio, voltage stress on semiconductor elements,
component size, and both conduction and switching losses. The
selected configurations are also assessed for cost and financial
viability. Additionally, the paper outlines the design procedures
and experimental prototypes of the solutions, presenting the
main results.

VII. EXPERIMENTAL RESULTS

A laboratory scale sample of the converter is implemented and
tested to validate the theoretical analysis according to Table III.
With these specifications, the experimental results are presented
for the two resonant and non-resonant approaches by just
changing the clamping capacitor and the switching frequency.
Considering the similar behavior of the main and auxiliary
switches, this section highlights the current and the voltage
waveforms of two main switches, an auxiliary switch, and
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Fig. 10. The experimental results of the proposed converter operating in non-resonant mode at a switching frequency of 100 kHz under Vin= 37 V and d =
0.6, (a) input current and the leakage inductance of the transformer current, (b) Current and voltage waveforms of switches S1 and S2, (c) Current and voltage
waveforms of switch S2a and diode D2.

TABLE III
CHARACTERISTICS OF THE PROPOSED CONVERTER AND COMPONENTS

an output diode in various operational conditions to avoid
excessive figures.

The experimental waveforms of the proposed converter with
non-resonant operation under 100 kHz switching frequency, and
400 W output power are shown in Fig. 10. Fig. 10 shows the
experimental results for input voltage Vin = 37V and output
voltage Vout = 360V , which causes the overlapping interval
of the gate signals to be d = 0.6. In this condition, based on
Fig. 10(a), the input current (iin) is a continuous current with
an average value of 11 A. The peak-to-peak ripple amount of
the input current is nearly 0.6 A and the current ripple percent is
almost 5.4%, which proves the validity of design consideration
for the input inductor (L). Hence, it is clear that the effective
frequency on the input inductor is twice the switching frequency
(200 kHz), thereby prolonging the power source’s lifespan with
making very low input current ripple. The voltage and current
waveforms of switches S1 and S2 are shown in Fig. 10(b). As
shown in this figure, both switches turn on under ZVS condition,
switch S1 turns off under ZCS condition, and switch S2 turns off
by charging the parasitic capacitance of the utilized MOSFETs,
which helps mitigate switching losses when the switch is turned
off, as explained in Section II. Moreover, the voltage stress of
these switches is about 90 V, which proves the correctness of the
obtained (8). As seen in Fig. 10(c), switch Sa2 turns on under
ZVS condition. Also, based on this figure, it is evident that the
switch (Sa 2) is turned off by charging its parasitic capacitance
condition. Additionally, diode D2 turns off under the ZCS con-
dition, which has been shown in Fig. 10(c). Furthermore, the

maximum voltage on Sa2 and D2 is about 90 V and 358 V,
respectively that shows the correctness of theoretical results.

The experimental waveforms of the proposed converter op-
erating in resonant mode at a switching frequency of 200 kHz
and an output power of 360 W are depicted in Fig. 9. The figure
illustrates the experimental results for an input voltage of 30 V
and an output voltage of 260 V, with an overlapping interval of
0.6. Based on the data presented in Fig. 11(a), the input current
exhibits a continuous flow with an average value of 12 A. The
peak-to-peak ripple in the input current is approximately 0.25 A,
translating to a current ripple percentage close to 2%, aligning
with theoretical predictions. Consequently, it is evident that the
effective frequency on the input inductor is twice the switching
frequency (400 kHz), allowing for the selection of a lower-value
inductor. Moreover, the voltage across the clamping capacitor
oscillates between 1.57 times VCc (which is calculated by (4))
and zero.

The sinusoidal enhancing voltage across the clamp capacitor
CC makes the turn-off of primary switches under near-ZVS
conditions. In Fig. 11(b), the voltage, and current waveforms
of switches S1 and S2 are displayed, illustrating their turn-on
under ZVS conditions, turn-off of S1 under ZCS or near-ZVS
conditions, and turn-off of S2 under near-ZVS conditions due
to the sinusoidal voltage increase. The voltage stress on these
switches is approximately 120 V, consistent with theoretical
expectations. In Fig. 11(c), switch Sa2 is observed to turn on
under ZVS conditions and turn off under near-ZVS conditions,
while diode D2 operates under ZCS conditions. Furthermore,
the maximum voltages observed on Sa2 and D2 are approxi-
mately 120 V and 260 V, respectively, validating the theoretical
predictions.

To demonstrate the soft-switching performance of the con-
verter, Fig. 11 presents the voltage and current waveforms of
the main switches, S1 and S2, under two conditions: 20% of full
load (80 W) for non-resonant operation and 10% of full load (40
W) for resonant operation. In Fig. 12(a), for the non-resonant
approach, both switches turn on with ZVS. Switch S1 turns off
with ZCS, while switch S2 turns off by charging the parasitic
capacitance of the MOSFETs, which helps reduce switching
losses. This confirms that the leakage inductance design, as
described in (18), supports effective soft switching performance
at 20% full load. Fig. 12(b) shows the waveforms for the resonant
approach, where both switches turn on under ZVS conditions.
Switch S1 turns off under ZCS or near-ZVS conditions, while
switch S2 turns off under near-ZVS conditions due to the si-
nusoidal increase in voltage. This figure demonstrates that the
converter achieves full soft switching performance even under
very low load conditions (10% of full load).
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Fig. 11. The experimental results of the proposed converter operating in resonant mode at a switching frequency of 200 kHz under Vin= 30 V and d = 0.6, (a)
input current and the voltage across the clamping capacitor VCc, (b) Current and voltage waveforms of switches S1 and S2, (c) Current and voltage waveforms of
switch S2a and diode D2.

Fig. 12. Experimental results of the proposed converter operating in non-
resonant and resonant modes under low load conditions: (a) Current and voltage
waveforms of switches S1 and S2 operating in non-resonant mode with Vin =
20 V, d = 0.8, and 20% of full load (80 W); (b) Current and voltage waveforms
of switches S1 and S2 operating in resonant mode under 10% of full load (40
W) condition.

Fig. 13. Transient response of the proposed configuration in non-resonance
approach: (a) load step alteration (full load to 20% load), and (b) input voltage
step variation (50 V to 40 V).

The transient response of the proposed converter under load
and input voltage step changes in the non-resonant approach
is depicted in Fig. 12. In Fig. 13(a), the transient response
illustrates how the converter reacts to load step changes from
20% to 100% and vice versa. As shown, the converter effectively
adjusts to the load step changes and stabilizes the output voltage
at 360 V within 1.6 milliseconds after the load change.

Fig. 13(b) presents the transient response of the converter to
input voltage step changes from 40 V to 50 V and vice versa. It is
evident from the figure that the converter responds appropriately
to the input voltage step changes, stabilizing the output voltage
at 360 V within 500 milliseconds, with approximately 10%
overshoot during a 20% input voltage step change.

The converter’s efficiency curve for resonant and non-
resonant approach for varying output power, adjusted with input
voltages from 40 V to 50 V, is shown in Fig. 14(a). Utilizing the
YOKOGAWA WT1800 precision power analyzer, the efficiency
estimation was conducted. Regarding this figure, an efficiency
of 96.2% for the non-resonant approach and 96.28% for the
resonant approach can be achieved at a 400 W output power
for the proposed converter. The power losses curve of each
component for the non-resonant and resonant approaches at 400

Fig. 14. (a) Efficiency curve for resonant and non-resonant approaches versus
varying output power, (b) Total losses breakdown of the components for both
non-resonant and resonant operations under a 40 V input voltage and 400 W
output power is presented.

W output power level are depicted in Fig. 14(b). This figure
clearly indicates that the major sources of loss in the converter
are the diodes conduction losses and the conduction and core
losses of the transformer and input inductor. These losses are
mainly influenced by material engineering. Optimizing mag-
netic cores for high switching frequencies (100-280 kHz) and
selecting diodes with lower forward voltage drops can reduce
these losses. Achieving over 95.5% efficiency across the entire
100 W to 400 W power range under all operating conditions
at these frequencies is sufficient for this application. However,
further improvements in efficiency could be achieved with ad-
vancements in ferrite core materials.

VIII. CONCLUSION

This paper presents a current-fed isolated, high step-up dc-dc
converter designed to minimize voltage stress on the power
switches. Utilizing a HF transformer, the proposed configura-
tion achieves effective isolation between input and output. By
exploiting the leakage inductance of the transformer, ZVS during
power switch turn-on is achieved, effectively eliminating turn-on
and COSS losses of the primary switches. Additionally, ZCS for
power diodes is enabled, eliminating reverse recovery losses
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across a broad operational range. This structure can accom-
modate two types of resonant and non-resonant soft-switching
approaches. Although the non-resonant approach or the PSM
modulation does not entirely solve turn-off losses of the primary
switches, it significantly reduces voltage stresses across the
switches, making it advantageous in terms of conduction losses
compared to previously established state-of-the-art structures or
the resonant approach. However, the PFM combined with PSM
modulation or resonant provides full soft switching operation,
facilitating the use of GaN transistors to increase switching fre-
quency, reduce passive component volume, and enhance power
density. Both approaches result in the input inductor experienc-
ing an effective frequency twice that of the power switches’
switching frequency, halving the required size of the input
inductor. Furthermore, the auxiliary circuit effectively mitigates
voltage spikes across the switches arising from the current dif-
ference between the input inductor and the transformer’s leakage
inductance. Theoretical analysis, along with comparisons with
other converters, highlights the performance of the proposed
converter. Experimental validation demonstrates its ability to
handle input voltages ranging from 20–50 V, operating at a con-
stant/variable switching frequency of 100–280 kHz, yielding an
output voltage of 360 V and a maximum output power of 400 W.

REFERENCES

[1] P. Mohseni, M. Dezhbord, M. R. Islam, W. Xu, and K. M. Muttaqi,
“Interleaved ultra-high step-up DC-DC converters with extendable voltage
gains and ZVS performance,” IEEE Access, vol. 9, pp. 129417–129430,
2021.

[2] X. Pan, H. Li, Y. Liu, T. Zhao, C. Ju, and A. K. Rathore, “An
overview and comprehensive comparative evaluation of current-fed-
isolated-bidirectional DC/DC converter,” IEEE Trans. Power Electron.,
vol. 35, no. 3, pp. 2737–2763, Mar. 2020.

[3] H. Afshari, O. Husev, O. Matiushkin, S. Pourjafar, N. V. Kurdkandi, and D.
Vinnikov, “Comprehensive comparison of grid-connected flyback-based
microinverter with primary and secondary side decoupling approach,”
IEEE Trans. Ind. Appl., vol. 60, no. 6, pp. 9080–9089, Nov./Dec. 2024,
doi: 10.1109/TIA.2024.3452069.

[4] R. Attanasio, “AN4070 application note: 250 W grid-connected
microinverter,” STMicroelectronics, 2012. [Online]. Available: https:
//spjnewswire.jrn.columbia.edu/IDtrack?rackid=Z00l340&FilesData=
250_W_Grid_Connected_Microinverter_Stmicroelectronics.pdf

[5] S.-J. Jang, C.-Y. Won, B.-K. Lee, and J. Hur, “Fuel cell generation system
with a new active clamping current-fed half-bridge converter,” IEEE Trans.
Energy Convers., vol. 22, no. 2, pp. 332–340, Jun. 2007.

[6] A. K. Rathore, A. K. S. Bhat, and R. Oruganti, “Analysis, design and
experimental results of wide range ZVS active-clamped L-L type current-
fed DC/DC converter for fuel cells to utility interface,” IEEE Trans. Ind.
Electron., vol. 59, no. 1, pp. 473–485, Jan. 2012.

[7] A. K. Rathore, “Interleaved soft-switched active-clamped L–L type
current-fed half-bridge DC–DC converter for fuel cell applications,” Int.
J. Hydrogen Energy, vol. 34, no. 24, pp. 9802–9815, Dec. 2009.

[8] V. Sidorov, A. Chub, D. Vinnikov, and A. Bakeer, “An overview and
comprehensive comparative evaluation of constant-frequency voltage buck
control methods for series resonant DC–DC converters,” IEEE Open J. Ind.
Electron. Soc., vol. 2, pp. 65–79, 2021.

[9] P. Mohseni, P. Emiliani, O. Husev, D. Vinnikov, and L. Mackay, “A
comparison between three-phase conventional two-stage AC-DC and
single-stage matrix converter approaches,” in Proc. IEEE 17th Int.
Conf. Compat., Power Electron. Power Eng., Tallinn, Estonia, 2023,
pp. 1–6.

[10] A. Blinov et al., “High gain DC–AC high-frequency link inverter with
improved quasi-resonant modulation,” IEEE Trans. Ind. Electron., vol. 69,
no. 2, pp. 1465–1476, Feb. 2022.

[11] R. Kosenko, O. Husev, and A. Chub, “Full soft-switching high step-up
current-fed DC-DC converters with reduced conduction losses,” in Proc.
IEEE 5th Int. Conf. Power Eng., Energy Elect. Drives, Riga, Latvia, 2015,
pp. 170–175.

[12] A. Blinov, R. Kosenko, D. Vinnikov, and L. Parsa, “Bidirectional isolated
current-source DAB converter with extended ZVS/ZCS range and reduced
energy circulation for storage applications,” IEEE Trans. Ind. Electron.,
vol. 67, no. 12, pp. 10552–10563, Dec. 2020.

[13] A. Blinov, I. Verbytskyi, D. Peftitsis, and D. Vinnikov, “Regenerative
passive snubber circuit for high-frequency link converters,” IEEE J. Emerg.
Sel. Topics Ind. Electron., vol. 3, no. 2, pp. 252–257, Apr. 2022.

[14] C. M. C. Duarte and I. Barbi, “A family of ZVS-PWM active-clamping
DC-to-DC converters: Synthesis, analysis, design, and experimentation,”
IEEE Trans. Circuits Syst. I, Fundam. Theory Appl., vol. 44, no. 8,
pp. 698–704, Aug. 1997, doi: 10.1109/81.611265.

[15] C. Da Cunha Duarte and I. Barbi, “A new family of ZVS-PWM active-
clamping DC-to-DC boost converters: Analysis, design, and experimenta-
tion,” IEEE Trans. Power Electron., vol. 12, no. 5, pp. 824–831, Sep. 1997,
doi: 10.1109/63.623000.

[16] S.-K. Han, H.-K. Yoon, G.-W. Moon, M.-J. Youn, Y.-H. Kim, and K.-
H. Lee, “A new active clamping zero-voltage switching PWM current-
fed half-bridge converter,” IEEE Trans. Power Electron., vol. 20, no. 6,
pp. 1271–1279, Nov. 2005, doi: 10.1109/TPEL.2005.857525.

[17] N. Kumar and P. Agarwal, “A series-parallel input parallel output based
active clamped current-fed DC-DC converter for high power applications,”
in Proc. IEEE 2nd Int. Conf. Ind. Electron., Developments Appl., Imphal,
India, 2023, pp. 547–554.

[18] O. A. Ahmed and J. Bleijs, “Optimized active-clamp circuit design for
an isolated full-bridge current-fed DC-DC converter,” in Proc. 4th Int.
Conf. Power Electron. Syst. Appl., Hong Kong SAR, China, 2011, pp. 1–7,
doi: 10.1109/PESA.2011.5982947.

[19] P. U R and A. K. Rathore, “Extended range ZVS active-clamped current-
fed full-bridge isolated DC/DC converter for fuel cell applications: Analy-
sis, design, and experimental results,” IEEE Trans. Ind. Electron., vol. 60,
no. 7, pp. 2661–2672, Jul. 2013.

[20] P. Xuewei and A. K. Rathore, “Novel bidirectional snubberless naturally
commutated soft-switching current-fed full-bridge isolated DC/DC con-
verter for fuel cell vehicles,” IEEE Trans. Ind. Electron., vol. 61, no. 5,
pp. 2307–2315, May 2014.

[21] P. Xuewei, A. K. Rathore, and U. R. Prasanna, “Novel soft-switching
snubberless naturally clamped current-fed full-bridge front-end-converter-
based bidirectional inverter for renewables, microgrid, and UPS ap-
plications,” IEEE Trans. Ind. Appl., vol. 50, no. 6, pp. 4132–4141,
Nov./Dec. 2014.

[22] D. Chakraborty, E. Breaz, A. K. Rathore, and F. Gao, “Parasitics-assisted
soft-switching and secondary modulated snubberless clamping current-
fed bidirectional voltage doubler for fuel cell vehicles,” IEEE Trans. Veh.
Technol., vol. 66, no. 2, pp. 1053–1062, Feb. 2017.

[23] T.-W. Huang, H.-J. Chiu, G.-C. Wang, and Y.-C. Chang, “Current-
fed phase-shifted full-bridge converter with secondary harmonic cur-
rent reduction for two-stage inverter in energy storage system,”
IEEE Trans. Power Electron., vol. 38, no. 9, pp. 10716–10728,
Sep. 2023.

[24] A. Chub, R. Kosenko, and A. Blinov, “Zero-voltage switching galvanically
isolated current-fed full-bridge DC-DC converter,” in Proc. 10th Int.
Conf. Compat., Power Electron. Power Eng., Bydgoszcz, Poland, 2016,
pp. 455–459.

[25] P. Mohseni, S. H. Hosseini, M. Maalandish, and M. Sabahi, “Ultrahigh
step-up two-input DC–DC converter with lower switching losses,” IET
Power Electron., vol. 12, no. 9, pp. 2201–2213, May 2019.

[26] S. Pourjafar, P. Mohseni, O. Matiushkin, O. Husev, and D. Vinnikov,
“Novel isolated high step-up DC-DC converter with wide input volt-
age regulation range,” in Proc. IEEE 64th Int. Sci. Conf. Power Elect.
Eng. Riga Tech. Univ., Riga, Latvia, 2023, pp. 1–6, doi: 10.1109/RTU-
CON60080.2023.10413102.

[27] D. Graovac, M. Purschel, and A. Kiep, “MOSFET power losses cal-
culation using the data-sheet parameters,” Infineon: Application Note
2006-07 V1.1. – Infineon Technologies AG, 2006. [Online]. Available:
https://applicationnotes.digchip.com/070/70-41484.pdf

[28] O. Matiushkin, O. Husev, H. Afshari, D. Vinnikov, and R. Strzelecki,
“Cost-effective piggyback forward DC-DC converter,” in Proc. IEEE
Appl. Power Electron. Conf. Expo., Long Beach, CA, USA, 2024,
pp. 2106–2111, doi: 10.1109/APEC48139.2024.10509355.

[29] V. Zhang and A. Tripathi, “How to design flyback converter
with LM3481 boost controller,” Texas Instruments, 2019. [On-
line]. Available: https://www.ti.com/lit/an/snva761a/snva761a.pdf?ts=
1741262559132&ref_url=https% 253A% 252F% 252Fwww.google.
com% 252F

Authorized licensed use limited to: Tallinn University of Technology. Downloaded on August 21,2025 at 15:22:27 UTC from IEEE Xplore.  Restrictions apply. 



6510 IEEE TRANSACTIONS ON INDUSTRY APPLICATIONS, VOL. 61, NO. 4, JULY/AUGUST 2025

[30] R. Zelnik and M. Prazenica, “Snubber design for flyback converter,” in
Proc. 25th Int. Conf. Electron., Palanga, Lithuania, 2021, pp. 1–6.

[31] D. Dalai, “Design considerations for active clamp and reset technique,”
Texas Instruments, 2000. [Online]. Available: https://www.ti.com/lit/
an/snva761a/snva761a.pdf?ts=1741262559132&ref_url=https% 253A%
252F% 252Fwww.google.com% 252F

[32] M. Kasper, R. M. Burkart, G. Deboy, and J. W. Kolar, “ZVS of power
MOSFETs revisited,” IEEE Trans. Power Electron., vol. 31, no. 12,
pp. 8063–8067, Dec. 2016.

[33] S. Pourjafar, H. Afshari, P. Mohseni, O. Husev, O. Matiushkin, and N.
Shabbir, “Comprehensive comparison of isolated high step-up DC-DC
converters for low power application,” IEEE Open J. Power Electron.,
vol. 5, pp. 1149–1161, 2024, doi: 10.1109/OJPEL.2024.3433554.

Parham Mohseni (Graduate Student Member, IEEE)
received the M.Sc. degree in power electronics and
electrical machines from the University of Tabriz,
Tabriz, Iran, in 2017. He is currently working toward
the Ph.D. degree in power electronics with the Tallinn
University of Technology, Tallinn, Estonia. His re-
search interests include onboard chargers, high power
density converters, wide-bandgap based converters,
design of high-frequency magnetics (up to MHz),
control system design for high-frequency convert-
ers, soft-switching circuits, and multiple-input/output
converters.

Saeed Pourjafar (Member, IEEE) received the B.Sc.
degree in electrical engineering from Azerbaijan
Shahid Madani University, Tabriz, Iran, in 2015, the
M.Sc. degree in power electronics and drives from
the Sahand University of Technology, Sahand, Iran,
in 2017, and the Ph.D. degree in power electronics
and drives from the University of Mohaghegh Ard-
abili, Ardabil, Iran, in 2021. From 2023 to 2024,
he was a Postdoctoral Researcher with the Tallinn
University of Technology, Tallinn, Estonia, focusing
on DC-DC converters and renewable energy systems.

He is currently an Electrical Expert with Cyclize Company, Stuttgart, Germany.
His research interests include high-power, high-frequency converters and energy
storage systems for electric vehicles and hybrid electric vehicles(.

Oleksandr Matiushkin (Member, IEEE) received
the B.Sc. and M.Sc. degrees in industrial electronics
from the Chernihiv National University of Technol-
ogy, Chernihiv, Ukraine, in 2016 and 2018, respec-
tively, and the Ph.D. degree in power electronics
from the Tallinn University of Technology, Tallinn,
Estonia, in 2022. He is currently a Researcher with
the Department of Electrical Engineering, Tallinn
University of Technology. He is also a Postdoc-
toral Researcher with the University of Extremadura,
Badajoz, Spain. His research interests include power

electronics, new topology design, microcontroller and FPGA programming,
modeling, filter calculations, and control techniques for power electronics con-
verters.

Oleksandr Husev (Senior Member, IEEE) received
the Ph.D. degree from the Institute of Electrodynam-
ics, National Academy of Science of Ukraine, Kyiv,
Ukraine, in 2012. He is currently a Associate Profes-
sor with Chernihiv Polytechnic National University,
Chernihiv, Ukraine, and a Senior Researcher with the
Tallinn University of Technology, Tallinn, Estonia.
From 2025, he is a Research Group Leader from the
Gdansk University of Technology, Gdańsk, Poland.
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ABSTRACT In this paper comprehensive evaluations of isolated high step-up dc-dc topologies have been
investigated. These converters are especially well suited for distributed generation systems utilizing re-
newable or alternative energy sources that need a wide input voltage range with load regulation. With
this in mind, this work primarily concentrates on comparative analysis of various isolated configurations
employed in possible industry applications. Consequently, several isolated structures, including flyback,
forward, push-pull, and full bridge and other similar solutions have been carried out in the literature. For
the purpose of comparative and theoretical analysis, some of the circuit parameters are considered, which
include voltage conversion ratio, semiconductor element voltage stress, component size, and conduction and
switching losses. Furthermore, the selected configurations have been discussed in terms of cost estimation
and financial feasibility. In addition, the design procedure and experimental prototypes of the available
solutions with the main results are presented. Derived from this investigation, the authors provide a guide to
help researchers to identify different isolated topologies with wide input voltage range and galvanic isolation
for prospective research directions within this area.

INDEX TERMS Isolated high step-up converter, distributed generation systems, wide input voltage range.

I. INTRODUCTION
Environmental concerns, including issues like global warm-
ing, the limited availability of fossil fuels, and the need to
decrease carbon dioxide emissions, have motivated the re-
search for cleaner and more sustainable energy sources [1].
Simultaneously, there has been a growing demand for renew-
able energy systems such as solar panels, fuel cells, and wind
turbines in recent years. This increased demand for cleaner
energy options has led to a shift in thinking about operating
grid-connected systems, necessitating the development of in-
novative strategies [2], [3]. In essence, the challenges posed by
environmental issues and the push for renewable energy are
reshaping the energy landscape and how power is generated
and distributed [4], [5].

In recent times, microgrids have gained considerable atten-
tion due to the substantial benefits they offer to both electricity
consumers and power grid operators. Microgrid deployments
are seen as a means to enhance power quality, lower emis-
sions, ease network congestion, reduce power losses, improve
energy efficiency, and potentially enhance the overall eco-
nomic performance of the system [6]. Furthermore, over the
past decade, dc microgrids have garnered significant interest
from both academia and industry. These dc microgrids have
proven to be superior to ac microgrids in terms of reliability,
efficiency, ease of control, integration of renewable energy
sources, and connecting dc loads [7]. The architecture of a
simple dc microgrid with a various power conversion section
is depicted in Fig. 1.

© 2024 The Authors. This work is licensed under a Creative Commons Attribution-NonCommercial-NoDerivatives 4.0 License. For more information, see
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FIGURE. 1. A simple architecture of DC Microgrid.

The primary challenge in implementing a dc grid is the
lack of a viable business model. Hence, the power electronic
converters need to be versatile and compatible with both dc
and ac applications [8], [9]. Power electronic structures play
a crucial role in incorporating renewable energy generation
into the power grid, meanwhile their usage is widespread and
expanding rapidly [10].

Solar Photovoltaic (PV) energy is a highly significant
global energy source and is projected to be the leading con-
tributor to electricity generation among all renewable options
by 2040. This is due to its renewable nature, absence of
harmful emissions, and high efficiency. PV power plants are
an effective means of harnessing energy from the sun and
directly converting it into electricity [11] and [12]. However,
PV panels produce very low voltage, and for applications
requiring high voltage, these panels must be connected in se-
ries and parallel configurations. Unfortunately, this approach
increases the overall cost of PV power systems. To address the
issue of low voltage output from PV panels, a high step-up
dc-dc converter is needed to boost the low voltages (typically
20–30 V) to align with the voltage level for distribution of a
dc microgrid (usually 350–400 V) [13], [14].

Lately, there have been numerous advancements in high
step-up dc-dc converters designed to achieve high voltage
gains in both isolated and non-isolated configurations [15],
[16]. In non-isolated setups, where galvanic isolation is not
present, various methods have been employed to enhance
the dc-dc conversion process. These methods include using
coupled inductors, cascading techniques, switched capacitors,
switched inductors, and voltage multiplier cells [17]. They
are used to achieve a substantial voltage boost in a cascade
setup without the need for a transformer, all while maintaining
high efficiency and high-power density [18]. To link energy
sources with lower input voltages to a higher-voltage dc bus,
galvanically isolated dc-dc converters are among the most
promising solutions.

These converters provide isolation to shield the energy
source from significant voltage fluctuations at the load. They

TABLE 1. Main Features Comparison of VF, CI and IS Converters

are efficient in utilizing the energy source, offer more flexi-
bility in handling varying load conditions, and are capable of
working with a wider range of input voltages [19], [20], [21],
[22], [23]. Various established isolated dc-dc converters can
be broadly categorized as Voltage-Fed (VF) and Current-Fed
(CF) converters. Current-fed converters primarily function by
reducing the input voltage through the adjustment of switch
duty cycles [24], [25]. They typically incorporate an output
LC filter, which smoothens the pulsating voltage. To op-
erate as boost isolated dc-dc converters, current-fed dc-dc
converters offer several advantages, including reduced input
current ripple, a lower transformer turns ratio, improved effi-
ciency, lower voltage requirements for rectifier diodes, and the
absence of shoot-through faults in power switches [26]. More-
over, there is another isolated converter called Impedance
Source (IS) converter, which is a combination of VF and CF
converters, and it can have the characteristics of both of them
[19], [27], [28], [29]. To better understanding, the specifica-
tions of these three types of converters been compared with
each other and illustrated in Table 1 [30]. Alternatively, in
different scenarios, isolated converters can be classified into
three primary types: those based on full or half-bridge switch-
ing (BS), single or two-switch PWM, and resonant designs.
Full-BS converters offer high voltage step-up ratios and effi-
ciency but are better suited for high-power applications due
to their numerous switches [31]. For low-power applications
PWM, half-BS, and resonant converters are more practical
[32]. In PWM DC-DC converters, standard configurations
such as Cuk, SEPIC, and Zeta, incorporating galvanic iso-
lation, as well as Forward, Flyback, and Push-Pull designs,
are simple yet may exhibit certain constraints such as reduced
static voltage step-up ratios, high input current ripple, and the
need for high-breakdown voltage diodes [33]. Isolated High
step-up dc-dc converters also can be divided into two types:
passive clamp and active clamp converters.

Passive clamp converters have a simple structure and few
switches but suffer from power losses due to hard switch-
ing of the main switch [34]. Active clamp converters, based
on push-pull, half-bridge, and full-bridge topologies, achieve
zero-voltage switching (ZVS) for switch turn-on and elimi-
nate voltage spikes. However, they may not be highly efficient
or cost-effective in low-power applications due to increased
switch count and complex driving circuits [35].
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Resonant bridge isolated high step-up dc-dc converters ad-
dress issues with soft switching, using parasitic elements for
resonance and featuring a simple structure without clamp cir-
cuits. However, they may cause a significant dc-offset current
in the transformer, increasing its size [36].

This paper presents a comprehensive evaluation of iso-
lated high step-up DC-DC converter topologies for distributed
generation systems using renewable energy sources. Unlike
existing reviews that focus on individual converter types, this
paper conducts a thorough comparative analysis across mul-
tiple configurations, including flyback, forward, push-pull,
and full-bridge converters. The evaluation considers critical
parameters such as capacitor and magnetic sizes, primary side
switch voltage stress, semiconductor conduction losses, and
switching losses, standardized for a fair comparison under
identical conditions of 400 W output power, 20–50 V input
voltage range, and 50 kHz switching frequency, maintaining a
constant 350 V output voltage. The main contributions of the
paper include:

1) Component Sizing Analysis: Introducing a quantitative
approach to compare capacitor and magnetic sizes based
on accumulated energy calculations, aiding in optimiz-
ing component selection.

2) Voltage Stress and Losses Comparison: Utilizing nor-
malized parameters like Voltage Stress Ratio (VSR)
and Conduction Loss Ratio (CLR) to evaluate primary
side switch voltage stress and semiconductor conduc-
tion losses.

3) Switching Losses Assessment: Employing a Switching
Loss Ratio (SLR) to assess the efficiency of switching
losses management across different converter types.

To validate the comparative methodology, a series of ex-
periments were conducted under controlled laboratory condi-
tions. Representative converters, one using coupled inductors
(flyback) and another using a transformer (full-bridge), were
selected for direct performance comparison. This setup en-
sured a fair and equitable comparison of efficiency, losses,
thermal characteristics, and cost-effectiveness under similar
operating conditions.

By evaluating key performance indicators crucial for real-
world applications, such as efficiency under varying loads,
detailed losses analysis, thermal behavior, and cost consider-
ations, this paper provides practical insights into the strengths
and weaknesses of each converter type. Unlike many the-
oretical studies, this paper bridges theory with practice by
incorporating experimental validation. The classification of
converters into coupled inductor-based and transformer-based
categories, based on their operational principles, aligns with
the distinctions made in the introduction and the main body of
the paper. This classification is essential for understanding the
different converter types and their applications in renewable
energy systems. The paper is structured as follows:

1) Section II provides an overview of the competitive solu-
tions.

2) Section III delves into the methodology for comparative
evaluation and offers guidelines for component design.

FIGURE. 2. Classification of high step-up DC-DC converters.

3) Section IV offers experimental evaluation of the pro-
posed solutions.

4) Finally, Section V presents the conclusions drawn from
this study.

Overall, this paper aims to guide engineers and researchers
in selecting optimal DC-DC converter topologies for diverse
renewable energy applications, contributing significantly to
the field by combining theoretical insights with practical vali-
dation.

II. OVERVIEW OF COMPETITIVE SOLUTIONS
The concise summary of the categorization of high step-
up DC-DC converters for both isolated and non-isolated
types is illustrated in Fig. 2. This paper primarily concen-
trates on isolated dc-dc converter topologies. Several isolated
high step-up dc-dc converters have gained prominence in
the industry due to their efficiency, capability, and suitabil-
ity for applications such as single-phase PV application.
The conventional isolated converters, as shown in Fig. 2,
include coupled-inductor based converters like Flyback, iso-
lated SEPIC, and transformer-based converters consisting of
various topologies such as forward, Push-pull, voltage-fed
half-bridge, voltage-fed full-bridge, current-fed half-bridge,
current-fed full-bridge, resonant half-bridge, and resonant
full-bridge. These converters are widely used based on their
inherent characteristics, performance metrics, and suitability
for specific applications. Table 2 provides a concise merits
and demerits of main features among the conventional isolated
high step-up dc-dc converters. In next sub-sections, a set of
these solutions has been explained and discussed.

A. COUPLED INDUCTOR BASED ISOLATED SOLUTIONS
The isolated SEPIC, is one of the coupled inductor based
isolated converter, commonly used in renewable application,
which has advantages like low-input current ripples, minimal
EMI, and versatile outputs. These converters possess a fun-
damental flaw, experiencing notable voltage stress on switch
devices that is on par with the combined magnitude of both
output and input voltages [37], [38], [39].

Flyback based converter, with its coupled-inductor based
isolation, is known for its simplicity and cost-effectiveness.
It is suitable for low to moderate power applications [40],
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FIGURE. 3. Several isolated high step-up DC-DC converters for dc-microgrid applications, (a) Flyback based converter [47], (b) Forward based converter
[52], (c) Push-pull based converter [54], (d) Half-bridge based converter [56], (e) Current-fed FB with clamp capacitor [58], and (f) Current-fed resonant
converter [67].

TABLE 2. Comparison of Conventional Isolated Converters

[41], [42], [43], [44], [45]. The conventional flyback con-
verter topology has drawbacks that limit its performance in
some applications. Some issues include high voltage spikes
and oscillations caused by leakage inductance in the main
transformer, reducing efficiency and risking switch and diode
damage. Furthermore, the main switch requires a high voltage
rating due to the summation of input and reflected output volt-
ages [46]. Fig. 3(a) depicts a two-switch flyback PWM dc–dc
converter with active snubber [47]. The proposed converter
introduces a dual-flyback high step-up, enhancing voltage
gain while minimizing turn ratios. Increasing voltage gain and

reducing switching losses are achieved by coupling two series
secondary inductors.

To minimize input current ripple, the two primary sides are
interconnected in a parallel configuration.

B. TRANSFORMER BASED ISOLATED SOLUTIONS
The forward converter is one of transformer based isolated
solutions that extensively employed in applications requir-
ing low to medium power supplies, primarily owing to its
straightforward design and cost-effectiveness. Nonetheless,
it possesses two primary disadvantages: When the switch is
deactivated, the energy confined in the magnetizing induc-
tance within the core results in transformer saturation, and
the transformer’s leakage inductance subjects the switch to
substantial voltage stress [48], [49], [50], [51]. Ref. [52]
introduces an innovative Active-Clamp Forward Converter
(ACFC) incorporating a lossless snubber on the secondary
side to mitigate voltage spikes on the free-wheeling diode and
forward-rectifier diode. Fig. 3(b) depicts the circuit configura-
tion of the suggested converter.

The Push-Pull based converter is other transformer based
isolated solution, which utilized in single phase PV applica-
tions. This converter is known for its simplicity and reduced
component count, is often chosen for applications where isola-
tion and high step-up ratios are essential. While cost-effective
and efficient, it may face challenges in EMI [53]. One push
pull based converter with Three Winding Transformer (3WT)
has been illustrated in Fig. 3(c) [54]. This configuration’s
primary benefit lies in its capacity for achieving a high voltage
gain, operating with ZVS, and offering a wide operational
range suitable for applications like PV microconverters.

A half-bridge converter finds wide application in motor
drives, power supplies, battery chargers, and renewable en-
ergy systems. Similar to forward and push-pull converters,
it can generate variable output voltages and offer electri-
cal isolation. Despite its more intricate design compared to
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forward or push-pull converters, the half-bridge converter
delivers greater output power using fewer and cost-effective
components [55]. Ref. [56] (Fig. 3(d)) explored an effi-
cient quasi-resonant boost half-bridge dc–dc converter for PV
micro-inverters, with a wide input voltage range. The design
optimized conversion using a voltage doubler and snubber ca-
pacitor, eliminating DC-magnetizing currents in transformers.
Employing quasi-resonance in switches and diodes achieved
ZVS, minimizing turn-off losses.

The isolated Full-Bridge (FB) converters, which is another
transformer based solution, offers improved efficiency and
reduced stress on components compared to its half-bridge
counterpart. Its full-bridge configuration allows bidirectional
power flow, making it suitable for applications demanding
higher power density [57]. In [58], which demonstrated in
Fig. 3(e), a current fed FB with wide input voltage range has
been presented. The voltage spike throughout this converter
has been decreased because of using clamp capacitor.

Resonant converters, notably the LLC type, are gaining
attention for their outstanding performance [59], [60], [61],
[62], [63], [64]. Their benefits and drawbacks vary based on
application needs like power density, efficiency, cost, com-
plexity, and reliability [65]. The LLC converter, with low
EMI, high power density, and ZVS capability in switches,
is particularly favored. In high-step-up PV applications, LLC
resonant converters operating at resonant frequencies are
preferred for efficient power conversion [66]. Nevertheless,
integrating additional components leads to increased magnetic
loss, costs, and complexity within these converters. In [67]
(Fig. 3(f)), a resonant dc-dc converter was created with the
aim of attaining input currents devoid of ripples. Through the
maintenance of a consistent duty cycle and the incorporation
of a resonant circuit on the secondary side, this converter
reduces turn-off currents and minimizes switching losses, ul-
timately enhancing efficiency.

III. COMPARISON METHODOLOGY OF ISOLATED
SOLUTIONS
In this section, a comprehensive comparison of solutions
depicted in Fig. 2 is conducted using a methodology that
considers key parameters such as follows:

1) Capacitor size
2) Magnetic size
3) Primary side switch voltage stress
4) Primary side semiconductor conduction losses
5) Switching losses
The design parameter of comparison for all converters has

been indicated in Table 3.
Capacitor size impacts energy efficiency, inductor size

influences energy transfer, and high frequency transformer
dimensions, which are magnetic elements, affect overall sys-
tem size and efficiency. Analysis of relative conduction and
switching losses of semiconductors provides insights into
system efficiency and control mechanisms. Additionally, eval-
uating primary side switch voltage stress informs about
component reliability. In a very general case, the fundamental

TABLE 3. Design Parameter of Comparison for All Converters

waveforms of a converter are independent of the selection
of components and electric parameters (e.g., switching fre-
quency, selected semiconductors) and result from the basic
modulation scheme, yielding some general requirements for
the dimensioning of the components [68]. This approach of-
fers a nuanced understanding of the strengths and weaknesses
of each solution, aiding engineers and researchers in optimiz-
ing these converters for diverse applications. It was applied in
some other research works [69], [70].

A. MAGNETIC AND CAPACITORS SIZE COMPARISON
For comparing capacitor and magnetic sizes among the
solutions, a methodology relies on calculating the total accu-
mulated energy in these elements. This quantitative approach
evaluates their energy storage capacities, providing insights
into efficiency. The analysis also considers total conduction
power loss, offering a holistic perspective on how effectively
each solution manages power flow through these components.
Therefore, the following equations has been utilized:

n∑

i=1

ECi = 1

2
CiVCi

2, (1)

m∑

j=1

EL j = 1

2
L jIL j

2. (2)

In the above equations, EC, EL, VC, IL, n and m are respec-
tively the accumulated energy in capacitors and inductors, the
voltage across the capacitors, the current through the induc-
tors, number of capacitors and number of inductors.

B. PRIMARY SIDE SWITCH VOLTAGE STRESS COMPARISON
To compare the primary side switch voltage stress (Vstress) of
switches, a normalized parameter called the Voltage Stress
Ratio (VSR) can be used as follows:

V SR = Vstress

Vout
. (3)

This ratio provides a comparative measure that considers
the impact of the voltage stress relative to the output voltage.
A lower VSR indicates that the primary side switch voltage
stress is a smaller proportion of the output voltage, which
can be useful for evaluating the stress level on the switch in
relation to the desired output voltage.
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C. PRIMARY SIDE SEMICONDUCTOR CONDUCTION
LOSSES COMPARISON
The primary side semiconductor conduction losses in men-
tioned converters are compared based on normalized param-
eter known as the Conduction Loss Ratio (CLR). The CLR
is expressed as the ratio of the conduction losses to the total
power:

CLR = PCondcution

Pout
. (4)

In (4) Pout is the total power of the converter and Pconduction

represents the total conduction losses in the primary side semi-
conductor devices that define as follows:

Pconduction =
N∑

i=1

RonI2
RMSi. (5)

IRMS is the Root Mean Square (RMS) current flowing
through the semiconductor device during conduction, and Ron

is the ON-state resistance of the semiconductor device.

D. SWITCHING LOSSES COMPARISON
The switching loss ratio (SLR) is defined as the ratio of the
switching losses to the total power for this comparison as
follows:

SLR = Pswitching

Pout
. (6)

The switching losses (Pswitching) occur during both turn-on
and turn-off events are influenced by semiconductor parame-
ters such as the switching frequency, device capacitances that
we assume to be similar to all compared solutions, while the
voltage and current waveforms during switching are define by
the selected topology and are expressed as follows:

SL ∼=
NS∑

i=1

〈
îSi · v̂Si

〉

T

. (7)

In (7), the average of the product vSi and iSi throughout
a fundamental period T serves as an appropriate indicator
for assessing switching losses. Besides, SLR provides a com-
parative measure for evaluating how efficiently the converter
handles switching losses relative to the total power. Based on
the mentioned specification for methodology of comparison,
the converters presented in Fig. 3 from each family of isolated
converter has been compared with each other that is indicated
in Fig. 4.

The comparison performance of each converter separately
has been illustrated in Fig. 5. It is essential to emphasize that
this comparative analysis is specifically implemented with an
output power set at 400 W. The input voltage ranges between
20 V and 50 V, with a consistent switching frequency of
50 kHz, while the output voltage is maintained at a constant
350 V. To ensure a comprehensive and fair comparison, not
only is the output power standardized, but the duty cycle and
other dynamic switch configurations are also kept consistent

FIGURE. 4. Overall comparison of the isolated converters form each family
based on key parameters.

across all converters. It’s worth noting that isolated high-
step-up converters typically incorporate a voltage multiplier
rectifier on their secondary side, a common feature among
most isolated converters.

As a result, specifications related to the secondary side,
such as the voltage stress of diodes and conduction losses,
have been omitted from this comparison. This intentional ex-
clusion allows us to focus specifically on the primary aspects
influencing performance, providing a standardized basis for
evaluating the efficiency and effectiveness of the convert-
ers. This meticulous approach ensures that the comparison
is not only fair but also comprehensive, enabling a detailed
examination of the converters’ performance under consistent
conditions.

In general isolated converters have been extensively em-
ployed across different power levels, frequently as adaptations
of non-isolated converters [71] and [72]. As previously noted,
DC-DC converters featuring galvanic isolation can be clas-
sified based on the energy transmission element as either
transformers or coupled inductors [26]. Even though both
transformers and coupled inductors share the commonality
of having multiple windings on a magnetic core, their oper-
ational principles and roles in switching converters exhibit
significant variations [73]. Transformers are the favored op-
tion for achieving galvanic isolation due to their noteworthy
power density, making them a popular choice for high-power
applications. Conversely, converters based on coupled in-
ductors present a more efficient solution characterized by a
smaller size and weight. Moreover, they find common use in
applications with lower power requirements [74].

IV. EXPERIMENTAL EXAMPLE OF ISOLATED DC-DC
CONVERTERS
To validate the comparison methodology, a series of ex-
periments with various configurations was conducted in the
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FIGURE. 5. Performance Comparison of the isolated converters, (a) Flyback based converter [47], (b) Forward based converter [52], (c) Push-pull based
converter [54], (d) Half-bridge based converter [56], (e) Current-fed FB with clamp capacitor [58], and (f) Current-fed resonant converter [67].

FIGURE. 6. The experimental prototype of the isolated converters, (a) Flyback based converter, (b) FB based converter.

laboratory. In this specific comparison, the flyback converter
was chosen from the family of isolated converters due to its
reliance on the coupling inductor. Similarly, the full-bridge
converter, selected from the same family of isolated convert-
ers, was chosen based on its use of a transformer. Moreover,
Fig. 6 illustrates the experimental prototypes of each con-
verter.

It’s crucial to emphasize that the flyback converter show-
cased in this study was meticulously designed for PV mi-
croinverter applications and includes additional components
because of its performance [45]. However, for a fair and
focused comparison, only the DC portion of the flyback
converter was considered. This deliberate choice enables
a comprehensive and equitable evaluation of the essential

aspects pertinent to the comparison. The parameter speci-
fications for both converters are provided in Table 4. Both
converters underwent testing with an input voltage range of
20–60 V and a power rating of 400 W. The experimental
waveforms for both the flyback-based high step-up converter
and the full-bridge (FB) based converter are presented in
Fig. 6. It is crucial to note that these waveforms were ob-
tained with an input voltage fixed at 40 V and a constant
output voltage of 350 V. In Fig. 7(a), the waveforms for input
voltage (Vin), output voltage (Vout), and input current of the
FB-based converter are displayed. Notably, the input current
ripple content is approximately 20 %, indicating an acceptable
level for this type of converter. Fig. 7(b) depicts the voltage
and current waveforms of the main switches of the FB-based
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FIGURE. 7. Experimental measurement of the isolated dc-dc converters, (a) Input voltage (Vin), output voltage (Vout) and input current of FB based
converter, (iin) waveforms, (b) current and voltage waveforms of switches S1 and S2 of FB based converter, (c) current and voltage waveforms of diode D1

and D2 of FB based converter, (d) Input voltage (Vin), output voltage (Vout) and input current (iin) of flyback based converter, (e) current and voltage
waveforms of switches S1 and S2 of flyback based converter, (f) current and voltage waveforms diodes D1 and D2 of flyback based converter.

TABLE 4. Specification of the Isolated Converters

converter. From this figure, it is observed that the voltage
stress on the two main switches is around 90 V, which is four
times smaller than the output voltage. Moving to Fig. 7(c),
the voltage and current waveforms of the voltage multiplier
rectifier diodes (D1 and D2) are illustrated. The voltage stress
on the output diode matches the output voltage, a typical char-
acteristic in converters of this kind. Switching our attention to
the isolated flyback converter, Fig. 7(d) showcases the input
voltage, output voltage, and magnetizing current waveforms.
A comparison with the FB-based converter reveals that the
input current ripple of the flyback-based converter is generally
higher. In Fig. 7(e), the voltage and current of switches S1

and S2 are presented, indicating a maximum switch voltage of
around 120 V. In terms of voltage stress evaluation, although
each switch’s voltage stress in the FB-based converter is lower
than that of the flyback-based converter, the total voltage
stress in the FB-based converter is higher when compared
to the flyback-based converter. Finally, Fig. 7(f) exhibits the
voltage and current waveforms of the output diodes, revealing
that their voltage stress is twice as high as the output voltage.
While this may suggest high stress on the output diodes, it is
noteworthy that there are also flyback-based converters men-
tioned in previous studies [45], where the output diode voltage
stress aligns with the output voltage. In summary, the wave-
forms analysis indicates distinct performance characteristics
between the flyback-based high step-up converter and the FB-
based converter. The FB-based converter demonstrates lower
voltage stress on individual switches but higher total voltage
stress. The output diodes in the FB-based converter exhibit
higher stress, yet it’s important to recognize that similar stress
levels have been reported in certain flyback-based converters
according to prior studies [45]. Choosing between the two
converters depends on the specific application requirements
and observed waveform characteristics

In order to provide a thorough comparison between coupled
inductor-based and transformer-based structures, various key
performance aspects have been analyzed and presented in
Fig. 8(a)–(e) for both converters. These figures offer insights
into the efficiency curve, losses breakdown of the power cir-
cuit, and thermal characteristics of the main switches for both
FB based and flyback based converters.

In Fig. 8(a), the efficiency curve shows the performance
of the proposed converters across a range of output power
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FIGURE. 8. Efficiency, power loss curve and thermal image flyback based
and FB based converters, (a) Efficiency curve versus output power, (b) Total
losses breakdown of the components in FB based converter, (c) Total
losses breakdown of the components in flyback based converter, (d)
Thermal image of the main switch in FB based converter, (e) Thermal
image of the main switch in flyback based converter.

levels, differing from light load to full load conditions. It is
evident from this figure that the FB based converter exhibits a
notably higher efficiency when compared to the flyback based
converter. Fig. 8(b) and (c) present a detailed breakdown of
losses within the power circuit for both converter types. The
analysis reveals that the predominant source of losses in both
converters is attributed to magnetic elements.

FIGURE. 9. The cost graph of the image flyback based and FB based
converters for different numbers of assemblies.

This commonality underscores the intrinsic nature of losses
associated with these components. Notably, the Flyback con-
verter introduces additional losses in the form of snubber
circuit losses, which are conspicuously significant.

This observation raises considerations for optimizing the
snubber circuit design to mitigate its impact on overall ef-
ficiency. Furthermore, the temperature curves of the main
switches for each converter, as depicted in Fig. 8(d) and
(e), highlight the thermal characteristics under the specified
operating conditions. Based on this Figs, both converters
demonstrate satisfactory thermal performance in this sce-
nario, indicating that neither converter is adversely affected
by excessive heating issues. In Fig. 9, the cost comparison
between full-bridge and flyback converters reveals an interest-
ing insight. Despite the full-bridge converter showing higher
efficiency, the overall cost of the flyback converter is sig-
nificantly lower. In essence, while efficiency is undoubtedly
a critical factor in converter selection, the general consider-
ation of cost-effectiveness, proves the practical appeal and
widespread utilization of flyback-based converters across var-
ious industrial sectors.

This cost advantage is a key reason why flyback converters
are commonly preferred in various industrial applications.
The simplicity of the flyback topology, requiring fewer com-
ponents and offering straightforward implementation, con-
tributes to its cost-effectiveness. This economic advantage
makes flyback converters a widely adopted and practical solu-
tion in the industry for low power applications

A comprehensive evaluation has been conducted to com-
pare the flyback-based converter [45] with the FB-based
converter across various crucial parameters such as total volt-
age stress on primary switches, component count, volume,
size, power density, full load efficiency, and cost. The detailed
findings are summarized in Table 4, providing an insight-
ful overview of the performance characteristics of the two
converters. Fig. 10 further elucidates the comparison by pre-
senting the specifications of the Flyback-based and FB-based
prototypes. Upon careful examination of both the Table 5 and
the graphical representation in Fig. 10, it becomes evident
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FIGURE. 10. The specification of the comparison between the Flyback
based and FB based prototypes.

TABLE 5. Specification of the Two Converter Comparison

that the flyback-based converter exhibits superiority in several
aspects when compared to the FB-based converter. Despite the
high efficiency of the FB-based converter, it is noteworthy that
it incurs elevated costs and experiences increased total voltage
stress across the switches, unlike the flyback-based coun-
terpart. Notably, the flyback-based converter demonstrates a
favorable combination of high power density and a reduced
number of components, contributing to an overall cost reduc-
tion in the converter assembly.

In a comparative analysis between the flyback based con-
verter and the FB based converter, it is initially observed
that the flyback converter imposes a higher voltage stress
on a switch than the FB counterpart. However, considering
the number of switches, the overall voltage stress of the
full-bridge converter surpasses that of the flyback converter.
Additionally, alternative flyback converters, such as the one
presented in [47], demonstrate parity in voltage stress with
the full-bridge converter for individual switches.

Based on comprehensive theoretical analysis and the prac-
tical results showcased for converters within the transformer
and coupled inductor family, it is evident that several key
parameters must be considered for the effective deployment
of these converters in industrial applications. These crucial
parameters include, but are not limited to, the number of
elements, efficiency, and notably the cost. In the realm of in-
dustrial applications, the selection of an appropriate converter
structure demands a precise evaluation, taking into account
the complicated balance between these fundamental criteria.
Efficiency, cost-effectiveness, and the specific requirements

of the intended application all play fundamental roles in de-
termining the optimal choice. This consideration is superior in
achieving not only optimal performance but also cost-efficient
and sustainable solutions for different industrial applications.

V. CONCLUSION
This paper presented a comprehensive evaluation of isolated
high step-up dc-dc converters, emphasizing their applicabil-
ity in distributed generation systems powered by renewable
energy sources. The overview of competitive solutions high-
lights the importance of power electronic structures in incor-
porating renewable energy into the power grid, emphasizing
their widespread and rapidly expanding usage. Through a
comparative analysis, key parameters such as voltage conver-
sion ratio, semiconductor element voltage stress, component
size, and conduction and switching losses are considered.
The selected configurations are also assessed in terms of cost
estimation and financial feasibility. The investigation aims to
guide researchers in identifying suitable isolated topologies
with wide input voltage ranges and galvanic isolation for
future research directions.

The comparison methodology is provided as systematic
approach, considering capacitor and magnetic sizes, pri-
mary side switch voltage stress, primary side semiconductor
conduction losses, and switching losses. The experimen-
tal examples of isolated dc-dc converters, specifically the
flyback-based and full-bridge-based converters, validate the
methodology and showcase distinct performance characteris-
tics between the two.

The efficiency curve, losses breakdown, thermal char-
acteristics, and cost comparison provide a comprehensive
understanding of the trade-offs between the flyback and FB
converters. Despite the higher efficiency of the FB converter,
the cost-effectiveness of the flyback converter, attributed to its
simplicity and fewer components, demonstrates its practical
appeal in various industrial applications.

In conclusion, based on the comparative analysis and ex-
perimental validation, the paper recommends considering
specific application requirements when choosing isolated high
step-up dc-dc converters. The findings emphasize the im-
portance of balancing efficiency and cost-effectiveness for
practical implementation in distributed generation systems us-
ing renewable energy sources.

REFERENCES
[1] M. Malinowski, J. I. Leon, and H. Abu-Rub, “Solar photovoltaic and

thermal energy systems: Current technology and future trends,” Proc.
IEEE, vol. 105, no. 11, pp. 2132–2146, Nov. 2017.

[2] J. Zeng, X. Du, and Z. Yang, “A multiport bidirectional DC–DC con-
verter for hybrid renewable energy system integration,” IEEE Trans.
Power Electron., vol. 36, no. 11, pp. 12281–12291, Nov. 2021.

[3] S. Gopinathan, V. S. Rao, and K. Sundaramoorthy, “Family of non-
isolated quadratic high gain DC–DC converters based on extended
capacitor-diode network for renewable energy source integration,” IEEE
J. Emerg. Sel. Topics Power Electron., vol. 10, no. 5, pp. 6218–6230,
Oct. 2022.

[4] Y. Yang et al., Adv. in Grid-Connected Photovolt. Power Convers. Syst.,
Woodhead Publishing, 2018.

1158 VOLUME 5, 2024



[5] H. Shayeghi, S. Pourjafar, M. Maalandish, and S. Nouri, “Non-isolated
DC–DC converter with a high-voltage conversion ratio,” IET Power
Electron., vol. 13, no. 16, pp. 3797–3806, Dec. 2020.

[6] E. L. Carvalho, A. Blinov, A. Chub, P. Emiliani, G. de Carne, and D.
Vinnikov, “Grid integration of DC buildings: Standards, requirements
and power converter topologies,” IEEE Open J. Power Electron., vol. 3,
pp. 798–823, Oct. 2022.

[7] S. Beheshtaein, R. M. Cuzner, M. Forouzesh, M. Savaghebi, and J.
M. Guerrero, “DC Microgrid protection: A comprehensive review,”
IEEE J. Emerg. Sel. Topics Power Electron., early access, Mar. 12,
2019, doi: 10.1109/JESTPE.2019.2904588

[8] L. Mackay, N. H. van der Blij, L. Ramirez-Elizondo, and P. Bauer, “To-
ward the universal DC distribution system,” Electric Power Compon.
Syst., vol. 45, no. 10, pp. 1032–1042, 2017.

[9] O. Matiushkin, O. Husev, D. Vinnikov, and J. Kurnitski, “DC-Ready
photovoltaic solar converter,” in Proc.IEEE Int. Exhib. Conf. Power
Electron., Intell. Motion, Renewable Energy Energy Manage., Nurem-
berg, Germany, 2023, pp. 1–7.

[10] P. Mohseni, S. Rahimpour, M. Dezhbord, M. R. Islam, and K. M.
Muttaqi, “An optimal structure for high step-up non-isolated DC–
DC converters with soft-switching capability and zero input current
ripple,” IEEE Trans. Ind. Electron., vol. 69, no. 5, pp. 4676–4686,
May 2022.

[11] S. Pourjafar, H. Shayeghi, S. M. Hashemzadeh, F. Sedaghati, and M.
Maalandish, “A non-isolated high step-up DC–DC converter using
magnetic coupling and voltage multiplier circuit,” IET Power Electron.,
vol. 14, no. 9, pp. 1637–1655, Jul. 2021.

[12] P. Alavi, P. Mohseni, E. Babaei, and V. Marzang, “An ultra-high step-
up DC–DC converter with extendable voltage gain and soft-switching
capability,” IEEE Trans. Ind. Electron., vol. 14, no. 9, pp. 4676–4686,
May 2022.

[13] P. K. Maroti, S. Padmanaban, J. B. Holm-Nielsen, M. Sagar Bhaskar,
M. Meraj, and A. Iqbal, “A new structure of high voltage gain SEPIC
converter for renewable energy applications,” IEEE Access, vol. 7,
pp. 89857–89868, 2019.

[14] Y. Liu, W. Zhang, Y. Sun, M. Su, G. Xu, and H. Dan, “Review
and comparison of control strategies in active power decoupling,”
IEEE Trans. Power Electron., vol. 36, no. 12, pp. 14436–14455,
Dec. 2021.

[15] O. Matiushkin, O. Husev, H. Afshari, D. Vinnikov, and R. Strzelecki,
“Cost-effective piggyback forward based DC-DC converter,” in Proc.
IEEE Appl. Power Electron. Conf. Expo., 2024, pp. 2106–2111.

[16] J. Yuan, F. Blaabjerg, Y. Yang, A. Sangwongwanich, and Y. Shen,
“An overview of photovoltaic microinverters: Topology, efficiency, and
reliability,” in Proc. IEEE 13th Int. Conf. Compat., Power Electron.
Power Eng., 2019, pp. 1–6.

[17] M. Forouzesh, Y. P. Siwakoti, S. A. Gorji, F. Blaabjerg, and B. Lehman,
“Step-up DC–DC converters: A comprehensive review of voltage-
boosting techniques, topologies, and applications,” IEEE Trans. Power
Electron., vol. 32, no. 12, pp. 9143–9178, Dec. 2017.

[18] Y. Koç, Y. Birbir, and H. Bodur, “Non-isolated high step-up DC-
DC converters–An overview,” Alexandria Eng. J., vol. 61, no. 2,
pp. 1091–1132, Feb. 2022.

[19] O. Husev, L. Liivik, F. Blaabjerg, A. Chub, D. Vinnikov, and I. Roasto,
“Galvanically isolated quasi-z-source DC–DC converter with a novel
ZVS and ZCS technique,” IEEE Trans. Ind. Electron., vol. 62, no. 12,
pp. 7547–7556, Dec. 2015.

[20] E. S. Oluwasogo and H. Cha, “A quadratic quasi-z-source full-bridge
isolated DC–DC converter with high reliability for wide input applica-
tions,” IEEE Trans. Ind. Electron., vol. 69, no. 10, pp. 10090–10100,
Oct. 2022.

[21] J. Lee, M. Kim, S. Kim, and S. Choi, “An isolated single-switch ZCS
resonant converter with high step-up ratio,” IEEE Trans. Power Elec-
tron., vol. 36, no. 10, pp. 11555–11564, Oct. 2021.

[22] N. Hassanpour, A. Chub, A. Blinov, and D. Vinnikov, “Soft-switching
bidirectional step-up/down partial power converter with reduced com-
ponents stress,” IEEE Trans. Power Electron., vol. 38, no. 11,
pp. 14166–14177, Nov. 2023.

[23] Z. Zhang et al., “High efficiency step-up DC–DC converter for grid-
connected photovoltaic microinverter applications,” IET Renewable
Power Gener., vol. 16, no. 6, pp. 1159–1169, Apr. 2022.

[24] N. Yang, J. Zeng, R. Hu, and J. Liu, “Analysis and design of an iso-
lated high step-up converter without voltage-drop,” IEEE Trans. Power
Electron., vol. 37, no. 6, pp. 6939–6950, Jun. 2022.

[25] R. Kosenko, O. Husev, and A. Chub, “Full soft-switching high step-
up current-fed DC-DC converters with reduced conduction losses,” in
Proc. IEEE 5th Int. Conf. Power Eng., Energy Elect. Drives, Riga,
Latvia, 2015, pp. 170–175.

[26] M.-K. Nguyen, Y.-C. Lim, J.-H. Choi, and G.-B. Cho, “Isolated high
step-up DC–DC converter based on quasi-switched-boost network,”
IEEE Trans. Ind. Electron., vol. 63, no. 12, pp. 7553–7562, Dec. 2016.

[27] D. Vinnikov, J. Zakis, O. Husev, and R. Strzelecki, “New high-gain
step-up DC/DC converter with high-frequency isolation,” in Proc. IEEE
27th Annu. Appl. Power Electron. Conf. Expo., Orlando, FL, USA,
2012, pp. 1204–1209.

[28] D. Vinnikov, A. Chub, O. Huse, and J. Zakis, “Quasi-Z-source half-
bridge DC-DC converter for photovoltaic applications,” in Proc. IEEE
Int. Conf. Ind. Technol., Seville, Spain, 2015, pp. 2935–2940.

[29] A. Chub, O. Husev, and D. Vinnikov, “Input-parallel output-series
connection of isolated quasi-Z-source DC-DC converters,” in Proc.
IEEE Electric Power Qual. Supply Rel. Conf., Rakvere, Estonia, 2014,
pp. 277–284.

[30] A. Chub, D. Vinnikov, F. Blaabjerg, and F. Z. Peng, “A review of gal-
vanically isolated impedance-source DC–DC converters,” IEEE Trans.
Power Electron., vol. 31, no. 4, pp. 2808–2828, Apr. 2016.

[31] Y. C. Huang, Y. C. Hsieh, C. Y. Lin, and C. S. Moo, “Light
load analysis and topology morphing between full/half-bridge DC-
to-DC converter,” Int. J. Electron., vol. 111, pp. 298–317, 2023,
doi: 10.1080/00207217.2022.2164070.

[32] H. Mao, S. Deng, J. Abu-Qahouq, and I. Batarseh, “Active-clamp snub-
bers for isolated half-bridge DC-DC converters,” IEEE Trans. Power
Electron., vol. 20, no. 6, pp. 1294–1302, Nov. 2005.

[33] Q. Wu, Q. Wang, J. Xu, and Z. Xu, “Active-clamped ZVS current-fed
push–pull isolated DC-DC converter for renewable energy conver-
sion applications,” IET Power Electron., vol. 11, no. 2, pp. 373–381,
Feb. 2018.

[34] Q. Wu, Q. Wang, J. Xu, and L. Xiao, “A wide load range ZVS push–pull
DC-DC converter with active clamped,” IEEE Trans. Power Electron.,
vol. 32, no. 4, pp. 2865–2875, Apr. 2017.

[35] H. Kim, C. Yoon, and S. Choi, “An improved current-fed ZVS isolated
boost converter for fuel cell applications,” IEEE Trans. Power Electron.,
vol. 25, no. 9, pp. 2357–2364, Sep. 2010.

[36] K. Kanathipan, R. Emamalipour, and J. Lam, “A single-switch high-
gain PV microconverter with low-switch-voltage-to-high-voltage-bus
ratio,” IEEE Trans. Power Electron., vol. 35, no. 9, pp. 9530–9540,
Sep. 2020.

[37] A. R. Paul, A. Bhattacharya, and K. Chatterjee, “A novel SEPIC-ĆUK-
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Abstract— In this paper, a universal bidirectional ac/dc-dc 
power electronic converter is introduced to enable power 
transfer between input and output in both directions. This 
converter is particularly suited for onboard battery charging 
systems, offering vehicle-to-grid and grid-to-vehicle 
functionality. The proposed system serves as a versatile and 
universal interface for connecting ac or dc grids and facilitating 
efficient power transfer. The system supports three-phase and 
single-phase ac, as well as two-wire and three-wire dc sources, 
without altering input wiring. Enhanced safety is provided 
through input-output isolation, and the use of active diodes at 
higher frequencies improves overall efficiency compared to 
traditional passive diodes. An 11 kW prototype was developed to 
validate the proposed converter. It operated successfully at up 
to 800 V battery voltage, with 100 kHz and 700 kHz switching 
frequencies for the rectifier and dc-dc stages. Proper 
functionality was demonstrated in both single-phase and three-
phase inverter modes under 5 kW testing. 

 
Keywords— ac/dc-dc power converter, grid-to-vehicle (G2V), 

onboard battery charger, universal bidirectional converter, 
vehicle-to-grid (V2G). 

I. INTRODUCTION  
Electric Vehicles (EVs), especially plug-in EVs (PEVs), are 

quickly becoming a viable alternative to traditional internal 
combustion engine vehicles due to their numerous advantage. 
Concurrently, the energy grid is evolving, with a growing 
focus on direct current (dc) systems. While alternating current 
(ac) grids have been favored for their voltage modification 
capabilities, recent studies indicate that dc systems may offer 
greater efficiency [1]-[3]. However, a complete shift from ac 
to dc is not imminent, as the existing ac infrastructure is well-
established and remains functional. Instead, the future will 
likely feature a hybrid system where ac and dc coexist, 
requiring advancements in power electronics to ensure 
compatibility with both grid types [4]. EV charging systems 
must consider key factors such as isolation, power density, and 
the ability to handle various battery voltages [5]-[8]. Power 
Factor Correction (PFC) rectifiers are crucial for efficient 
power transfer and energy efficiency. For EV owners, the 
capability to charge using both ac and dc inputs is vital. 
Charging solutions should evolve to support both types, 
allowing vehicles to use standard ac plugs and specialized dc 
adapters. A universal onboard charger that connects to both 

grids would streamline this process, enhancing the transition 
from ac to dc infrastructure and providing a competitive edge 
for EVs with this technology. This hybrid approach promotes 
efficient energy distribution while ensuring convenience for 
EV users. 

 
II. DESCRIPTION OF THE PROPOSED STRUCTURE 

The proposed system, illustrated in Fig. 1, features a 
universal onboard charger with a bidirectional converter that 
enables power flow in both directions. It has four input 
terminals accommodating three-phase ac, single-phase ac, 
two-wire dc, and three-wire dc. The architecture includes 
several functional modules: the first is PFC stage, and the 
second comprises isolated dc-dc converters operating at high 
switching frequencies. The use of Zero Voltage Switching 
(ZVS) and GaN transistors allows for very high switching 
frequencies, resulting in low inductance without the need for 
a ferrite core [9]-[11] This approach contrasts with previous 
methods, as magnetics, particularly ferrite cores, are 
significant sources of losses and limit switching frequency 
increases [12]-[14]. The configuration of the dc-dc modules 
can be either parallel or series, depending on the battery 
voltage requirements. Parallel connections are suitable for 
lower battery voltages, whereas series connections are used 
for higher voltages. Notably, the relationship between the 
rectifier module and the dc-dc converters remains unaffected 
by the output-side configuration. The system offers 
flexibility; for three-phase ac input, the rectifier connects to 
the converters in series, while for single-phase ac, they are 
connected in parallel. For dc input, the configuration depends 
on the voltage level: a parallel arrangement is used for 350-
380 V, and a series arrangement for 700-750 V in a two-wire 
system. In a three-wire dc input, the modules are always in 
series. This setup is controlled by a system that monitors 
input terminal voltage and the rectifier's internal design. 

The rectifier module employs a T-type topology, 
implemented using semiconductor switches (S1-S12) and 
filtering inductors (LA, LB, LC) [15]. Among these, S1-S8 
function as two-quadrant switches, and S9-S12 are GaN 
transistors operate as four-quadrant switches. Additionally, 
the module incorporates Solid-State Circuit Breakers (SSCB1 
and SSCB2) and suppression capacitors (CSA, CSB, CSC) to 
enable efficient dc grid connection and disconnection.  
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Fig. 1. The proposed universal ac/dc-dc onboard battery charger for electric vehicles. 

Fig. 2. Equivalent circuits of the universal onboard charger in different configurations: a) Three-phase ac input, b) Single-phase ac input, c) Three-wire dc 
input, and d) Two-wire dc input (with a parallel configuration for the dc-dc modules for 350-380 V dc input, and a series configuration for the dc-dc modules 
for 700-750 V dc input). 

The structure includes an optional decoupling capacitor, 
CB, designed to function as an active decoupling capacitor 
when the system is connected to a single-phase input. The 
active power decoupling circuit enables to have high  power 
density and the use of film or ceramic capacitors (long 
lifetime capacitors rather than electrolytic capacitors) in the 
single-phase operation of the structure [16]-[18]. The control 
strategy for this system can include several methods, such as 
operating in Vienna rectifier mode, where only the four-
quadrant switches perform high-frequency switching while 
the remaining switches operate at line frequency. 

A key innovation in this system is the integration of a 
reconfigurable switches, denoted SW1- SW3. These switches 
are Electromechanical Relays (EMR). The series or parallel 
configuration of the inputs for isolated dc-dc modules is 
determined by the rectifier module. When the isolated dc-dc 
modules are connected in series, the positive terminal of 
capacitor C2 is linked to the negative terminal of capacitor C1
via switch SW1. 

Conversely, if the modules are to be connected in parallel, 
the positive terminal of capacitor C2 is connected to the 
positive terminal of capacitor C1 through switch SW1. 
Switches SW2 and SW3 are used to change the converter's 
configuration between three-phase ac, single-phase ac, or dc 
inputs.  

III. CONFIGURATIONS OF THE PROPOSED SYSTEM

The equivalent circuits of the universal onboard charger in 
different configurations are shown in Fig. 2.  

A. Three-Phase AC Inputs 
For three-phase ac inputs with or without neutral wire 

(which is shown in Fig. 2(a)), SW2 is turned on to connect the 
converter to phase B, while SW3 isolates the decoupling 
capacitor from the system and connects the system to phase 
C. The three phases are connected to their respective input 
terminals, with the neutral wire optionally connected to one 
of the input terminals. To regulate the current in each phase, 
inductor filters LA, LB and LC are employed. Two-quadrant 
switches S1-S6 operate as auxiliary switches (replacing 
diodes) in rectifier (grid-to-vehicle) mode, and as main 
switches in inverter (vehicle-to-grid) mode, handling high-
frequency modulation. Four-quadrant switches S9-S12
(excluding S11) serve as main switches in rectifier mode and 
as auxiliary switches in inverter mode, also operating under 
high-frequency modulation. In this configuration, S11
connects the neutral (N) to the midpoint (M) of the dc-link 
capacitors to balance the capacitors voltages. 

B. Single-Phase AC Input 
Fig. 2(b) illustrates the connection of the single-phase ac 

grid to the battery charger. In this setup, switches S6 and S10, 
operating in static conduction mode, connect the negative 
terminals of capacitors C1 and C2 (i.e., connecting node M to 
node n), thereby configuring the capacitors in parallel 
through switch SW1 to the active decoupling cell. This 
configuration helps mitigate the power imbalance caused by 
the pulsating nature of the single-phase ac input. The 
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decoupling capacitor CB is integrated into the system through 
switch SW3, while switches S5 and S2 operate at high 
frequency to balance power delivery to the dc-link capacitors 
(or draw from the dc-link capacitors in vehicle-to-grid mode), 
utilizing the LC inductor filter as an active buck converter cell.  

Additionally, switches S1, S4, S7, S8, S9, and S11 handle high-
frequency modulation to perform single-phase ac-dc 
rectification (grid-to-vehicle) mode or dc-ac inversion in 
(vehicle-to-grid) mode. 

C. Three-wire dc input 
Fig. 2(c) depicts the connection of a three-wire dc grid to 

the battery charger. The universal onboard charger operates 
correctly with a three-wire dc grid by connecting the wires to 
terminals L+, N, and L−, with the dc-dc modules configured in 
series through switches SW1, S1, S6, and S11. 

D. Two-wire dc input 
Fig. 2(d) illustrates the connection of a two-wire dc grid to 

the battery charger. In this configuration, switches SW1 and 
S11 are used to set the dc-dc modules in either a parallel or 
series arrangement. Switches S1 and S8 operate in static 
conduction mode, connecting the dc-link capacitors to the 
two-wire dc input (ranging from 350-380 V or 700-750 V). 
All other switches remain in a static off state. 

IV. SYSTEM OPERATION IN FOUR CONFIGURATIONS

A. Three-Phase ac Inputs 
Fig. 3 illustrates the PWM (Pulse Width Modulation) 

gating logic and corresponding conduction states for a single 
phase-leg of the bidirectional Vienna rectifier. The control 
method uses three switches Sx1, Sx2, and Sx3 to shape the input 
current iLx sinusoidally and regulate the dc-link capacitor 
voltages C1 and C2. In the PWM scheme, the reference signal 
is compared against triangular carrier signal. This 
comparison determines the switching states to produce the 
required voltage levels across the inductor and ultimately 
shape the input current iLx sinusoidally (depicted in Figs. 3(a) 
and 3(d)). The triangular carrier signals serve as high-
frequency waveforms (typically several kHz). The reference 
signal (e.g., a 50/60 Hz sinusoid) is compared against these 
carriers. Whenever the reference is lower than the carrier, Sx1
is turned on (depicted in Figs. 3(c) and 3(f)). When the 
reference is greater than the carrier, Sx2 is turned on during 
the positive half-cycle (depicted in Fig. 3(b)), and Sx3 is 
turned on during the negative half-cycle in rectifier mode 
(depicted in Fig. 3(e)). Conversely, in inverter mode, when 
the reference signal is less than the carrier, Sx3 is turned on 
during the positive half-cycle, and Sx2 is turned on during the 
negative half-cycle.  

In other words, the high-frequency PWM logic operates as 
follows: when the duty cycle D=1, switch Sx1 remains off, 
while either Sx2 or Sx3 remains on, depending on the current 
polarity. In this case, Vy  is connected directly to the dc-link 
via the corresponding switch, resulting in the maximum 
voltage applied to the inductor. Conversely, when the duty 
cycle D=0, switch Sx1 is turned on, effectively clamping Vy to 
the midpoint M, which yields the minimum voltage level (0 
V relative to the midpoint). As a result, the following 
equation can be written for Vy: 

1

2

C
y

C

D V       Positive Half Cycle
V

D V    Negative Half Cycle
.              (1)  

By appropriately modulating the switching states, the 
converter synthesizes a three-level voltage waveform, which 
enables unity power factor operation, sinusoidal current 
shaping, and balanced dc-link capacitor voltages. This PWM 
strategy supports a smooth transition between power flow 
directions while maintaining control stability and system 
efficiency. The four distinct switching states implement the 
three-level PWM operation, ensuring effective current 
regulation and voltage balancing across the dc-link. Although 
the described modulation is presented for rectifier mode, the 
same strategy is readily applicable to inverter mode through 
a suitable reversal of current direction and corresponding 
adjustments in the switching logic. 

B. Single-Phase ac Input 
Fig. 4 presents the PWM-based switching strategy and 

corresponding conduction states for one phase of the 
bidirectional Vienna rectifier. In this configuration, six 
switches— S1, S4, S7, S8, S9, and S11—are used to control the 
input current iLA, shaping it into a sinusoidal waveform while 
simultaneously regulating the voltages across the two dc-link 
capacitors, C1 and C2, which are arranged in parallel 
configuration.  

It worth to note that, although, switches S6 and S10 are 
connecting the negative terminals of capacitors C1 and C2 
(connecting node M to node n) it is optional to constantly turn 
on switches S8 and S11 during the positive cycle, and turn on 
switches S4 and S9 during the negative cycle. 

Similar to the three-phase case, the control scheme uses a 
pulse-width modulation (PWM) approach, where a reference 
signal is continuously compared with a triangular carrier 
waveform. The outcome of this comparison determines 
which switches are turned on and off, thereby generating the 
voltage across the input inductor needed to form a sinusoidal 
current profile, as illustrated in Figs. 4(a) and 4(d).  

Fig. 3. PWM gating logic and conduction states for a single phase-leg of the 
bidirectional Vienna rectifier: (a) PWM gating logic for positive half cycle, 
(b) conduction state when the reference is greater than the carrier in positive 
half cycle, (c) conduction state when the reference is lower than the carrier 
in positive half cycle, (d) PWM gating logic for negative half cycle, (e) 
conduction state when the reference is greater than the carrier in negative 
half cycle, (f) conduction state when the reference is lower than the carrier 
in negative half cycle. 
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Fig. 4. PWM gating logic and conduction states for a single-phase 
implementation of the bidirectional Vienna rectifier: (a) PWM gating logic 
for the positive half-cycle, (b) conduction state when the reference is greater 
than the carrier in the positive half-cycle, (c) conduction state when the 
reference is lower than the carrier in the positive half-cycle, (d) PWM gating 
logic for the negative half-cycle, (e) conduction state when the reference is 
greater than the carrier in the negative half-cycle, (f) conduction state when 
the reference is lower than the carrier in the negative half-cycle. 

During the positive half-cycle in rectifier operation, if the 
reference signal is higher than the carrier, switch S1 is 
activated (Fig. 4(a)). Conversely, during the negative half-
cycle, switch S7 is turned on (Fig. 4(e)). If the reference signal 
falls below the carrier value, then S9 is used in the positive 
half-cycle (Fig. 4(c)), and S11 in the negative half-cycle (Fig. 
4(f)). In inverter mode, the logic is reversed. 

To put it more simply, the PWM operates at high frequency 
using the duty cycle D as a key control parameter. When D=1, 
S1 or S7 stays on (depending on current direction), while S9
and S11 remains off. This configuration allows the full dc-link 
voltage (represented by Vy in Fig. 4) to be applied directly to 
the inductor, enabling maximum voltage transfer. On the 
other hand, when D=0, switches S9 or S11 are turned on, 
effectively connecting the voltage point Vy to the midpoint 
(M), which also ties to the ac neutral (N), clamping the 
inductor voltage to zero. As a result, the voltage equation 
described earlier for Vy as equation (1) remains valid. 

By modulating the switching states, the converter generates 
a three-level voltage waveform that enables unity power 
factor, sinusoidal input current, and balanced parallel dc-link 
capacitor voltage. This PWM method ensures stable and 
efficient operation, supports bidirectional power flow, and 
uses four distinct switching states for effective current and 
voltage control. Though described for rectifier mode, the 
same approach applies to inverter mode with reversed current 
and adjusted switching logic. 

C. Active Decoupling Operation in Single-Phase ac Input 
In the single-phase rectifier connected to the ac grid 

(considering Fig.5(a)), where the input voltage and current 
are sinusoidal, and the power factor is ideally unity. The 
instantaneous grid voltage vAN(t) and input current iA(t) can be 
expressed as: 

Fig. 5. Simplified circuit of the single-phase ac configuration with paralleled 
dc-link capacitors C1 and C2, (a) single phase-rectifier, (b) decoupling cell, 
and (c) single-phase with paralleled decoupling cell with dc-link capacitors 
C1 and C2. 

( ) sin( )
( ) sin( )

AN m

A m

v t V t
i t I t

.                        (2) 

Where, Vm and Im are the peak values of the grid voltage and 
injected current, respectively, and ω=2πf is the angular 
frequency of the ac grid. The instantaneous input power 
drawn from the grid is given by: 

2( ) ( ) ( ) sin ( ) 1 cos(2 )
2

m m
AN AN A m m

V I
P t v t i t V I t t .(3) 

This shows the power consists of a constant (average) power 
component Pavg and a time-varying (ripple) component 
PRipple(t) at twice the grid frequency, which are defined as 
below:  

2

( ) cos(2 )
2

m m
avg Batt

m m
Ripple

V I
P P

V I
P t t

.               (4) 

In the rectifier, the dc output must be steady. However, due 
to the presence of PRipple(t), the power balance between the ac 
input and dc output fluctuates, introducing a double-
frequency ripple on the dc-link. To mitigate this, an active 
decoupling circuit is integrated across the midpoint of the dc-
link capacitors. This module dynamically handles the 
pulsating portion of the input power, temporarily storing or 
supplying energy to maintain a constant dc output. It 
effectively absorbs PRipple(t) and prevents it from reaching the 
dc load. This energy balancing is essential because a large 
ripple in the power leads to voltage ripple across dc-link 
capacitors and it may compromise power quality, introduce 
distortion, or reduce control accuracy. 

The decoupling circuit power PDecoupling(t) (shown Fig.5(b)) 
handled by the active module is: 

( ) ( ) cos(2 )
2

m m
Decoupling Ripple

V I
P t P t t .               (5) 

Thus, by utilizing capacitor CB with active decoupling 
operation (shown Fig.5(c)), the active decoupling circuit acts 
like a dynamic energy buffer, ensuring that: 

( ) ( ) ( )
( ) ( ) ( )

AN Batt Decoupling

Batt AN Decoupling

P t P t P t        Vehicle to Grid
P t P t P t        Grid to Vehicle

.   (6) 

In active decoupling, the capacitor CB is not solely 
responsible for energy storage as in passive methods, but 
works with a controlled circuit to dynamically absorb and 
release the pulsating power (at 2ω) from the ac side. 
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TABLE I. PROTOTYPE PARAMETERS AND COMPONENTS

Components Characteristics 
Suppression Capacitors

(CSA, CSB   and CSC) Ceramic Capacitor, 1.8 μF, 630 V

DC-Link Capacitors (C1 and C2) Film Capacitor, 35 μF, 500 V
DC-DC Output Capacitors  

(C3 and C4)
Film Capacitor, 15 μF, 600 V

Battery Capacitor C5 Film Capacitor, 9 μF, 1000 V
Filtering Inductors 

(LA, LB and LC)
ETD 59/31/22-N97, 4 °C/W Thermal 

Resistance, 260 μH, 20 mΩ
Semiconductor Elements

Rectifier Stage SiC MOSFETs 
(S1 – S8) 

Infineon Technologies, 
IMZA120R014M1HXKSA1, 

1200 V, 14 mΩ
Rectifier and DC-DC stages GaN 

Transistors 
(S9 – S12) and (G1 – G16)

Infineon Technologies, 
GaN FETs Automotive 

GS-065-060-5-T-A-MR, 60A, 650V
Solid-State Circuit Breakers SiC 

MOSFETs 
(SSCB1 and SSCB2)

Infineon Technologies, 
IMZA120R007M1HXKSA1, 

1200 V, 7 mΩ

Solid State Relays SW1 ADJH21112, 50 A
SW2 and SW3 T9GV5L14-12, 30 A

Operating Point in Inverter Mode
Peak AC Three/Single Phase 

Voltages 320 V

Maximum Battery voltage VBatt 800 V
Maximum Output Power Pout 11 kW

Switching frequency fS
PFC Stage 100 kHz

DC-DC Stage 700 kHz
Thermal Cooling System Characteristics 

Thermal Film for GaN Transistors 
with Thermal Resistance 

RθJC= 0.5℃/W

TG-A1780- 150-150-0.8 TIM 
1.38 ℃/W

Thermal Film for SiC MOSFETs 
with Thermal Resistances 

RθJC-PFC= 0.51℃/W

SP1500ST0.008-02-1012 TIM 
0.67 ℃/W

However, its design still depends on key system parameters 
like power level, voltage ripple, and switching behavior. 
From the power ripple behavior, the maximum ripple voltage 
of the decoupling capacitor can be expressed as [19]: 

, 2B
B

m m
C Max

B C

V I
V

C V
.                     (7) 

To ensure continuous voltage behavior and reliable control, 
the ripple voltage must remain within a bound. The bound for 
the Buck active decoupling circuit is: 

, 2
BC Max CB

V V .                          (8) 

By combining equations (7) and (8), the effective condition 
for minimum required capacitance is derived as:  

24
B

m m
B

C

V I
C

V
.                         (9) 

V. EXPERIMENTAL PROTOTYPE

To validate the operation of the proposed structure, an 11 kW 
laboratory prototype is designed. The rectifier switches operate 
at a switching frequency of 100 kHz, while the dc-dc stage 
operates at 700 kHz, with a maximum battery charging voltage 
of 800 V. The characteristics of the active and passive 
components of the prototype are given in Table I. The converter 
was operated under the control of PWM signals produced by the 
TMS320F28379DPTPT microcontroller. 

The power density of the onboard charger, under these 
operating conditions with passive cooling, is around 4.3 kW/L, 
based on a total volume of 2.57 L, which includes the volumes 
of the magnetic components, capacitors and heatsink. In the dc-
dc stage, the transformers are designed using air-core coils 
instead of ferrite cores to eliminate core losses under high-

frequency and that high-power conditions. The operation of the 
dc-dc stage and the transformer design is out of scope of this 
work. 

The built system laboratory prototype photograph is shown in 
Fig. 6. Fig. 6(a) illustrates the top side of the prototype (PFC 
stage), showing that all components are mounted on the top side 
of the PCB. Exceptions include the GaN transistors (designed for 
topside cooling in this application), SiC MOSFETs, and a 
portion of the decoupling capacitors, which are located on the 
underside beside the heatsink. A single heatsink, with 2.5 cm
thickness, is designed to cool all semiconductors. It is positioned 
beneath the PCB, covering most of PCB surface to ensure 
effective thermal management. 

The experimental waveforms are shown in Fig. 7. Fig. 7(a) 
presents the three-phase voltages VA, VB, and VC, along with the 
phase C current iC , measured under 5 kW output power and a 
700 V battery voltage during three-phase inverter mode 
operation. The maximum measured voltage and current for each 
phase are 320 V and 11 A, respectively. Fig.7(b) displays the 
phase voltage VA, its corresponding current iA , and the battery 
voltage VBatt under 1.7 kW output power and 700 V battery 
voltage during single-phase inverter mode operation. The 
measured peak voltage and current for phase A are also 320 V
and 11 A.  

26 cm

Fig.6. (a) Photograph of the laboratory prototype (PFC Stage), (b) thermal 
camera picture of the SiC MOSFETs S1 and S2 under 5kW three-phase 
operation, and (c) thermal camera picture of the Filtering Inductor LB under 
5 kW three-phase operation. 

VB (250 V/div)

VA (250 V/div)

iC (10 A/div)

Time: (4 msec/div)

VC (250 V/div)

iA (10 A/div)

VA (250 V/div)
VBatt (500 V/div)

Time: (10 msec/div)

(a) (b)
Fig. 7. Experimental waveforms of the proposed AC/DC-DC interface in 
inverter mode: (a) Three-phase voltages VA, VB, and VC , and phase current iC
at 5 kW output power with 700 V battery voltage during three-phase 
operation, (b) Phase voltage VA , current iA , and battery voltage VBatt at 
1.7 kW output power and 700 V battery voltage during single-phase 
operation. 
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These results confirm that the proposed ac/dc-dc power 
electronic interface enables seamless power transfer for onboard 
battery charging systems across all grid types—three-phase ac, 
single-phase ac, two-wire dc, and three-wire dc—without 
requiring a change in the charging plug. 

After stable operation at 5.1 kW output power and 700 V 
battery voltage, the temperature of the SiC MOSFETs—
operating at a 100 kHz switching frequency—was measured at 
56 °C, as shown in Fig. 6(b). Using thermal method for losses 
measuring and parameters given in Table I, the total losses was 
around 38 W for all active MOSFETs. 

The resistance of the filtering inductors' winding was 
measured to be 20 mΩ using an RLC meter. With an RMS 
current of 7.8 A per inductor, the conduction losses per inductor 
are calculated as 1.2 W, totaling 3.5 W for all three inductors. 
Core losses were estimated based on thermal imaging, which 
showed the inductor cores reaching approximately 35 °C 
(Fig. 6(c)). Assuming an ambient temperature of 30 °C and a 
core thermal resistance of 4 °C/W, each core’s loss is estimated 
at 1.5 W, giving a total of 4.5 W for all three inductors. Therefore, 
the total losses of the inductors are approximately 8.1 W. 

Since the SSCB MOSFETs exhibited minimal temperature 
rise, their losses were calculated theoretically. With a conduction 
resistance of 7 mΩ and an RMS current of 7.8 A per phase, each 
SSCB dissipates approximately 0.85 W, totaling 1.7 W for the 
entire SSCB section. 

In total, the estimated losses of the system amount to 50 W, 
indicating an overall efficiency of around 99 % for the PFC stage 
at a 5.1 kW output in the onboard battery charging system. 

VI. CONCLUSIONS 
The suggested ac/dc-dc power electronic interface facilitates 

bidirectional power transfer for onboard battery charging 
systems. It is compatible with single-phase ac, three-phase ac 
(both with and without a neutral wire), as well as two-wire dc 
and three-wire dc grids, achieving a power density of 4.3 kW/L. 
By utilizing a rectifier module, two isolated dc-dc modules with 
configurable series or parallel outputs, and a control system 
equipped with sensors, the interface achieves flexible operation 
through internal reconfiguration and adaptive control strategies. 
The system ensures proper grid integration by dynamically 
controlling switches SW1-SW3, S1-S12, and the dc-dc modules 
based on the input grid type, providing an efficient, universal 
solution for diverse charging scenarios, which is validated by 
experimental results.  

Based on experimental evaluation, the PFC stage of the 
interface achieves a final efficiency of 99% at a 5 kW output 
power, validating the effectiveness of the design for high-
efficiency onboard charging applications. 
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Abstract— This paper presents a control strategy for Electric 
Vehicle (EV) battery charging that combines a soft-switched 
isolated dc-dc converter with a three-phase unfolding-based 
Power Factor Correction (PFC) topology and reduced number 
of inductors. The proposed system introduces a finite cycle-
based model predictive control method, which regulates current 
by optimally allocating discrete switching cycles across multiple 
energy paths. For instance, operating at a 25 kHz sampling rate 
with 40 switching cycles per interval (enabling a 1 MHz 
switching frequency), the controller achieves 2.5% resolution in 
power delivery while maintaining sinusoidal grid currents and 
a high power factor. Unlike conventional designs that require 
three inductors and separate PFC stages, the proposed 
architecture uses only two inductors and shifts the PFC function 
to the high-frequency dc-dc stage, significantly enhancing power 
density and reducing system complexity. A soft-switching 
modulation strategy ensures that all GaN-based switches 
operate under zero voltage switching conditions at high 
switching frequencies (hundreds of kHz to several MHz), 
effectively minimizing switching losses. Simulation results show 
a total harmonic distortion below 3% and confirm the proposed 
system's ability to deliver high efficiency, compact design, and 
precise regulation across a wide output range making it well-
suited for next-generation EV chargers. 

Keywords— Electric vehicle charging, three-phase PFC, finite 
cycle-based model predictive control, cycle skipping control, soft 
dc-link. 

I. INTRODUCTION  
The growing demand for Electric Vehicles (EVs) and 

renewable energy has intensified the focus on efficient, eco-
friendly power conversion [1]. EV chargers, in particular, 
must meet key requirements such as isolation, high power 
density, and wide battery voltage regulation [2]. 

Power Factor Correction (PFC) rectifiers are key to 
maximizing power transfer and enhancing energy efficiency 
in these systems. To improve the efficiency and power density 
of three-phase ac-dc converters, researchers have proposed 
various soft dc-link topologies in recent studies [3]-[12]. 
Among these, three-phase unfolding-based converters have 
emerged as a promising category, known for their ability to 
enhance both system efficiency and power density, as 
illustrated in Fig. 1(a). The soft dc-link architecture offers 
significant benefits, such as reduced energy losses and 
improved conversion performance, making it well-suited for 

compact and efficient ac-dc systems. Several three-phase 
topologies fall under this unfolding-based, soft dc-link 
approach, each offering distinct design benefits tailored to 
different application needs. For example, the Swiss Rectifier 
a buck-type topology was introduced in [4]-[6]. Expanding on 
this idea, other PFC rectifier configurations have been 
developed using different dc-dc converter types, including 
SEPIC, buck-boost, and Ćuk converters. Additionally, 
integrating an isolated dc-dc stage allows for the realization of 
single-stage isolated rectifier designs [7]. Despite the 
variations in topology, the fundamental concept remains 
consistent: two dc-dc converters operate in parallel to supply 
power to a shared dc output, with each converter rated to 
handle the full output power of the rectifier system. In [8], 
authored by the same research group, a three-phase ac-dc PFC 
topology also shown in Fig. 1(b) is presented, which utilizes 
only two inductors instead of the traditional three. By 
delegating the power factor correction task to the high-
frequency dc-dc stage, as demonstrated in earlier works [9]-
[12], the proposed design maintains functional performance 
while enhancing power density by reducing the number of 
magnetic components. 

In [9]-[12], compact and efficient dc-dc conversion 
solutions are proposed using either a 3-level asymmetric full 
bridge topology or a T-type converter. These approaches 
eliminate the need for two separate converters by employing 
a single 3-level structure capable of handling power from both 
sides of a soft dc-link. In particular, the T-type converter 
processes energy from the soft dc-link and directly generates 
a high-frequency ac output. 

Paper [13], published same research group, presents a 
high-power-density isolated dc-dc converter based on an 
asymmetric CLLC topology using GaN/SiC devices, designed 
for applications like EV charging where isolation and wide 
output regulation are critical. The proposed design allows for 
efficient voltage and current control over a broad range and 
supports high-frequency operation using an air-core 
transformer. A 5 kW prototype operating at 500 kHz was 
developed to validate the concept. While initial efficiency was 
not exceptional, the use of GaN switches resulted in minimal 
semiconductor losses, and further optimization is expected to 
significantly boost both efficiency and power density, 
especially under full-load conditions. 

By utilizing concepts provided in [8]-[13], this paper 
presents a compact EV battery charger using a soft-switched 



3-Level Asymmetrical CLLC Full-Bridge Inductive Power 
Transformer (3LA-CLLC-FB-IPT) converter with a two-
inductor, three-phase unfolding-based PFC topology. 

 
Fig. 1. a) Functional diagram of the two-inductor-based three-phase rectifier 
topology using an unfolded soft dc-link approach, b) The proposed 3LA-
CLLC-FB-IPT converter serving as the dc-dc stage, integrated with the two-
inductor-based three-phase unfolding PFC system. 

 
Fig. 2. Representative waveforms illustrating the operation of the unfolding-
based rectifier structure. 

A Finite Cycle-Based Model Predictive Control (FCB-
MPC) strategy optimally allocates high-frequency switching 
cycles to regulate current and power with lower than 20 times 
lower sampling frequency. Unlike conventional approaches 
with dual dc-dc converters, the proposed system uses a single 
converter to process power from both soft dc-links, reducing 
complexity and enhancing power density. Operating at high 
frequencies with GaN switches under soft switching 
conditions, the system achieves low losses and acceptable grid 
current Total Harmonic Distortion (THD).  

II. THREE-PHASE TWO-INDUCTORS UNFOLDING APPROACH  
To understand the demands placed on the dc-dc stage, it's 

important to first look at how the three-phase unfolding-based 
converter works. Fig. 1(a) shows a conceptual overview of this 
approach. In this setup, the first stage referred to as the 
unfolder simply rectifies the incoming ac line voltages. It does 
not control the dc-link voltage or shape the line currents. As a 
result, this stage does not require Pulse-Width Modulation 
(PWM) and operates without high-frequency switching. The 
resulting dc-link is neither regulated nor stiff; it varies over 

time and is considered a soft or floating link. A Three-Phase 
unfolding-based PFC topology with two inductors for electric 
vehicles battery charging is presented in [8], where the full 
operation and experimental validation of this architecture are 
discussed in detail. Fig. 1(b) shows the configuration of the 
three-phase unfolding-based PFC architecture, where a pair of 
inductors interface with a 3LA-CLLC-FB-IPT converter that 
serves as the system’s dc-dc stage. In this work, the focus is 
on the dc-dc stage of the battery charger, which is responsible 
for shaping the inductors L1 and L2 to shape the input currents 
and regulating the output voltage. The second stage switches 
at high-frequency (hundreds of kHz to some MHz), handles 
power regulation, and ensures galvanic isolation through a 
high-frequency transformer, performing both energy 
conversion and control. 

The voltages across the soft dc-link, denoted as VpM (VCH) 
and VMn (VCL), follow a segmented sinusoidal waveform, as 
illustrated in Fig. 1(a). The switches in the unfolding bridge 
operate at twice the grid frequency, and transitions occur when 
there is zero voltage across the devices, which significantly 
reduces switching losses leaving only conduction losses to 
consider. These dc-link voltages are not constant; instead, they 
fluctuate over time within the range of 0 to approximately 
1.5Vm, where Vm is the magnitude of the grid’s phase voltage. 

The 3LA-CLLC-FB-IPT dc-dc converter is responsible 
for drawing currents iL1 and iL2 (defined in equation (1)) from 
the inductors L1 and L2 through the up-side and down-side dc-
links [1]. These currents (iL1 and iL2) must be controlled to 
match the sinusoidal shape and phase of the ac input currents 
to ensure proper grid interaction and achieve unity power 
factor. Since there are no large capacitors on the dc-link, the 
small filtering capacitors CH and CL are designed solely to 
suppress high-frequency ripple from the dc-dc stage, not to 
store bulky energy. 

1

2

( ) 0.5 0.5 cos(1.5 )       202
3( ) 0.5 0.5 cos(1.5 )

L m m

L m m

i t I I t
t

i t I I t
.  (1)  

Here, Im represents the peak value of the sinusoidal grid 
current that needs to be drawn from the grid. 

Fig. 2 illustrates the key waveforms of the PFC stage. For 
unity power factor to be maintained, the average switching 
behavior of the drawn currents idc-H  and idc-L must mirror the 
inductors current waveforms iL1 and iL2. This behavior is 
effectively modeled by treating the dc-dc converter’s input 
ports as controlled current sources and the output as a 
dependent power source. The required instantaneous power 
drawn from each side of the soft dc-link, PH and PL, fluctuates 
dynamically from zero up to the output power POUT.  

III. DC-DC STAGE DESCRIPTION AND MODULATION SCHEME 
A. DC-DC Stage Description 

The CLLC full-bridge converter is one of the most 
commonly adopted isolated dc-dc topologies for medium to 
high power applications, largely due to its ability to provide 
soft-switching operation. This makes it particularly suitable 
for systems like battery chargers. In this work, a modified 
version of the CLLC full-bridge converter—known as the 
3LA-CLLC-FB-IPT is employed as the dc-dc stage, as shown 
in Figs. 1(b) and 3(a). A symmetrical full-bridge cycle-
skipping control method for isolated resonant converters to 
regulate current and voltage waveforms is presented and 
experimentally verified in [13]. 

Unlike traditional 3-level bridges, the defining 
characteristic of the 3LA-CLLC-FB-IPT is that the two 
sections of the dc-link are not symmetrically divided, leading 



to its asymmetric designation. Instead of relying on 
conventional CLLC control between bridge legs, this topology 
utilizes a more advanced cycle-skipping-based modulation 
scheme. 

Functionally, the 3LA-CLLC-FB-IPT behaves as a three-
port converter, with two series-connected input ports each 
linked to a different section of the soft dc-link and a single 
output port. The dc-dc stage operates at or slightly below the 
resonant frequency, typically in the hundreds of kHz to some 
MHz range, to enable Zero Voltage Switching (ZVS) turn-on 
for the GaN transistors. This eliminates COSS losses, turn-on 
losses, and minimizes turn-off losses, thereby achieving 
minimal switching losses [14]-[15]. The switching frequency 
of the dc-dc stage is defined as fSW,dc-dc=N×fSampling, where N is 
an integer multiplier. Operating at such a high switching 
frequency enables the use of very compact high-frequency 
transformer components. Consequently, within each sampling 
period, N high-frequency cycles of the asymmetrical CLLC 
full-bridge converter can be executed. The value of N depends 
on the desired control resolution. As N increases, the control 
resolution improves, allowing for more precise regulation of 
the inductor currents (iL1, iL2), as well as the input grid current.  

Both input paths contribute simultaneously to the 
generation of a high-frequency 3-level voltage waveform, 
denoted as VPri, which is shown in Fig. 3(a). During each 
sampling period, four types of switching cycles full-state (as 
shown in Fig.3(b)), up-state (as shown in Fig.3(c)), down-state 
(as shown in Fig.3(d)), and zero-state (as shown in Fig.3(e)) 
can be executed to regulate the reference currents through 
inductors L1 and L2. The full-state is used to draw power 
simultaneously from both the upper and lower sections of the 
dc-link, enabling current shaping through both inductors L1 
and L2. The up-state cycle draws power only from the upper 
side of the dc-link, primarily shaping the current through 
inductor L1. Similarly, the down-state cycle draws power from 
the lower side of the dc-link, shaping the current through 
inductor L2. Zero-state cycle does not draw any power from 
the dc-link and acts as a freewheeling state.  

The 3-level leg switching states and corresponding 
transformer primary side voltages are presented in TABLE I. 
The number of the different voltage levels, controlled by the 
number of cycles as parameters nFull, nUp, nDown, and nZero, 
determines how the current through the inductors L1 and L2 are 
drawn to draw and shape the input energy. As shown in Fig. 
3(a), the parameters nFull, nUp, nDown, and nZero represent the 
number of switching cycles corresponding to different 
primary-to-dc-link connections. Specifically, nFull denotes the 
number of f By utilizing concepts provided in [8]-[13], this 
paper presents a compact EV battery charger using a soft-
switched 3-Level Asymmetrical CLLC Full-Bridge Inductive 
Power Transformer (3LA-CLLC-FB-IPT) converter with a 
two-inductor, three-phase unfolding-based PFC topology. ull-
state cycles connecting the primary to both the positive point 
p and the negative point n of the dc-link (as shown in Fig. 
3(b)); nUp refers to the number of up-state cycles connecting 
the primary to the positive point p and the mid-point M of the 
dc-link, associated with the upper-side capacitor CH (as shown 
in Fig. 3(c)); nDown corresponds to the number of down-state 
cycles connecting the primary to the mid-point M and the 
negative point n, related to the lower-side capacitor CL (as 
shown in Fig. 3(d)); and nZero represents the number of zero-
state cycles where the positive and negative terminals of the 
primary are shorted together (as shown in Fig. 3(e)). The total 
number of each switching cycles must be equal the total 
number of cycles N as equation (2).  

Full Up Down ZeroN n n n n .                 (2) 
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Fig. 3. Equivalent circuit diagrams of the proposed dc-dc stage operation 
under ZCS conditions, along with a conceptual illustration of the cycle-
skipping control method used to regulate the drawn current from the inputs. 

B. Modulation Scheme 
The three-level legs in the converter are capable of 

connecting the bridge inputs to the Positive (p), Midpoint 
(M), or Negative (n) terminals of the dc-link. In a standard 3-
level H-bridge configuration with symmetrical dc-link 
voltages (i.e., VpM=VMn), there are only five distinct output 
voltage levels, with some redundancy: two combinations 
yield the half-voltage levels, while three different switch 
states can produce a zero voltage output. However, when the 
dc-link voltages on the positive and negative sides are 
unequal, the total number of unique output states increases to 
seven. All valid combinations of positive and negative legs of 
primary configurations that result in these output states are 
listed in TABLE I. Among these, the zero voltage output has 
three redundant switching pairs. Choosing an efficient 
modulation strategy is essential for maximizing system 
performance. A modulation scheme is proposed that both 
reduces conduction loss and ensures soft-switching (ZVS) for 
all eight switches in the 3-level legs. The selection of 
switching patterns follows two main principles: 

Minimize conduction through 4-quadrant transistors 
(G5, G6): These switches involve two transistors conducting 



in series, which increases conduction losses. Therefore, only 
the zero voltage states [G1, G3] and [G2, G4] are utilized 
during zero output intervals to limit their usage. 

TABLE I.  3-LEVEL LEG SWITCHING STATES AND CORRESPONDING 
PRIMARY SIDE VOLTAGES 

Cycle 
Name 

Positive Leg of 
Primary 

Negative Leg of 
Primary 

Primary Side 
Voltage VPri 

Voltage 
Range 

(V) 
Related 
Figure 

Full-
Cycle 

G1: ON, G2: OFF G4: ON, G3: OFF Vpn=VCH+VCL 
480… 
560 3(b) 

G1: OFF, G2: ON G4: OFF, G3:ON Vnp= 
-(VCH+VCL) 

-560…  
-480 

Up-
Cycle 

G1: ON, G5: OFF G6: ON, G3: OFF VpM=VCH 0… 480 3(c) G1: OFF, G5: ON G6: OFF, G3:ON VMp= -VCH -480… 0 
Down-
Cycle 

G5: ON, G2: OFF G4: ON, G6: OFF VMn=VCL 0… 480 3(d) G5: OFF, G2: ON G4: OFF, G6:ON VnM= -VCL -480… 0 

Zero-
State 
Cycle 

G1: ON, G2: OFF, 
G5: OFF 

G3: ON, G4: OFF, 
G6: OFF 

0 0 3(e) G2: ON, G1: OFF, 
G5: OFF 

G4: ON, G3: OFF, 
G6: OFF 

G5: ON, G1: OFF, 
G2: OFF 

G6: ON, G3: OFF, 
G3: OFF 

 
Fig. 4. Dynamic cycle allocation strategy based on inductor current imbalance 
for optimal power distribution and current shaping. 

 

Enable ZVS through proper current direction: The 
switching transitions are arranged so that the resonant current 
iPri flows in the direction needed to facilitate zero voltage 
turn-on for the devices involved. The timing and sequence of 
turning switches on and off are carefully coordinated to 
support zero voltage soft switching during each commutation 
event. 

The cycle numbers of nFull, nUp, nDown  and nZero  are tuned 
to ensure that the ac grid currents remain sinusoidal, fulfilling 
power factor correction requirements. At the same time, the 
total energy transferred dictated by the absolute values of 
these numbers of cycles is used to regulate the output current 
or voltage. By analyzing the average current on the primary 
side of the transformer during full-state cycle and up-state 
cycle or down-state cycle over each high-frequency period, the 
average currents through inductors IL1 and IL2 for each 
sampling period (see Fig. 3(a)) can be expressed as follows 
[16]: 
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where ω0 is the angular resonant frequency, and M is the 
Mutual inductance of the inductive power transformer. As 
demonstrated in Fig. 4, the control strategy dynamically 
adjusts the cycle distribution based on the relative values of 
IL1 and IL2: 

Zone 1: When IL1>IL2, the shared full-state cycles nFull are 
allocated to match IL2, while the excess IL1 is balanced using 
nUp cycles. Here, nDown is set to zero. 

Zone 2: If IL1<IL2, the roles reverse— nFull follows IL1, and 
the difference is covered by nDown, while nUp remains zero. 

Balanced Case: When IL1=IL2, all current tracking is 
handled by nFull alone, and both nUp and nDown are zero. 

To achieve ZVS across all GaN transistors, the dc-dc stage 
operates at a constant, high switching frequency similar to that 
used in full-bridge CLLC resonant converters. This frequency 
is deliberately set equal to the resonant frequency of the 
primary tank. To ensure that sufficient turn-off current is 
available for ZVS turn-on across all switching transitions, the 
resonant capacitors on the primary and secondary sides are 
intentionally made asymmetrical. Specifically, this 
asymmetry is implemented by reducing the compensation 
capacitor on the secondary side. As a result, the input current 
exhibits a slightly inductive characteristic, which naturally 
facilitates zero voltage switching during transistor turn-on by 
sustaining the necessary current for soft commutation [13]. 

It is important to emphasize that configuring the primary 
and secondary resonant capacitors symmetrically at the 
resonant frequency leads to Zero Current Switching (ZCS) 
during both turn-on and turn-off events. While ZCS may 
reduce switching stress, it does not mitigate the considerable 
losses associated with the output capacitance COSS of GaN 
devices. These COSS -related losses, which stem from the 
energy stored and dissipated during switching transitions, 
become increasingly prominent at the high switching 
frequencies typically employed in modern power converters 
ranging from several hundred kilohertz up to the low 
megahertz range. 

To mitigate these losses effectively, the asymmetrical 
configuration is considered. This allows enough resonant 
current to discharge the output capacitances of all full-bridge 
switches prior to turn-on, thereby suppressing COSS energy 
loss and enabling efficient soft-switching, as supported in 
[15]. Achieving ZVS also requires careful control of the 
energy stored in the transformer's primary inductance during 
switching transitions. This stored energy facilitates the 
charging and discharging of parasitic and device capacitances 
during the switching event. The behavior of this transition can 
be modeled using the following expression [14]: 
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,

2) ( ). 0.5 .0.5( Q eq S SM LK p G of Par Sf C VL L V C VI ,      (4) 
where CQ,eq

 is equivalent charge-based capacitance of GaN 
transistors,  CPar is combined parasitic capacitance from PCB 
layout and transformer winding, IG-off  is turn-off current in the 
corresponding leg, and VS is the voltage across the switching 
node. This model captures the relationship between parasitic 
capacitance and available current needed to drive ZVS, 
providing a valuable design metric for tuning converter 
performance at high frequencies. 

IV. CONTROL SYSTEM 
Fig. 5 presents the overall control scheme for the proposed 

system. The three-phase unfolding front-end operates at 
twice the grid frequency, as shown earlier in Fig. 2, and 
interfaces with the high-frequency 3LA-CLLC-FB-IPT dc-dc 
converter that is responsible for actively drawing power and 
shaping the input currents from the grid. These high-
frequency converter is controlled through independently 
tuned FCB-MPC controller, which allow for simple and 
effective regulation of power flow. 

The control logic is implemented in PSIM using a custom 
function block based on a C-script, operating, for example, at 
a 25 kHz sampling frequency. The primary function of this 
controller is to optimally allocate 40 high-frequency 



switching cycles corresponding to a 1 MHz switching 
frequency across three discrete energy transfer paths: Full-
path: nFull, Upper capacitor path: nUp, and Lower capacitor 
path: nDown. This cycle-based modulation scheme enables 
fine-tuned control of the grid-side inductor currents while 
supporting soft-switching and reducing switching losses. The 
control strategy is built upon a simplified linear model for the 
inductor current increment caused by switching activity: 

2
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.                        (5) 

where ΔiL(n) is the expected inductor current change over n 
cycles. 

To ensure that the inductor current references are 
accurately tracked, the controller searches for the optimal 
combination of nFull, nUp, and nDown that minimizes a cost 
function based on absolute tracking error: 

Case 1: IL1, ref > IL2, ref 
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Case 2: IL1, ref < IL2, ref 
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Case 3: IL1, ref = IL2, ref 

, ( )Full L1, ref L Full opt Fullg I i n                (8) 
The controller performs a brute-force enumeration over all 

allowable integer combinations of nOpt-Full , nOpt-Up, and nOpt-

Down under the constraint Opt Full Opt Up Opt DownN n n n . For 
each candidate set, the above cost function is evaluated, and 
the set yielding the lowest total error is selected.  

Once the optimal values are found: nOpt-Full governs the 
number of full path (both capacitor) transfers, nOpt-Up adds top 
capacitor-only current when needed, nOpt-Down adds bottom 
capacitor-only current when needed, and 

Opt Zero Opt Full Opt Up Opt Downn N n n n  represents the 
remaining unused switching cycles in each control period. 

These cycle counts directly drive the gating signals of the 
3LA-CLLC-FB-IPT high-frequency dc-dc converter. The 
modulation strategy is designed to ensure accurate current 
control and balanced power flow with reduced sensing 
overhead, using only inductor current feedback instead of full 
three-phase grid current measurement. This predictive and 
discrete optimization-based approach enables efficient digital 
control, particularly suitable for high-frequency, soft-
switched EV charging systems using GaN-based power 
stages. 

V. SIMULATION RESULTS 
To validate the proposed FCB-MPC-based cycle-skipping 

control for the 3LA-CLLC-FB-IPT soft-switched converter 
in a three-phase unfolding-based PFC system, simulations 
were carried out in PSIM. The parameters used for these 
simulations are summarized in Table II. 

Fig. 6(a) illustrates the performance of the proposed control 
system and configuration. The results show that the system 
achieves effective PFC by dividing each control period into 
40 discrete decision points, resulting in a 2.5% control 
resolution. This resolution represents the smallest 

incremental step the controller can make in adjusting power 
delivery or current through the cycle-skipping logic. Fig. 6(b) 
shows the voltage and current waveforms of switch G1, 
highlighting the soft-switching performance of the dc-dc 
stage. As observed, the switch turns on under ZVS conditions 
and turns off close to ZCS, minimizing switching losses even 
at a high switching frequency of 600 kHz. This efficient 
switching performance enables the use of GaN transistors 
such as the GS66516T-MR (650 V, 60 A) from Infineon 
Technologies allowing the converter to operate at even higher 
frequencies. This not only improves control resolution but 
also significantly reduces the size of passive components in 
the dc-dc stage. In addition, the design maintains this high 
efficiency with only two inductors of equal size, as opposed 
to three in traditional unfolding structures. The combination 
of high-frequency operation and soft-switching significantly 
enhances power density, reduces component volume, and 
lowers overall system cost.  

The only notable trade-off observed is a slight increase in 
THD, measured at 2.8%, which remains within acceptable 
limits. This distortion can be further reduced by increasing 
the switching frequency or enhancing the control resolution. 
In summary, the proposed control method maintains 
comparable functionality to traditional approaches while 
offering significant improvements in efficiency, system 
integration, and power density. 
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Fig. 5. Overall control architecture integrating the three-phase unfolding front-
end with the high-frequency 3LA-CLLC-FB-IPT dc-dc converter for power 
regulation and grid current shaping. 

TABLE II.  SIMULATION SETUP: SELECTED COMPONENT VALUES 
Component Value 

PFC Stage 
Input voltages (Vm) 320 V 

Maximum input current (Im) 30 A 
Output power (Pout) 14.5 kW 

Grid frequency 50 Hz 
Sampling Frequency (fSample) 15 kHz 

Number of Cycles 40 
Filter inductors (L) 100 μH 

DC-Link capacitors (C1 and C2) 10 μF 
Control Resolution (1/N) 2.5% 

DC-DC Stage 
Resonance Capacitors Cp and CS  Cp =7 nF, CS =6 nF 

Output capacitor Cout 100 μF 
Battery Inductor LBatt 50 μH 

High FrequencyTransformer (LP, M, LS) 
10 μH/ 5 μH/ 10 μH, 

Turns ratio: 1 
Switching frequency of the dc-dc converter (fS) 600 kHz 

Battery Voltage VBatt 700 V 



 
Fig. 6. Simulated results of the proposed FCB-MPC-based cycle skipping control 
system, (a) phase-to-phase input voltages VA, VB, and VC, (b) grid input phase 
currents iA, iB, and iC, (c) voltages across soft dc-link capacitors VCH and VCL, and 
(d) battery charging current IBatt. 

 
Fig. 7. Voltage and current waveforms of high-frequency switch G1 within the dc-
dc stage, demonstrating soft-switching performance. 

VI. CONCLUSIONS 
This paper presented a compact, high-efficiency EV 

battery charging system that combines a soft-switched 3LA-
CLLC-FB-IPT converter with a two-inductor three-phase 
unfolding-based PFC topology. A FCB-MPC control strategy 
was introduced to optimally distribute high-frequency 
switching cycles, enabling precise current and power 
regulation while maintaining unity power factor. By merging 
PFC and power conversion into a single high-frequency dc-
dc stage, the system eliminates the need for dual converters 
and reduces magnetic components boosting power density 
and integration. The design supports the use of GaN 
transistors under ZVS/ZCS conditions at high switching 
frequencies, reducing losses and enabling smaller passive 
components. 

Simulation results confirm the effectiveness of the 
proposed approach, achieving sinusoidal grid currents with 
less than 3% THD, fine-grained 2.5% control resolution, and 
robust soft-switching performance. While a slight THD 
increase was observed, performance remains well within 
acceptable limits, with room for further improvement through 
higher switching frequencies or finer control. 

Overall, the proposed cycle-skipping control strategy may 
offer a scalable, efficient solution for next-generation EV 
chargers, combining intelligent control with high-frequency 
operation and a compact system design. 
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